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Preface

One of the key parts in a mobile telecommunication terminal is the transceiver.
The term transceiver stems from the words transmitter and receiver. These
words refer to the main task of a transceiver. In the context of a mobile telecom-
munication terminal, the receiver transforms the signals coming from the an-
tenna into signals which can then be converted into the digital domain. The
transmitter converts the analog version of the digital data stream at baseband
into a signal at radio frequencies, and delivers this signal to the antenna with a
certain amount of power.

Radio transceivers have been around since the 1900s, with the invention
of AM and later FM radio broadcasting. In the 1920s, pioneers like Arm-
strong developed transceiver concepts which we still use today. The frequency
bands ranged from several kHz up to a few 100 MHz. Transceivers for mo-
bile telecommunication started to appear in the 1980s, with the development
of DECT and GSM standards. These and other telecommunication standards
for mobile telephony used instead radio frequencies between 800 MHz and
3 GHz. Another difference between these transceivers and those of previous
generations is that they were integrated on silicon, instead of being made with
discrete components. The first integrated transceivers were designed in bipolar
processes, eventually combined with GaAs technology. The transceiver itself
consisted of several ICs.

With the demand for higher data rates, attempts were made to develop wire-
less data standards using concepts similar to those used in the successful mobile
telecommunication standards. To achieve high data rates, the radio frequency
was increased, resulting in the 5 GHz carrier frequency for HiPerLAN/2 (or
IEEE 802.11a) with data rates up to 54 Mb/s. Another wireless standard is
Bluetooth (or IEEE 802.115) where the primary goal was to obtain a standard
which can be produced at very low cost.

Due to pressure from the market economy, the trend in radio frequency
design is to integrate the complete transceiver (except, possibly, for the power
amplifier) on a single substrate as a multi-chip module, or even on a single die.
This integration is not simple, due to the complexity of the system, its technical
specifications and the need for good components at radio frequencies. Although
the active devices currently have RF capabilities, this is not necessarily true for
the integrated passive components such as inductors, varactors, bond pads and

Xiii
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Figure 1. Mono band GSM in 1994 (left) and dual band GSM (right) in 1999.

electrostatic protection devices. Still, this integration trend achieved impressive
results, as can be seen in Figure 1. The mobile terminal for mono band GSM
operated at 880 to 910 MHz, and consisted of 270 components. Five years later,
the dual band solution (900 and 1800 MHz bands) entered the market with only
130 components. A reduction of 50% in discrete components, 50% in PCB
area, and more than 60% in RF PCB area had been achieved.

Modern transceivers are built up around a few basic building blocks, namely
amplifiers, filters, mixers and oscillators. A frequency synthesizer, to generate
the correct local oscillator frequency, completes the transceiver. With these
building blocks several architectures can be realized.

In a single-conversion technique, a single local oscillator frequency is used
for down-conversion of the RF signals. To circumvent the image rejection
problem a dual-conversion architecture can be employed. Two local oscillators
are then used; the first one to take care of the image rejection issue and the
second one to ease the channel selection problem.

With the use of digital computing power on chip, complex (de-)modulation
is possible, leading to quadrature up- and down-conversion architectures. A
commonly used transceiver architecture is the direct-conversion architecture.
The intermediate frequency is set to zero, implying that the desired signal is its
own image. The image rejection problem is therefore eliminated, in first order.
Also near zero-IF concepts are used, where the frequency difference between
the local oscillator and the desired frequency is close to the channel bandwidth.
The (near) zero-IF architecture can be found in, for example GSM, DECT and,
wireless LAN front ends.
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Figure 2. (Near) Zero-IF transceiver architecture. The architecture includes analog-to-digital

and digital-to-analog converters.

An example of a (near) zero-IF transceiver is depicted in Figure 2. After the
duplexer, a low noise amplifier (LNA) first amplifies the signals in the receiver
path. Then quadrature mixing is performed to down-convert the RF signals to
an IF frequency at (near) zero Hertz. Two quadrature (90° out-of-phase) signals
from the local oscillator (VCO) are needed, for the realization of a (effective)
mixing operation with a single positive frequency. Intermediate frequency
filtering can be performed to attenuate adjacent and non-adjacent channels.
The resulting complex base band signals are then digitized in a (quadrature)
analog-to-digital converter (ADC) before demodulation can be performed. At
the transmit side, the signals are transformed into the analogue domain by
a digital-to-analog converter (DAC). The resulting baseband signals are still
complex, and are by means of quadrature up-conversion converted to a real
signal at the radio frequency. Then the power amplifier (PA) boosts the signals
towards the antenna at the required power transmit level. A phase-locked loop
(PLL) is needed to generate a stable and correct RF frequency from a reference
oscillator, most often a crystal oscillator. This book will discuss the design of
the circuits needed to built a RF transceiver like the one in Figure 2. Filters,
data converters, and digital (de-)modulation are however outside the scope of
this work.
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The contents of this book are based on ongoing research activities in the In-
tegrated Transceivers department at Philips Research Laboratories Eindhoven,
The Netherlands. Our primary goal is to find solutions to problems which
arise when a radio frequency transceiver is integrated on a single die. Close
co-operation with researchers in the IC technology groups is required, since
the current designs are continually pushing the limits of what is possible in a
particular technology. Reflections of these co-operations will be found in this
book. We have assumed that the reader has a basic knowledge of analog RF
design. This book should be seen as a follow-up of the university text books
on RF analog design. The chapters are summarized below.

Chapter 1 contains detailed discussions of the basic principles of RF design
and commonly-used RF terminology. RF designers need to understand the
limits of the used technology with respect to the active and passive components.
Basic active devices terminology will be discussed, namely cut-off frequency
and maximum oscillation frequency. We will then cover several technologies,
ranging from standard bipolar, RF CMOS, to advanced silicon technologies
such as Silicon-On-Anything. The chapter concludes with a detailed discussion
of the RF performance of passive elements.

For RF applications, bringing signals onto or off the silicon is not trivial.
The off-chip antenna plays an important role, as it can be considered the signal
source for the receiver and the load for the transmitter. The bond wires and
bond pads may affect the RF performance of the signals and circuitry on the
chip. Electrostatic discharge protection devices also heavily influence the RF
performance. These topics will be discussed in Chapter 2, together with a study
of transmission lines.

Chapter 3 discusses the design of low noise amplifiers. With the help of
several design steps, the reader experiences the problems arising when realizing
this circuit in CMOS or bipolar technologies.

Mixers and, in particular, their noise behavior are currently receiving a great
deal of attention in the literature. Active and passive mixers will be discussed
in Chapter 4.

Integration of power amplifiers with 20 dBm or more delivered power in
silicon technology is an ongoing research topic, and some working examples
have recently been presented at conferences. Temperature stabilization and
ruggedness are a few of the problems incurred when designing this type of
circuit. These problems will be discussed in Chapter 5.

Chapter 6 will treat the design of voltage controlled oscillators for RF ap-
plications; do we use RC-oscillators or LC based oscillators and how do we
generate quadrature signals? All of these topics, including the phase noise
problem, will be highlighted.
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Finally Chapter 7 will make use of the oscillators to realize frequency syn-
thesizers for radio frequencies. Spectral purity performance will be addressed,
in addition to the design of low-power frequency dividers and high speed phase-
frequency detector/charge-pump combinations.

Many books, papers and internal technical notes from Philips Research con-
tributed in making the presented material state-of-the-art. The authors do not
pretend that this book is complete, however; each chapter could provide enough
discussion for a book in itself. The authors would therefore want to apologize
for any imperfections.
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Chapter 1

RF Design: Concepts and Technology

Radio Frequency (RF) circuitry very often operates at the boundaries of achievable per-
Sformance within a particular process technology. This means that the designers not only
need analog circuit design knowledge but must also have a deep understanding of the
device technology. The performance of many RF designs is primarily determined by the
quality of the passives used. High quality inductors are certainly difficult to realize in
silicon. This chapter starts with a review of commonly used RF terminology and con-
cepts. The second part of this chapter treats technology-related issues, with a particular
emphasis on passives.

1.1 RF SPECIFICATIONS

As in many other design domains, RF and microwave designers! specify the
behavior of their circuits using terminology which originates from signal the-
ory. In contrast to low and intermediate frequency analog design, however, the
specifications in RF design are usually related to powers instead of voltages.
In addition, the small signal behavior is described using s-parameters rather
than using z-parameters. The result is that analog designers and microwave
designers often misunderstand each other, even though they are discussing the
same behavior. Some commonly used terminology is discussed in this section.

1 Strictly speaking, the microwave frequency band is defined from 1 GHz to 30 GHz. Designers working with
these frequencies are therefore referred to as “microwave designers”. However, many telecommunication
systems (i.e. radios) operate in the 0.9 to 3 GHz range, and this frequency band is often mistakenly referred
to as the radio frequency (RF) band, hence the name “RF designer”. Throughout this book, we will often
interchange the names microwave designer and RF designer.

1
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S+ Vi [] 4 O+ z [] Vi

system S

Figure 1.1. Time-invariant system § with load impedance Z;. System S has an input
impedance Z; and an output impedance Z,. The system is driven by a voltage source V;
with internal impedance Z;.

1.1.1 Gain

One issue which often leads to misunderstandings between analog designers
and microwave specialists is the specification of gain. Analog designers nor-
mally use the concept of voltage gain, while RF designers use a broad range of
terminology, related to signal powers.

Consider a linear, memoryless, time-invariant system .S with an input impe-
dance Z;, and an output impedance Z,. This system is driven by a source with
animpedance Z,, and the system is loaded with animpedance Z,. This situation
is depicted in Figure 1.1 and will be used to explain several concepts of gain.

Assume that the input impedance is much higher than the source impedance
and, in the extreme case, that Z; — oo. This means that no current will flow
into system S, and the voltage of the source, V;, is equal to the voltage at the
input of S, V;. Similarly, assuming Z, — 0 will give a voltage V; across the
load equal to the output voltage of S, V,. This latter voltage is equal to the
amplified voltage at the input of S,

Ve Vi

1.1
v, TV, (1)

y =
Here A, is called the (unloaded) voltage gain, and is normally used by analog
designers.

Let us focus on the input of system S and assume that Z; is far from infinity?
and hence V; # V;. Then a current will also flow into system §, and we can
define types of power. To achieve maximum power transfer, the load impedance
must be the conjugate of the source impedance. Suppose that Z, # Z7, where

2For RF frequencies, the input impedance of bipolar and MOS transistors is definitely small compared to
the value at DC or at low frequencies.
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the asterix denotes conjugation. RF designers call this an input impedance
mismatch. Consequently, the power available from the source (P, ,,) is not the
same as the power delivered at the input (P; 4.;). Let us consider this in more
detail and assume that the impedances in Figure 1.1 can be treated as resistors.
The input voltage V; is derived as

V= Vs 1.2
Ri + Ry~ (12
and consequently
R;
Py = ————=V} (1.3)
(Ri + R)?

The power P, ,, is the power that the source V,; would deliver to a conjugate
matched circuit, and can be expressed as
V2

P.\',av = 4]\3\ (14)

We can also define the available power at the output P, ,,, i.e., the power that
V., would deliver to a conjugate matched circuit, as

1% R \* 1
Ppy=—2 = VIAZ— 1.5
@ 4R(1 ( Ri + R.\' ) ! v 4R() ( )
The mismatch between R; and R, influences the available gain G,
P{) R; 2 R\' P()
G, =% = ( : ) Al < 22 (1.6)
Ps,av Ri + Rs Ro Pi,zIel
Obviously, for a perfect input impedance match P; ,, = P; 4.; and the available

gain increases. In a similar way, we can consider an impedance mismatch
between Z, and Z;. The available power at the output of system S, P, ,, is
higher than the delivered power at the load, P; 4.; which is equal to

Vlz_zz Ry

Plyg=—-+=V2A2 - 1.7
Ldel = 2 A R TR (L7
and the power delivered at the input is equal to
V-2
Pigo = — 1.8
delt = o (1.8)

The resulting gain, while assuming a perfect input match, is called (delivered)
power gain and is defined as

G. = Pl,del _ A2 RLRi < Po,av (] 9)
P Piga "(RL+ R,)*  Pigu
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We obtain the maximum gain for system § when we have perfect input and
output impedance matches:

P{) av Pl del
Gax = 50— = —— (1.10)
o Pi,del R\',au
Z;YZZIaZ():ZL (111)
and therefore yields
R;
Grax = Al 4R’0 (1.12)

which follows from (1.6) with R; = R; and from (1.9) with R; = R,. Similarly,
the lowest gain, called the transducer gain is obtained if we have a mismatch
on both input and output,

G — P gl _( R; )2A2 4RLR;
' P.\'.av Ri + Rs ! (RL + Ro)z

(1.13)

However, this transducer gain is the actual gain for system S when driven by
a source V, and loaded by an impedance Z;. Note that from (1.13) we indeed
obtain G, for R; = R, and G, for R; = R;.

We end up with five possible gain definitions and it is therefore important to
specify the used gain.

There are two main reasons for power matching in RF applications. One
reason is when reflections of signals occur. Signals are reflected when the
distance between the source and load is larger than %)\ where A is the wavelength,
le. A= % where c is the speed of light and f is the frequency of interest. In
free space, for 1 GHz, A is approximately equal to 30 cm, but under realistic
conditions it can reduce to a few centimeters. Hence %A can only be a few
millimeters in integrated RF applications. The distance between the antenna
output (i.e. the source) and the input of the low noise amplifier (LNA) (i.e. the
load) is normally large and reflections can therefore take place. A general rule
might be that reflections are only of interest for the “on-off” chip connections;
connections between blocks which are both on-chip will not be deteriorated by
reflections, due to the small size of the IC.

The second reason to focus on power matching in RF is when input impedance
mismatch drastically influences the performance of the circuit. This happens
at off-chip antenna filters, for instance. They normally are designed for 50 £2
input/output impedance. If the on-chip LNA has an input impedance other than
50 Q, the filter characteristic will change and hence the performance of the
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overall system will change. In such cases, it is important to have a 50  input
impedance match.

Therefore, even for RF applications it is not always necessary to focus on
optimal power transfer.

Microwave designers normally use scatter (s)-parameters to define the small
signal performance of their circuits [1]. These scatter parameters are based on:
voltage waves entering system S, i.e. the incident waves and waves leaving S
at the same port, the scattered waves. The ratios between the powers of these
incident and scattered waves at the input and output are the s-parameters. Let
us define E;; as the incident voltage wave and E,; as the scattered voltage wave
for port 1 of two-port system S. In a similar way we define E;; and E,, for port
2. If we normalize these waves by the square root of Z, i.e. a; = E;j//Zo
and b; = E,;/+/Zy then the two-port relations may be written as

by = sy1a1 + sppay (1.14)
by = s31a1 + spay (1.15)

The five gain definitions can all be formulated in terms of s-parameters and
the reflection coefficient I', defined as

(1.16)

where Z is the characteristic impedance. Equation (1.16) expresses the quality
of matching and 20 log |T"| is defined as the “return loss™*. In fact, it means that
the load is reflecting back some of the power delivered by the source. You can
also view it as that the load not taking up all of the available power from the
source. As an example, assume Z = R 4+ AR where § is a 50 Q system. For
an impedance variation between 20% and 30%, (1.16) results in a return loss
of —15 to —20 dB, i.e. at least 1% of the power is reflected back. There will
be no reflection for a perfect match. The formulations for the gains, expressed

3Note that s11 =Ty and 595 = .
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in s-parameters and reflection coefficients, are given by

v = (1 — 52217 +i2111 ((11_5—-1;2121_'1) ¥ sulise (1.17)
2

“” lll—_sllrl‘;"ll\.|2 sz 1— I;outlz (1.18)
2

P= |11:S|21;i_|‘1|2 |521|2 1_ Ill-‘inlz (1.19)
2 2

= lll_—slll;‘;‘lﬁz Is2112 " iTF[z:Lllz (1.20)

1.1.2 Noise

One of the most important parameters in analog and RF circuit design is the
ratio between the signal power to the total noise power, i.e. the signal-to-noise
ratio (SN R). The noise factor (F), a measure normally used in RF design, is
strongly related to this definition,

_ SNRin
B SNR()ut

(1.21)

The noise factor* is a ratio between the SN R at the input and the SN R at the
output of a system. Clearly, (1.21) can be rewritten as

F = PinNout _ N(lut

= = , (1.22)
Guv Piu Nin GavNin

showing that the noise factor is the ratio between the total noise at the output
of the system N,,,, to the total noise at the output of the system due to the noise
at the input of the system N;,. The noise factor is a measure of how much the
SN R degrades as the signal passes through a system.

The noise factor can be calculated by referring the noise sources of the system
to the input of the system. If the system can be considered as a two-port system,
the noise of the system can be modeled by two input noise generators, a parallel
current source /? and a series voltage source V_n2 Here we define X? as the
mean square of X over a certain bandwidth Af. This stems from the formal
definition of the power spectral density (PSD) of X, Sx(f)

X 2
$x(f) = tim 20

4The noise figure N F is normally defined as 10 log(noise factor).
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=2
Vn,rs
I ~t
/
Rs gain: A |,
+
Vs noisy system S

Figure 1.2, Noisy system S driven by voltage source V. The internal resistance Ry of Vi
produces noise, represented by vy, r5. The voltage gain of S is equal to A,.

where X7 (f) is the one-sided Fourier transformation of signal x(¢). Normally,
the one-sided PSD is used in circuit design, so that the thermal noise power
spectral density Sy(f) = 4kT R for a resistor, where & is the Boltzmann con-
stant and T is the absolute temperature. The dimension of mean square voltage
per unit bandwidth stems from the fact that the power spectral density refers
to the (rms) voltage across a resistor with resistance R to generate a power of
4kTR in a 1 Hz bandwidth. The mean square noise voltage of this resistor is
then given by V2 = 4kTR - Af.

Again we can see the difference between analog and RF design. Assuming an
almost infinite input impedance in analog design results in only an input referred
voltage noise source. This assumption no longer holds at radio frequencies
and, consequently, the input referred current noise source also has to be taken
into account. It is important to keep in mind that these two noise sources are
correlated. The noise influence of these sources to the total system can only be
found after adding their influences.

We can now use these input referred noise sources to calculate the noise
factor. Assume a voltage source V, with a resistance R, driving a noisy system
with voltage gain A,, as depicted in Figure 1.2. This source resistance produces
noise, modeled as V2, . The noise of the system can be referred to the input,
making the system itself noiseless, as depicted in Figure 1.3. The SN R;, can
now be found as

y?
SNRy = ==, (1.23)

n,rs
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-2 -2
Vn,rs Vi
Ve Ll Ve L
./ ./
—_— in: A
R r 2 gain: Ay
. {
Vg noiseless system S

Figure 1.3.  The noise of S is now represented by the input referred noise sources. The system
still has a voltage gain of A,,.

where we have assumed that all power available at the source is delivered to the
input of the system. The SN R,,, can be measured as

AYV?

SNR{)ut = —2
(V2 + Va + R 1)) 42

(1.24)

Note that W and ﬁ are added before squaring, to take their correlation into
account. The noise factor is now obtained by dividing (1.23) by (1.24), yielding

oo SNRy _ Vi + + R 1)? Ot R,I,)?
"~ SNRu: V2 B V2

n,rs n,rs

(1.25)

The noise factor is usually specified for a 1 Hz bandwidth at a particular fre-
quency. The specification can be obtained from (1.25) by using the expression
V2. = 4kTR,, and is called the spot noise factor to emphasize the 1 Hz
bandwidth.

Designers are not only interested in the noise factor of a single circuit, but
also in the noise behavior of the total system (e.g. frontend), which is normally
a cascade of circuits. Assuming we know the noise factor F; and the available
gain G, ; for each separate circuit i, Friis’ formula gives the expression of the

overall F;,,, for m circuits as a function of F;

-1 F;—1 F,—1
F()al:1+(F1—1)+ + + .-+
tot Ga,l Ga.lGal Ga~1Ga.2"'Ga,m—1

(1.26)
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We can conclude several properties from Friis’ formula:
m The F,,, is referred to the input of the first circuit.

® The F of each circuit is calculated with respect to the source impedance
driving that circuit. This stems from the use of the available gain in the
definition.

m The F of the first stage is dominant when the gain of each stage is reasonable.
However, if the first circuit exhibits a low gain or attenuation (i.e. loss), for
instance, then the noise figure of the second circuitis amplified when referred
to the input of the first circuit.

As F is dependent on the source impedance, we can minimize F for a given
two-port system by choosing a proper value for the source impedance. We
therefore simultaneously maximize the SNR. Assume a voltage source V,
with an impedance Z; = R, + j X, driving a noisy system similar to Figure 1.3.
The noise produced by the source impedance is modeled as V7, . If we define

nr\

the input referred noise voltage as V2 = 4kTR,, - Af, and the input referred
noise current as In2 = 4kTG,; - Af, the system can be treated as noiseless.
According to (1.25) we have

V2, 4 (V, + Z,1,)* w1 Z1?
F — n ry _ 1
2 + Rs + R.\'Rni

n,ry

(1.27)

for the noise factor, where R,; = 1/G,,; and assuming that the two input referred
noise sources are not correlated. Differentiating F to R; yields

Ry = (RnuRni + X,z)% )

and if we assume that we only have a resistive source impedance, the optimal
source impedance for noise matching is found to be

R()pt = Ryy Ryi (1.28)

with

=

(1.29)

Fon=1+2
" Rni

as the minimum noise factor.

Note that the optimal source resistance for minimum noise does not coincide
with that for maximum power transfer.

The derivation above holds only when the noise sources are not correlated.

If they are completely correlated, /2 is completely determined by V2. For each
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spectral component within 1?2, I, = Y.V, where Y, describes the correlation.
If the correlation is only partial, we have I, = Y.V, +Y, V,, where Y, describes
the uncorrelation. Using these expressions we can again derive a relationship
for the optimal source impedance. For the general case, the optimal noise
match is achieved for Z, = Z,,,, while the optimal power transfer is obtained
for Z, = Z},. The optimal noise impedance for a given circuit is not generally
easy to calculate.

Noise matching and power matching are in principle not obtained at the same
time. Any deviation of the source impedance from this optimal value will result
in an increase of the noise factor of the overall system. In the RF community,
this deviation is normally expressed in the reflection parameters, yielding
4r, |Ts = Tsope|”

’1 + F.\',aptlz (1 - IF‘IZ)

F = Fpin + (1.30)

where r,, = R,/Z, is the normalized source resistance.

One last design issue regarding noise is the following rule of thumb used
by analog designers. Assume that the input referred noise of system S can be
represented by only a noise voltage source. Then (1.27) reduces to

RIIU
R

F=1+ (1.31)

Thus, for equal resistance values, the noise figure is 3 dB. The circuit produces
the same amount of noise as the source resistance. To let the source resistance be
dominant, the input referred noise resistance should be smaller than the source
resistance.

1.1.3 Non-linearity

Radio frontend specifications are usually related to the non-linear behavior of
the circuits from which the system is built. We can think of specifications such
as gain compression, inter-modulation and blocking. We will briefly discuss
these effects assuming a memoryless, time-variant system S with input x(¢) and
output y(z), with a non-linearity up to the order 3°,

y(t) = ax(t) + x*(t) + yx*(@) (1.32)

SNote that effects of memory and higher order non-linearities may have a significant influence on the overall
behavior of the system.
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Suppose a sinusoidal signal x() = A cos(wt) is applied to system (1.32),
then the amplitude of the fundamental frequency is given as

3y A3
o0 A+ 4

(1.33)

from which it follows that the small signal gain « is varied with the input

amplitude due to the third order non-linearity. For y < 0, the gain o + 3”4—’42 is
then decreasing as a function of A. The input level at which the small signal
gain has dropped by 1 dB is called the “1 dB compression point” (C Pyyp) and
can be derived as

(1.34)

a
CPyp =,/0.145 ‘—}

Y
Obviously, the non-linearities in (1.32) will also cause higher order terms of the
fundamental frequency. In fully differential systems, the even-order harmonics
will be attenuated, but they will never vanish due to mismatches which corrupt
the symmetry.

Many interesting phenomena can be explained by assuming a two-tone input
signal, i.e. x(¢#) = A cos(w;t) + B cos(w,t), where the first tone represents the
wanted signal and the second tone the interferer. Assuming the desired signal
to be related to w;, then according to (1.32), the amplitude of the fundamental
tone is found to be

3yA®  3yAB?

A 1.35
oz+4+2 (1.35)

Assume that the desired signal is weak compared to the interferer, A << B,
then with ¥ < 0 the small signal gain is a decreasing function of the amplitude
of the interferer®. Consequently, the gain drops to zero for sufficiently large B,
an effect referred to as blocking. We may even take into account a modulation of
the amplitude of the interferer, for example B(1 + m cos(w,,t)) cos{w,t) (with
m < 1) which will change (1.35) into

3yA* 3yAB? m?  m?
aA+ + 1+ — + — cosQRwy,t) + 2mcos(w,,t) | (1.36)
4 2 2 2

The formula tells us that the small signal gain of the weak desired signal is
modulated with the amplitude modulation of the strong interferer at w,, and
2w,,. This effect is called cross modulation.

So far we have only investigated the influence of non linearities to the funda-
mental frequency. But the non linearities give also rise to mixing terms of the

6This effect is called desensitization.
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frequencies, called inter modulation (IM). Assuming for the two-tone input
signal both components equal or almost equal in strength then the following
inter modulation products can be obtained:

m second order: BAB cos({w + wy)t) + BAB cos((w; — wy)t)

3yA B 3yA B

= third order: cos((2wy + w;)t) + 25— cos((2w; — wy)t)

3yAB

+2AB cos((w1 + 2w0)1) + cos((w1 — 2w,)t)

Obviously, when w; ~ @, the third order inter modulation terms (/ M3)
again appear in the band of interest, that is, they cannot be removed by means
of a filter. Therefore, signals may therefore be corrupted. The metric third
order intercept point (I P3) has been defined as a measure of this effect. It is
defined as the point where the amplitude of the fundamental (1.35) is equal to
the amplitude of the third order inter modulation (assuming A = B),

9ly|A®  3|y| A3
4 4
yielding (in (peak) voltage, not in power),

l] A +

4o
Arp = [ el (137)
31yl

2 . .
%. The output I P; is then obtained as « A p3.

9|VlA

for the I P3, assuming o > >

For practical circuits, the assumption o >> no longer holds, and the
intercept point is often beyond the allowable mput range. It is therefore found
by linear extrapolation of the measured behavior for small input amplitudes.
The input I P5 (11 P3) can also be found from a single tone measurement. Using
the 1 M4 products and a given input power P;,, we obtain

AP
1Py ==~ + P, (1.38)

where A P is the difference between the magnitudes of the fundamentals and the
I M5 products at the output. All parameters in expression (1.38) are in decibels.
The output intercept point O P; can be found to be the difference between the
11 P; and the power gain G, i.e. OIP; = G, P}, + 4 2 . Figure 1.4 shows a

geometric interpretation of this expression’.

7In general, the n-th order intercept point is related to the n-th order intermodulation term and can be found
as follows. Define the angle of the fundamental amplitude line as 8; and the angle of the amplitude of the
nth-order harmonic as 6;,. For the intercept point, we obtain tan( 6,) = ntan( 0;) or @+ AP = nQ and
AP = (P — P,) where Py and P, are the powers at the output. Here, Q = OI P, — AP. Consequently,

01P11=Gppin+ IIPII_PIn+

AP
n—1- n— 1
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Pout

OIP3

Pin

AP

P3 Pin

Figure 1.4. Input I P3 as a function of the / M3 and input power P;;,. Both axes are in decibels.

From (1.37) and (1.34) we can see that the difference between the 1 dB
compression point and the input / P3 is roughly —9.6 dB.
If stage (1.32) is cascaded with a second non-linear stage,

2(t) = Ky () + Ay () + uy* @)

the overall A, p3 results in

A _ /2 i (1.39)
1P3all =4/ 3 v 1 20Bh + Op .
which can be approximated® to
1 1 o? 3B
=——+ (1.40)

2 2
AIP3,all A1P3.1 A1P3,2 2k

where A;ps.; and Ajpj3» represent the input / P; points of the first and second
stages, respectively. Increasing the gain of the first stage results in a decrease of
the overall I P3; the second stage senses a large input signal thereby producing
much greater I M; products. Equation (1.39) can be extended for more cascaded

8We have used the relationship |x + y| < |x| + |y]
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stages into the general expression

1 1 o’ a?i?
A? —a T
1P3,qll IP3,1

+o (1.41)
A%PB,Z A%PS,S

where we should emphasize that the expression is still an approximation.

1.1.4 Sensitivity

The minimum signal level that a system can detect with an acceptable SN R
is called the sensitivity of that system. This minimum input signal P;, i, is
found to be the integral over the bandwidth B of the product of noise factor F,
the acceptable SN R at the output, and the source resistance noise power P,
yielding

Pin‘min =B -SNR. Pnoi.\'e -F (142)

This expression can be simplified by assuming power matching at the input.
Under this condition, P, equals kT, which for room temperature results in
Poise = —174 dBm/Hz. The noise floor is total integrated noise of the source
available at the input of the system and can be obtained from B - P,,;,.. It
represents the minimum amount of noise that a system must be able to cope
with, assuming the system itself is noiseless. The maximum amount of noise
that the system should cope with is found to be the difference between the
sensitivity level and the minimum accepted SN R. This noise level is known
as the total in-band noise . The difference between the in-band noise and the
noise floor is the amount of noise the system may contribute, that is, the noise
factor .

The noise floor is also important in the definition of the dynamic range (DR)
of the system. In RF design, the definition is based on the sensitivity and the
inter modulation, and is called the spurious-free dynamic range (SFDR)°.

1.2 RF DEVICE TECHNOLOGY

Drawing an analogy with digital integrated circuit technology, we would ex-
pect the optimum technology choice for radio frequency IC applications to
follow the same path that digital IC implementations followed, that is, towards
CMOS. However, technical requirements for a transceiver function are consid-
erably more complex than that of a digital integrated circuit. Issues such as
noise (near the carrier), linearity and gain are performance specifications that

°In general, the DR is defined as the ratio of the maximum tolerable input signal to the minimum input level
(often the noise floor).
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RF transceivers have to deal with. As a result, the optimum integrated circuit
technology choices for RF transceivers are still evolving. Designers currently
have a wide range of possibilities: CMOS, BiCMOS, GaAs, bipolar technolo-
gies, etc. In addition, improvements of existing technologies have resulted
in technologies such as double poly devices, SiGe and Silicon-on-Anything
(SOA).

The remainder of this chapter includes a short discussion on technology
performance factors and device modeling for RF, followed by an explanation
of a few technologies suitable for RF applications.

1.2.1 Characterization and Modeling

It is often desirable to consider the performance of a transistor in terms of some
simple, and preferable easily measurable parameters. Some commonly used
Figures Of Merits (FOMs) are discussed here, enabling us to choose the right
technology for a particular application. However, we have to bear in mind that
non-technical factors very often dictate the technology choice as well. These
factors include cost, production volume, yield, time to market, etc. After a
brief discussion on modeling, we will focus on the technical parameters in the
remainder of this section.

Modeling

Modeling of devices is as important as characterization. Without good models,
it becomes difficult to analyse and predict circuit behaviour on transistor level.

Bipolar devices have a long history in modeling, even for radio frequencies.
Models such as those in Figure 1.7 are usually used, and they give very accurate
simulation results when compared to measurements. We will therefore not focus
on bipolar device modeling, but will concentrate on MOS device modeling,
where this accuracy is still lacking.

For the past few years, intensive research has been going on in the field of RF
MOS modeling. Studies have shown that the “standard” (digital oriented) MOS
models do not allow for RF modeling. Three major effects play an important
role at high frequencies: the terminal resistors, bulk effects, and non-quasi static
effects. We will briefly discuss each of these effects below.

» The gate resistance is an important parameter and can be approximated by

1w

=-—R

Rg = 3L 0, poly

(1.43)

where RO, 01y is the sheet resistance of polysilicon, used in the gate of the
device. The value of the gate resistance can be reduced below a few Ohms if
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there is a proper MOST layout. Resistances in series with the drain (R,) and
source (R,) degrade the drain current and transconductance of the MOST.
The source resistance will degrade the noise performance and the maximum
oscillation frequency. The drain resistance will reduce the output impedance
of the device.

= Device operations are influenced by signals on the bulk node as a result of the
body effect. A proper bulk resistance network is therefore mandatory in the
intrinsic device model. The values of these resistors are highly dependent
on the substrate used, i.e. a high-ohmic or low-ohmic substrate beneath an
epi layer.

= When signal frequencies are in the same order of the maximum operating
frequencies as the MOS device, non-quasi static effects can occur. To ex-
plain the effect of non-quasi static behavior, consider a MOS device with
a sinusoidal signal on its gate terminal. At low frequencies, the thickness
of the channel will change due to the gate modulation, but the change will
be the same everywhere in the channel. In other words, there will be no
phase differences in the channel. The dynamics of the device can be mod-
eled by applying the charge equations to the static DC equations. This is
no longer true at high frequencies, as the channel thickness will be modu-
lated. This effect is strongest for long devices and can only be measured for
minimum device lengths near the cut-off frequencies. As a consequence,
the device equation should be solved in a non-quasi static approach. One of
the important results of non-quasi static effects is the value of the gate input
resistance. At low frequencies, the gate is assumed to be purely capacitive,
i.e. Re (Z;) = 0. Thisis no longer true at high frequencies, as there will also
be a resistive part (see Figure 1.5). In fact, we “see” the channel'?. These
effects result in an extra real contribution to the input impedance, which can
be taken into account by adding an additional resistance of approximately
(in the case of saturation)

1
Rin = - (144)
ngm
to the gate resistance, where n = 5 — 7. Note that this effect cannot be
modeled by including external gate and source resistances as can be seen in
Figure 1.5.

101 the input resistance at RF were zero, the device would have an infinite power gain, because no dissipation
takes place at the input. This is impossible of course.
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Figure 1.5. The measured input resistance of a MOST is inversely proportional to the transcon-
ductance.

The effects mentioned above can be incorporated into a low-frequency MOST
model such as the one depicted in Figure 1.6. The resulting model is accurate
for RF analysis, although it only partly includes the non-quasi static effects.
If a complete non-quasi static behavior has to be included, the low-frequency
MOST should be divided into a chain of smaller MOSTs in a very particular
way [2].

Cut-off Frequency

Probably the most used FOM for a bipolar device is the cut-off frequency f pipo,
sometimes called the transition frequency or unity-current-gain frequency. The
latter name refers to the definition of the cut-off frequency: the fr is defined as
the transition frequency at which the common-emitter small signal gain drops
to unity for a short-circuit load.

We can use the equivalent circuit from Figure 1.7 to calculate the small-signal
common-emitter current gain 8 with

Yp = @-, CIJ« = Cjc" Cﬂ =Tr8m + Cje (145)

m
and 7 the forward transit time. The junction capacitances C;, and C;, are
functions of the voltage v across the junction,

cJ
)MJ

Civ) = —"T7
1+ 37

(1.46)
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Figure 1.6.  MOST model including RF effects.

where CJ, M J, and, V J are constants, defined by the technology.
For a bipolar device, the small-signal common-emitter current gain B is now
given by

L 14s/z
ﬂ((u)—ﬂ<>——1+s/p1 (1.47)

with the pole and zero defined as

Em 1
ClL ! ( )

1 =
: r?‘[(CH+CM.)

and with the static common-emitter gain By defined as

.BO = &mlx (149)
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Emitter

Figure 1.7. Equivalent small-signal circuit for common-emitter configuration with a short-
circuit load. )

For high frequencies and normal operation, wC,, << g,. The current gain
B drops to unity at a frequency fr pipo'"

8m

LT (1.50)

fT,bip() =

In a similar way, we can define the cut-off frequency fr ., for a MOS
device,

&m
ost = 1.51
fT.m t o (ng I Cpar) ( )

where we have used the small-signal equivalent circuit from Figure 1.8 in com-
bination with the RF extentions mentioned in Figure 1.6. Here, C,, represents
the intrinsic gate capacitance and hence reflects the total sum of C,, and Cyy.
Capacitance Cp,, includes overlap capacitance and interconnect capacitance to
the substrate. For a MOS device, the gate length has a major impact on fr s
a small gate length is needed for a high cut-off frequency.

U-The cut-off frequency can also be obtained from the chain matrix k, defined for a two-port as

( U >=( ki ka2 )( uz )

i kay ko i

The f7 is now measured for up = 0, while the input port is only loaded by a current source. According to
the matrix definition, we obtain

i2_

1
fr>=2=—=1
iy kx

and for low frequencies for a bipolar device, k3 = —1/8p.
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Figure 1.8.  Small equivalent circuit of a MOS device.
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Figure 1.9. Small-signal equivalent circuit of a bipolar device to calculate the voltage gain of
the device.

Maximum Oscillation Frequency

The maximum oscillation frequency fm.x has been defined to include the effect
of the base resistance for bipolar transistors and similarly the gate, source and
channel resistance for MOS devices. At this frequency, the maximum available
power gain, i.e. G, becomes unity. This implies that both the voltage gain
and the current gain are important.

For a bipolar device the voltage gain can be obtained using the small signal
equivalent circuit of Figure 1.9. The input is short-circuited while the output is
loaded by a current source. The frequency dependent voltage gain a,, is derived
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as
1+s/z1
a,(w) = a,———— 1.52
v(@) T s/pn (1.52)
with
Em Em
— sm - " =—guR 1.53
F4| C. 141 @] Co ay gmRL (1.53)
From this expression together with the current gain expression, fuax pipo can be
found to be
fT bipo 12
xhing = | ——— 1.54
fma Jbip (87rrhC# ( )

where C,, is the depletion layer capacitance of the collector-base junction. In a
similar way, the fiax.moy can be found to be 12

fT,ma.\'t
fmax.m%
47 Cjuncy/ (Rg + Rin + Ry) Ress

(1.55)

where C . is the drain junction capacitance and R,y the effective bulk resis-
tance. Clearly, fiax.mes 18 more influenced by parasitic elements than f7 .y,
and the device layout is therefore extremely important.

Input Limited Frequency

The input limited frequency f, is related to the frequency dependency of the
transconductance of the device. If we use the small signal equivalent circuit of
Figure 1.10, then the transconductance is derived as

1+5/2)

m————— 1.56
1+s/p1 (1.56)

gm(w) =g

12The maximum oscillation frequency can also be obtained using the chain matrices. The Gmayx is defined
as Gmax = dy - ¢; under the condition that the two port is perfectly terminated, Z; = Z,, and Zy = Z,.*;l.
The voltage gain is defined as
ZL
ay=——"°-/—
ki +Zpkn
and the current gain is defined as
_ 1
kyp + Zpkoy
where Z; is a function of Z;,. An analytical expression of Gmax is difficult to obtain because of the
matching property.

aj
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Figure 1.10. Small signal equivalent circuit of a bipolar device to calculate the transconductance
as function of the frequency.

with

&m 1
“4=c, P r(Cy + Cr) (1.57)

The parameter f, is defined as the frequency at which g, (w) is droppcd by
3 dB. For a bipolar device, f, »ip, can then be derived as

1

1.58
271, (Cy + Cr) (1.38)

fv,bip() ~

In a similar way, we can obtain the input limited frequency for a MOS device,

1
2mry (ng + Cpar)

fu,mo.\' ~ (1.59)

Output Limited Frequency

If the device is loaded with a resistor, we can define the voltage gain, as we have
done to calculate the maximum oscillation frequency. The frequency at which
the voltage gain drops with 3 dB is know as the output limited frequency, f,,;.
For a bipolar device this yields

1

out,bipo = T~ 1.60
f t.bipo T RLC;;, ( )
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where R; is the load resistance of the device!3.

A similar expression can be derived for a MOS device, yielding

R()ut + RL

UELMOS — A 1 1 1.61
f( u 2w RL Routcout ( )

where R,,; is the output resistance for the device and, in the first order can be
approximated as 1/g4,.

Maximum Available Bandwidth

From a circuit point of view, it is more convenient to know the device available
bandwidth f,. This parameter takes the input limited frequency into account
as well as the output limited frequency f,,;. The available bandwidth is then
defined as

fo= — (1.62)

% T Fom

The available bandwidth parameter is a function of the device current. If we
consider a bipolar device, then for low currents, the f, is determined by f,.,
and for high frequencies it is mainly determined by f,. For a bipolar device,
we can derive that the f, 55, is equal to

1 1
2 rpCor 4 (rp + RL)C,

fa,bipa = (1.63)

For a MOS device, the input limited frequency is normally large and the
fu.mos 18 therefore determined by the output limited frequency.

1.2.2 Technology Choice

We will discuss several technology options a designer can choose from when
designing a circuit. As already mentioned, in an RF design both active and
passive devices are important. We will discuss both type of devices for several
technologies.

13The voltage gain for a two port is obtained under the condition that the output current is zero. Using the
chain matrix parameters, the voltage gain ay is then found to be 1/k1;. To obtain foy, the two-port needs
to be loaded with a load Ry . This load can be treated as a two-port in itself, expressed by chain matrix k2,
while we assume that the loaded two-port is expressed by k!. Then the voltage gain of the overall two port,
i.e. a cascade of two blocks, is found from the overall chain matrix k = k' k2,

1 1

Sk kR kR
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Base Emitter Base Collector

Figure 1.11.  Schematic structure of a double poly bipolar device. The substrate has a resistivity
of 20 -cm.

Double Poly Devices

Practically all modern high performance bipolar devices with base widths of
100 nm or smaller employ a polysilicon emitter. In this case, the emitter is
formed by heavily doping a polysilicon layer and then activating the doped
polysilicon layer just sufficiently to obtain reproducible base currents and low
emitter resistance.

The base region can be divided into two regions: the intrinsic base and the
extrinsic base. The intrinsic base is the region directly underneath the emitter
and determines the collector current. The extrinsic base connects the intrinsic
base with the base terminal, and can be considered to be a parasitic component.
A self-aligned process is used to decouple the intrinsic and extrinsic base.
Instead of making contact with the base directly by metal, contact is made
indirectly with the extrinsic base via a p-type polysilicon layer, hence the name
double poly process (DPO). A metal contact to the poly layer is then made on top
of a field-oxide region. A small base area is obtained due to the self-alignment
process. Consequently, small extrinsic base collector junction capacitances are
obtained, as well as low contact resistances. A schematic diagram illustrating
the structure of a double poly bipolar device is given in Figure 1.11.

Typical values for a minimum device of 1 yum x 0.8 pm are: Jr =23.4GHz
at 194 uA, fr.x = 10.6 GHz and f,,, = 1.9 GHz.

Polysilicon filled deep trench isolation can be used instead of p-type diffusion
regions to isolate sub collectors of adjacent transistors. As the trenches cut
through the sub collector layer, the collector-substrate capacitance is reduced by
a factor of six. Although deep-trench isolation gives far better RF performance,
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Base Emitter Base Collector

Figure 1.12. Schematic illustration of deep-trench isolation. The trench consists of 30 nm
Nitride and 30 nm Oxide around the polysilicon.

Base Emitter Base Collector

Figure 1.13. Schematic of shallow-trench isolation. The oxide layer cuts into the pT layer of
the base, instead of the LOCOS layer of Figure 1.12.

diffusion isolation is still used in many bipolar processes for financial reasons.
The typical performance value for f,,, due to deep-trench isolation is increased
to f,u: = 3.9 GHz. An illustration is given in Figure 1.12.

In a similar way as deep trenches cut through the sub-collector (SC) layer to
minimize parasitic capacitance, a trench can be added to minimize the collector
base capacitor. This shallow trench cuts through the p* layer of the base. An
example is provided in Figure 1.13. The improvement of performance due to
shallow trenches can be found in a reduction of the collector-base capacitor by
approximately 30%.
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Figure 1.14.  Lateral bipolar device in SOA.

In general, the advantages of double poly techniques are: very high cut-
off frequencies, reduced contact and base resistances, and a sub-lithographic
emitter. The process is also compatible with SiGe epitaxial base. The drawback
is the increased complexity and therefore cost, and the difficulty of merging
with CMOS processing. A BiCMOS process based on double poly techniques
is therefore difficult.

Silicon-on-Anything

One drawback of bipolar technology is the existence of a substrate, causing
parasitic elements which negatively influence the performance. To increase
performance, one option is to remove the substrate. A second option is to use
a lateral transistor geometry to have a peak fr at much lower current densities.
These two issues are the basic ideas behind a new RF technology, called Silicon-
on-Anything (SOA) [3]. A geometrical structure of a lateral bipolar device in
SOA is depicted in Figure 1.14. A buried oxide (BOX) layer, 0.4 um thick,
is grown on a 20 Q.cm p-type substrate. The n** implant for the collector
region takes place on top of this (right side of the picture). The collector width
is realized by a self-alignment process. The base is then realized in a similar
way by a p implant. Finally, the emitter region is defined. A microphotograph
of the device is shown in Figure 1.15. The next step in SOA is to remove the
substrate. This is realized by flipping the die (steps 1 to 2) and glueing it onto a
glass substrate (step 2). This means that the active and passive devices are now
on top of a glass substrate, as indicated in Figure 1.16. Finally, the substrate
is removed by an etching process (step 3). All these process steps are backend



RF Design: Concepts and Technology 27

Figure 1.15.  Die microphotograph of an SOA device.

Spiral inductor

1 BOX
} Silicon substrate -

Figure 1.16. SOA transfer to glass in three post processing steps. The technique is valid for
any type of device, not only active devices.

steps, that is, they can be performed after processing and passivation. These
additional steps are cheap to realize, and do not need complicated equipment.
The advantages of SOA are not only in the reduced parasitics for the active
devices. The passives such as spiral inductors will also improve significantly
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Figure 1.17.  Comparison of cut-off frequency for SOA and DPO devices.

due the absence of any parasitics towards the substrate. We will return to this
issue in the next section.

Comparison

Asatechnology benchmark, we will now compare an existing DPO process with
an existing SOA process, using the minimum device geometries. In Figure 1.17
the cut-off frequencies are compared, where fr ppo ~ 25 GHzand fr.soa =8
GHz.

In a similar manner, a comparison of the maximum oscillation frequency is
giveninFigure 1.18. For SOA wehave fi.x ppo ~ 5.6 GHzand Jmax.s04 ~ 11
GHz. The influence of the reduced base resistance is now clearly visible.
From a circuit point of view, designers are normally also interested in the
relationship between current consumption and the cut-off, maximum oscillation
and available frequencies. These relationships are shown in Figure 1.19. The
available bandwidth for an SOA device is the same as for a DPO device, although
obtained by a current reduced by a factor of 30. Hence, very low power design
is possible in SOA, as we will see later in other chapters.
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Figure 1.18,  Maximum oscillation frequency for an SOA and DPO device.

10
3x10
- ~ 1,4t Solid lines: DPO
f Dashed lines: SOA

~N a
N 10
T 2x10 f
>
(@]
o

10
S 1x10
O
(U]
| S
Lo ,f”’

0

1 | 10p | “”100|.|I 1m
Collector current [A]

Figure 1.19. Current versus FOMs for SOA and DPO technology. The FOMs used are fr, fu,
Fout, and finax respectively.
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SiGe Bipolar Technology

In order to get more current gain out of a bipolar device, the drift field for the
electrons in the base should be maximized. This can be achieved by lowering
the bandgap in the base region. Silicon (Si) has a bandgap E ¢ of approximately
1.2 eV, but germanium (Ge), for instance, has a bandgap of almost half that
value, namely 0.66 eV. If there is germanium in the base region, this will allow
the device characteristic to be modified. Optimal performance is obtained by a
gradual profile of Ge over the base region. The base bandgap should be small
near the base-collector junction and large near the emitter-base junction [4].
Since the emitter of a SiGe device is the same as that of a Si-base device, the
base currents should be the same. Only the collector current is affected by the
SiGe dope profile in the base. The current gain 8 using Ge can be derived as

B(SiGe) AE, sige/ kT
B(S1) 1 —exp(—AE; sig./kT)

(1.64)

where k is the Boltzmann constant and T is absolute temperature. The ratio
value is typically about four to six. In a similar way, the low-current base transit
time ratio can be defined as

T(SiGe) _ 2kT l:l kT
7(Si) AE; siGe AE; sige

. (1 — exp(—;AEgI’cs}Ge/kT)>:l

(1.65)

and is normally about 2.5. The cut-off frequency of the bipolar device is limited
by the base transit time and the emitter delay time, which is inversely propor-
tional to the collector gain. SiGe therefore allows substantially higher cut-off
frequencies than Si-base transistors.

RF CMOS

In contrast to bipolar technologies, CMOS technology is driven by digital cir-
cuitry and hence cost. More functionality per unit area is required, which in
turn forces down the scale of the technology. Sub-micron technology down to
0.12 pm is currently standard and deep sub-micron technology such as 100 nm
technology will shortly become available in production lines. Although 0.25
pum CMOS is sufficient for RF applications upto 5 GHz, the demand for high
integration densities is also forcing RF circuitry to be designed in these new
processes.

One advantage of CMOS compared to bipolar processes is the degree of
freedom with respect to the dimensions of the transistor. This degree of freedom
is important, since the cut-off frequency, for instance, depends on the gate
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Figure 1.20. Cut-off frequency vs. gate lengths in a 0.25um CMOS technology for different
device geometries: (e) single, (o) parallel and (O0) finger.

length as can be seen in Figure 1.20 for a 0.25 um CMOS process. A similar
relationship exists for the maximum oscillation frequency, as shown in Figure
1.21. For a chosen process technology, it is therefore important to remember
that the dimensions of the device are largely for determining its operational
frequency.

Both figures also show another phenomenon. The performance of the device
is also largely determined by the geometry of the device, resulting from its
layout. In principle, there are three possible layout structures. Considerer a
device of width W and length L.

= The first one is a single geometry, which actually means that the device is
laid out as one rectangle, with aspect ratio W for its width and L for the
length. This structure is used most in digital circuitry.

s The second option is a parallel structure. To reduce the gate resistance, the
devices can be laid out as n devices in parallel with each device with a width
of W/n. A schematic drawing of this layout is shown in Figure 1.22. The
basic layout is the same as that for the single device. The gate has contacts
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Figure 1.2]1.  Maximum oscillation frequency vs. gate lengths in a 0.25um CMOS technology
for different device geometries: (s) single, (o) parallel and (OJ) finger.

Figure 1.22.  Parallel geometry for a MOS device.

at both sides. This device has appreciably lower gate resistance than the
single device because of the reduced width. The parallel gate capacitance is
increased, however, and the drain junction capacitance is not optimal. This
device will therefore give a better f,,x at the cost of a reduced fr. This
effect can also be observed from Figure 1.20 and Figure 1.21.

» The last option is a finger structure, as depicted in Figure 1.23. The gate is
connected from two sides using metal interconnect, as only then can a very
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Figure 1.23.  Finger structure geometry for a MOS device to reduce the gate resistance.

low total gate resistance be achieved. To reduce the contribution of the poly
resistance to the gate resistance to less than a few ohms, the device must
have as many fingers as possible. The drain area is shared by two transistors,
almost halving the drain junction capacitance per transistor. The substrate
contact is merged with the source contact, and is shunted by a silicide layer.
This structure has the lowest gate resistance and lowest junction capacitance
of all structures. It is a very interesting structure for power, high f..., and
low noise figures. The relatively high parasitic capacitance at the gate will
degrade the fy as seen in Figure 1.20 and Figure 1.21.

1.3 PASSIVES

Most RF circuits do not only consist of active devices, but also use passive
components such as resistors, capacitors and, particularly at high frequencies,
planar inductors. In many situations, the overall performance of the circuit is
determined by the (parasitic) behavior of the passives. This means that the
choice of technology should also be based upon the performance of the passive
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PS
LOCOS

Figure 1.24. Polysilicon resistor in double poly technology. The resistance value is determined
by the R of the PS region.

components. In the following sections, we will discuss some issues related to
the design of passives in a few technologies.

1.3.1 Resistors

To have large resistance values, the resistor should be made from a material
with a high resistance per unit area (i.e. sheet resistance Rg). The parasitic
capacitances should also be as small as possible. In a double poly technology,
the resistor is laid out in a polysilicon layer on top of a LOCOS layer, as shown
in Flgure 1.24. The first order approximation of the resistance value is given as
R =Rpk > Where L and W (L > W) are the length and width of the resistor
geometry, respectively. From Figure 1.24 it is clear that parasitic capacitances
will also contribute to the performance of the resistor. A fair model of the
parasitics is given in Figure 1.25 and should be used on both terminals of the
resistor. First of all, we have the plate capacitance (Cyocos) as a result of the
LOCOS. Electric edge, or fringe, fields will also contribute to the parasitics
and are modeled by Cryi,g.. The buried n-layer (BN) will reduce the parasitic
resistance of these two capacitances, hence the quality factor will increase.
The capacitance Cpocos can be modeled as Crocos = W - L - £, where
& = gog, are the dielectric parameters and ¢, is the thickness of the LOCOS
layer. In a similar way, C Fringe = 200 (W + L + 2ut,,) € where « is a process
dependent parameter. The substrate also contributes, but normally C,,;, <<
Crocos + Crringe for low frequencies; this capacitance becomes dominant
at RF (see Figure 1.26). Removing the substrate will therefore significantly
improve the quality of the resistor.
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Figure 1.25.  Parasitic capacitances for a poly-resistor.

1.3.2 Capacitors

Decreasing the oxide thickness implies an increase of the capacitance value per
unit area. In a double poly process, a capacitor is therefore realized by adding
a thin oxide layer on top of the polysilicon layer in Figure 1.24, as can be seen
in Figure 1.27.

The capacitance is given by C = ¢,, /¢, where g,, = 3.9 - gp and ¢,, = 0.3
pm. The parasitic components can be modeled using the model in Figure 1.25.

In standard technologies, metal-to-metal capacitors can be designed to have
capacitance values up to a few hundred femto Farad. These metal-to-metal
capacitors are designed by using metal layer one as the bottom plate, in com-
bination with the top metal layer as the top plate of the capacitor. There is only
oxide between the two plates. However, in RF designs larger capacitance values
are very often needed. These large values can be realized by fringe capacitors .
When designing fringe capacitors, the device is laid out in such a manner that
a maximum number of parasitic capacitances are created to increase the value
of the capacitor. As an example, consider Figure 1.28 where five metal layers
have been used to realize the capacitor. Capacitance C; represents the parasitic
capacitance between two metal layers, whilst C, reflects the parasitic capaci-
tance between two metal lines on the same layer. A finger structure has been
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Figure 1.27. Capacitor in double poly technology. The capacitance value is determined by the
thickness of the oxide layer, in this case 0.3 pm.
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Figure 1.28. Fringe capacitor using five metal layers, in cross-section. A finger structure has
been laid out per layer.

laid out per layer. The overall capacitance is measured between metal 5 and
metal 1. Fora 0.25 um CMOS process, this geometry yields a capacitance-area
ratio of 0.42 fF/um?, with a Q of 50 to 100 at 2 GHz. A simpler geometry for
a fringe capacitor is shown in Figure 1.29, where metal layers are connected in
a column structure Now, capacitance C; represents the parasitic capacitance
between two vias. For the same process, this capacitor has a ratio of 0.3 fF/um?
and similar Q values.

Another option to realize large capacitance values is to make use of a special
metal-insulator-metal (MiM) structure. The advantage of such a capacitor is
the capacitance-area ratio of 1 — 5 fF/ um?. The drawback, however, is the
special process option needed for this structure, making the technology more
expensive.

In conclusion, when working in MOS technology, the designer can also use
the MOS device as a capacitor . By connecting the source to the drain terminal,
the gate capacitance reflects the capacitor value. We should bear in mind that
the device should then be operational, otherwise no channel will exist and hence
no charge. The MOST capacitor should therefore be properly biased.

1.3.3 Planar Monolithic Inductors

One of the major research topics in RF design is the realization of inductors
on-chip. Although many rules of thumb have been derived from experiments,
synthesis of planar inductors is still in its infancy. For a particular technology,
a given inductance value and a given quality factor at a certain operating fre-
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Figure 1.29. Cross-section of a simple multilayer fringe capacitor with column structure.

quency, the designer has many parameters to tune. The most important ones,
as shown in Figure 1.30, are the diameter d, inner radius r, track width w
and number of tums. An approximation of the inductance value L and series
resistance R,,,; are given by the following model equations [5]:

2 1\3/2 5/3 1/7 ,
L=KL(”d /4) (A"’e‘“’) ( o ) (1.66)

w? nd?/4 w+s

R\'eri — 1Y 7Td2/4 (l + (tmetale)z) Ametal

I Imetal W w K,-,O ﬂd2/4
where A, is the metal area, p the resistivity of metal, K; aninductor constant,
K, a resistor constant, s the spacing between two lines, and wy the resonance
frequency in rad/s. This model takes skin effects into account by means of
an equivalent reduced line width (K, p/ betal@0)?, depending on geometry and
frequency. Although it is not very accurate, this expression gives reasonable

first order predictions.

The equivalent lumped model for an inductor also includes the parasitic

effects due to substrate and coupling between turns. These parasitic effects are
represented by capacitor C,, and series resistor R,

€
Cp = == Ametal (1.67)

0ox

t2
R. =R cub sub

where RO,y is the sheet resistance of the substrate.
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Figure 1.30. Geometry of a planar inductor. Diameter d, inner radius r, line spacing s, and
track width w for 5 turns are shown.

Some parameters not taken into account in these model equations are the layer
configuration and bridging, for example. Normally, the top metal layer is thicker
than the other metal layers. This layer should, therefore, definitely be used to
realize the inductor. In general, it is not true to say that the more connected
metal layers used the better the inductor becomes; this largely depends upon the
process. Bridging is normally done in the metal layer beneath the ones used to
realize the inductor. Often only a single metal layer is used, because otherwise
the bridge is too close to the substrate. Figure 1.30 shows a circular inductor
geometry, but square or hexagonal geometries are also used. Square geometries
do have the advantage that they do not spoil area and are easier to lay out. The
spiral geometry should comply with the lay out rules, but in the end they give
a better inductor performance.

It is obvious that the substrate plays an important role in the quality factor
of the inductor. The higher the resistance of the substrate the less losses due to
parasitics, and hence the better inductors obtained. This effect can be measured
and is shown for three types of substrate in Figure 1.31.
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Figure 1.31. Relationship between inductor performance and substrate. The solid line repre-
sents 2082-cm substrate, the dot-dashed line a 1000€2-cm substrate and the dashed line the SOA
technology. The 20£2-cm substrate is from a DPO technology.

Shielding plates can be used beneath the inductor to shield it from the sub-
strate. These shields can be made of metal or polysilicon and can have several
geometries in order to reduce the amount of circulating currents through the
shielding plate. As an example, consider the spiral inductor photograph in Fig-
ure 1.32. A poly shield has been used to reduce influences to and from the
substrate. Bridging is performed in metal 3 and 2, while metal layers 6 up to
4 are used for the spiral itself. The square plane undemeath is the poly shield.
The performance of this 4 nH inductor is shown in Figure 1.33. As high-ohmic
substrate has been used, the quality factor is good enough for RF applications
in the 2 GHz band.

Finally, we will give a table with some measurement results for several
inductors in a 0.18 um CMOS technology with six metal layers (Table 1.1).
The substrate had a resistivity of 7 -cm. All the inductors are realized in
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Spiral inductor with a square poly shield beneath it.

Figure 1.32.
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metal 6 up to metal 4, and bridging is performed in metal 3 and 2. The chosen
geometry is a spiral structure. The inductance and quality factor have been
measured at 2.45 GHz. From these results, it becomes clear that shielding, for
instance, will not affect the performance of the inductor apart from lowering the
resonance frequency. Measurements on the same inductor structures, but laid
out on a low-ohmic substrate (10 mS2-cm), show that the quality factor drops
by a factor 2 or more.

Table 1.1.  Measured inductors with geometry according to Figure 1.30

Inductor d (um) turns w (um) s (um) L (nH) Q Jres (GH2)
L1+shield 400 4 25 3 4.2 9 6.5
L2+shield 300 4 15 3 3.8 11 9
L3+shield 200 4 8 3 3.6 12 9.2

L4 400 5 25 3 4.2 10 9.9

L5 300 4 15 3 39 11 12

L6 400 4 20 3 53 10 8.3

L7 500 4 20 3 8.2 9 5.8
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Chapter 2

Antennas, Interface and Substrate

Analog designers only concentrate on the circuits on the silicon. However, the connection
with the outside world, i.e. going on/off chip, is equally important for RF designers.
Bond pads and their electrostatic discharge protection circuits may heavily influence the
RF performance of the actual circuit. The same holds for the packaging and choice of
substrate, for example, a high-ohmic bulk or low-ohmic substrate with a high- ohmic
epitaxial layer on top of that. Because wavelengths can be in the same range as the sizes
of the circuit, interconnect wire lengths also play an important role. The choice of antenna
also influences the RF performance nowadays. This chapter highlights a few of the most
important problems and their solutions.

2.1 ANTENNAS

Basically, a power amplifier can be considered as an AC source, that is connected
to an antenna. The resulting current delivered by the power amplifier has
a component in-phase with the applied voltage, hence the impedance of the
antenna must have a real part. The antenna therefore draws power from the
amplifier. An efficient antenna will let most of this power flow in the form of
electromagnetic waves. Only a small fraction of the power will be dissipated by
the antenna due to ohmic heating. The impedance of the antenna will also have
areactive part. If the antenna is resonant, this reactance is zero at the operating
frequency.

In RF design, the antenna for the low noise amplifier in the receive path
is mainly treated as a source impedance in series with a voltage source. Al-
ternatively, the antenna acts as a load impedance for the power amplifier in
the transmit path. Depending on the realization of the antenna, the impedance
value may fluctuate significantly as a function of the environment. Small an-

43
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tenna sizes have low resistive impedance levels and are very sensitive to the
environment. For instance, moving your hand from a position close to the an-
tenna to far away frorn it, may let the resistive part of the impedance fluctuate
between 30% and 40% from its nominal value. For a 50 €2 antenna, this means
that the actual impedance varies from 30 € to 70 €.

The gain of a transmitting antenna is defined as the ratio of the power density
to the maximum power density. The gain G for an isotropic antenna is given as

G = 4rr3s 21
=7 2.1)
where S is the power density of the antenna, r the distance from the antenna and
P, the transmitted power. It is common to assume that an antenna is lossless;
the losses must be small to have a reasonable approximation.

One antenna type that is very often used in the radio community is the dipole
antenna. The dipole antenna consists of two equal arms of a certain length,
configured in the same plane. Assume that the receive antenna is such a dipole
of total length /, see Figure 2.1. Let 6 be the angle from the dipole axis for the
incident electric field E. Then the effective length is defined as

!
h = =sin6 2.2
2Slrl ( )

and the peak voltage at the terminals of the two wires is derived as follows
V,=hE (2.3)

For receive antennas, we talk about effective area instead of gain, to define the

ratio of the available power P, to the maximum power. The available power
can be derived as follows

2 2

|V,|" _ |RE|
8R 8R

where R is the antenna resistance. The effective area can now be derived as

_IhEP _ |nSno _ 16 o
8RS 4RS 4R

where 7 is the characteristic impedance of a transmission line in free space,
no = v/iol€o = 377 2.

Assuming the gain and effective area of a transmit antenna defined by G;
and A, is similar to the receive antenna, i.e. G, and A,, then the following
relationship holds

Py, = (2.4)

A

(2.5)

GtAr = GrAt (26)
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1.5 5

(a) (b) (c)

Figure 2.1. Dipole antenna with its effective length (a), its Thevenin equivalent circuit (b) and
the polar plot of the gain pattern (c).

independently of the position of the antenna in space or their type. This means
that the ratio of gain to effective area is a universal constant, derived as follows

G/A =4n/)\? (2.7)

where A is the wavelength.
The radiation resistance R, of the dipole can be derived as

"R, =207 (I/1)? (2.8)

where / is the total length of the antenna. Using (2.5), the effective area is found
to be

3A2
A ="sin’0 (2.9)
8w
and therefore, using (2.7),
G = 1.5sin0 (2.10)

as is depicted in Figure (2.1). If we consider the dipole as an open-out trans-
mission line (see later in this chapter), then the dipole has a resonance when
the total length of the dipole is half a wavelength, or when each arm is a quarter
wavelength. The resonant length for practical dipoles is actually a little shorter,
at 0.48A. From (2.8) for the resonant resistance, we obtain 49 ©, which makes
it convenient for connecting to a 50 € input impedance circuit.

Obviously, the dipole antenna is not the only antenna configuration. Re-
moving one arm of the dipole and placing the remaining arm vertically above
a ground plane results in a monopole antenna. The effective length doubles
compared to the dipole due to reflections off the ground plane which double the
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component of the electric field along the wire. The resistance would increase
by a factor four according to (2.8). However, no power is received for angles
below the ground plane, which halves the angle. The resistance is therefore
then doubled compared to the dipole. Adding wires at the top of the monopole
allows the potential of the antenna to reach the potential at the top, rather than
half way up. This so-called “loading” results in a doubling of the effective
length and a quadrupling at the radiation resistance.

2.2 BOND WIRES

The bond wire is the interface from the circuits on the silicon to the outside
world. The bond wire connects the bond pad to the package pin which, in turn,
is connected to the PCB. For RF applications, the bond wire cannot be treated
as a simple wire, but must be considered as an inductor for which we should
calculate the inductance value. This value is determined by the package used,
die size and other parameters. Some basic information on bond wire shapes and
dimensions as well as inductance calculations are given below. The anticipated
Q of the bond wire is also calculated, and an estimate of the expected inductance
variation is given.

The general picture shown in Figure 2.2 is valid for a bond wire that is
connected from the die to the lead frame. In the middle of the figure is the die.
The die thickness is in the range of 300 to 400 um. The bond pads are placed
at a distance z from the die edge. The die is placed in the center of the die pad
or cavity. For a general package like the LQFP64 package, the cavity size is
6600 pm (not drawn to scale in the figure). The distance from the edge of the
die to the lead frame is x. The minimum value of x is 4% of the cavity size,
which is 4% of y in the figure, with a minimum value of 125 um. As y is 6000
[m in our case, x is derived from:

2x = 6600um — y — x = 300um

As 4% of 6600 um is 264 pum, x is indeed more than 4% of the cavity size.
As a rule of thumb, the die placement accuracy is 100 wm. This means that x
can have any value between 200 and 400 ym. From the die to the lead frame,
the bond wire is first raised by 200 um. The shape is as shown in the Figure
2.2, where the bond wire arrives on the lead finger at a 30° angle. The distance
from the lead frame edge to the position where the bond wire is attached is [;,,.
This distance depends on the pin number in the package.

The projected bond wire length can now be derived from [,y + x + z, as
indicated in Figure 2.2. For the real bond wire length, the shape of the bond
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Lirjected=lieat + X + 2 Linyjectat=lieas + X + 2
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Figure 2.2.  Shape and dimensions for bond wires from a die to a lead frame.

wire has to be taken into account. We can see that the real bond wire length
Ibondwire can be derived from Iy, yjcreq + 300 pm.

For a bond wire that is bonded from die to die, we anticipate the same shape
as depicted in Figure 2.2. This means that the bond wire is raised by 200 pm,
then runs in parallel to the die surface, and finally lands on the die again at a
30 angle.

Two bond wires are shown schematically in Figure 2.3, which can be con-
sidered to be a general configuration in a standard package. The following
first-order equations can be used to calculate the inductance of the bond wire:

l 21 r )
L1=L2=§ In 5 —0.75+7 2.11)

My =My = L 1 l+1+l2 1+d2+d 2.12
p=Ma=g iy d ] ] 12)

where L; is the inductance of bond wire i in nH, M;; is the mutual inductance

between bond wires { and j in nH, [ is the bond wire length in mm, r is the
radius of the bond wire cross-section in mm, and d is the distance between the
two conductors in mm. As an example, a standard bond wire has a radius of 16
pm and the material is gold.
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Figure 2.3. Two bond wires and their mutual inductance.

Using equation (2.12), the inductance of a bond wire can be calculated. The
quality factor Q of the bond wire can be calculated from:

wlL

0= (2.13)

R.\‘eries
where R,,,i., is the series resistance of the bond wire. This resistance can be
calculated from the following well-known equation

pl
1
where p is the conductance of gold, which equals 2.35 u-cm, [ is the wire
length and A is the area of the wire cross-section. An ohmic series resistance
of 0.03 Q/mm wire is obtained for a radius of 16 um.

At higher frequencies, the ohmic series resistance in the wires will increase
due to the skin effect. This effect causes the current to flow through the outside
part of the inductor only. The skin depth § is defined as the thickness of a hollow
inductor with the same high-frequency resistance

5= /2—p (2.15)
W

where u is the permeability of gold, which equals 47 - 10~7 F/m. This means
that at 2.4 GHz, the skin depth is 1.57 um. The area of the cross-section through
which current flows can now be estimated by 2773, where r is the wire radius
of 16 um. This area is 1.58 - 10~* mm?. The ohmic series resistance now
becomes 0.15 Q/mm. It should be noted that the inductance of the bond wire
is also influenced by the skin effect. However, the increase in Ry, is found
to be a lot larger than the decrease in L.

A =mr? (2.14)

R.\'erie.\' =
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Many designers use the well-known “1 mm equals 1 nH” bond wire rule-
of-thumb. Indeed, it turns out that this rule is pretty accurate if compared to the
values obtained using the above derived equations.

Some estimations can be made with regard to the spread. Due to bond wire
bending (both in a horizontal and vertical direction), as well as variations in
bond wire height and wire diameter and also due to imperfect modelling, the
anticipated inductance variation is 6%. On top of this, we have to take the die
placement inaccuracy into account, as mentioned above. For each coil structure,
the relative influence of the die placement accuracy of 100 ;um can be calculated
from the change in bond wire length due to the variation in x. The total coil
inaccuracy can then be derived as

AL(%) = \/62 + ALCZIieplucement (216)
where ALyiepiacemens 18 the relative change in the inductance value due to the
100 pm variation in x.

2.3 TRANSMISSION LINES

In this section we will highlight a few general properties of transmission lines.
Furthermore, we will discuss how transmission lines can be used to realize
impedance matching. Finally, we will say some words on how transmission
lines can be realized on silicon, i.e. microstrip lines and coplanar lines.

2.3.1 General Theory

Analog designers consider their circuits to be built up with lumped components
connected by lines with a zero-length. This assumption holds as long as the
circuit has dimensions that are large compared to the wavelength. This means
that the frequencies used may not be too high. For radio frequencies, this
assumption no longer holds, the length of the wires, i.e. the interconnects,
begin to play animportantrole. The wires should then be treated as transmission
lines, possibly modeled by lumped elements with length-dependent component
values.

Consider Figure 2.4 where a piece of transmission line is drawn. Every
increment dx of a transmission line contributes a series inductance Léx and
shunt capacitance C8x (assuming a lossless transmission line!). The increment

Hn the case of a lossy transmission line, the inductor in Figure 2.4 will have a series resistance Réx and
the capacitor will have a parallel conductance Géx. The resistance represents the ohmic losses of the metal
conductors, while G represents the dielectric loss. The characteristic impedance of the cable in this lossy
case is defined as Zg = /(R + joL) /(G + joC).
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Izo+az Z+ 0

Figure 2.4.  Transmission line with another infinitesimal section added to it.

dx contributes to the characteristic impedance Z; as

Zy
Zo+8Z = jwLdx + —=2 2.17
ot S Ox % Za + 1 2.17)

In the extreme case that §x goes to zero, this equation results in
Zo+8Z = Zy + jwdx(L — Z2C) (2.18)

The increment of Z; equals zero when Zy = +/L/C,i.e. theimpedance remains
constant as the transmission line is lengthened [1] [2].

Assume now that an input exp(jwt) is applied at the input of the line. A
voltage drop 8 V across the incremental length 8x of the line will occur, resulting
in the differential equation

dv L

—=—jo—V =—jovLCV 2.19)
dx Z()
with solution
V =V,exp(—jovLCx) = V,exp(—jk,x) (2.20)

where k), is known as the propagation constant and k, can also be defined as
2m /A where A is the wavelength. Including the time dependency of the input
signal leads to the final expression of the voltage at point x

V =V,exp j(wt — kyx) 2.21)
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Figure 2.5.  Transmission line of length / terminated by a load Z; .

It is important to notice that we may write exp(—jk,x) as exp(—ax — jBx)
where « is the attenuation factor and w/B = v is the velocity of the wave.
Consequently, the velocity is dependent on the frequency, a property called

dispersion®.

2.3.2 Impedance Matching using Transmission Lines

To start the discussion on impedance matching by means of transmission lines,
let us recall the definition of the reflection coefficient I’

_Z-=12

Z+Z

(see Section 1.1 for more details).

Let us assume that some source at the starting position of a transmission line
produces an incident wave to the right and that the load at the other end of the
line causes a reflection wave to the left. This situation is depicted in Figure 2.5.
At any point x somewhere along the line with length I, the voltage on the line
and the current through the line are derived as

V(x) = exp(—jkpx) + T exp(jkyx) (2.22)
1

I =
) Zo (exp(—jk,,x) 4+ I exp(jk,,x))

2 A nice historical example of dispersion is the first transatlantic telegraph cable. The cable had the following
element values: L = 460 nH/m, C = 75 pF/m and R = 7TmQ/m. At 12 Hz we have o = /woRC/2 =
4.4.1073 nepers/km and v = /2w /(RC) = 17.000 km/s. The loss of the entire line was therefore al = 140
dB and the delay was [/v = 210 ms. At 3 Hz a change of a factor 2 in the loss and delay is achieved, making
70 dB and 240 ms respectively. The 12 Hz component arives 210 ms ahead of the 3 Hz component and
attenuates by an extra 70 dB.
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The input impedance at x = —I is now defined as
_ VD exp(=jkp(=D) + Texp(ikp(=1) 2.23)
CI(=D exp(—jky(=1))/Zo + T exp(jk,(—1)/ Zo '
yielding
z j Zo tan(k ,1
i L + jZotan(k,l) 2.24)

°Zo + j Zp tan(k,1)

after some manipulations. Several observations can be made after looking at
this expression:

= If the line is terminated with the characteristic impedance, thatis Z; = Z,,
(2.24) results in Z; = Z,.

= If the line is short-circuited at x = O, then Z; = jZytan(k,/). Depending
on the length of the line, the input impedance is inductive or capacitive. For
instance, for k,/ < 7 /2, the line is purely inductive. Because tan(k,l) =
tan{wl /v) is not proportional to w, the term “inductive” or “capacitive” does
not refer to a lumped inductor or lumped capacitor, as these elements are
proportional to w. Only for small pieces of line length /, does tan(k,l) ~
wl/v, and the line input impedance becomes a good approximation of a
lumped element.

= If the line is open-circuited, then Z; = Zy/(j tan(k,l)). Again, depending
on the length of the transmission line, the input impedance is capacitive or
inductive. If k,I < m /2, then the input impedance is capacitive.

= Suppose that the length is a quarter wavelength, [ = A/4. Consequently,
k,l = /2 and (2.24) therefore becomes Z; = Zg /Z or

Zi_ 2o 2.25
7o~ Zs (2.25)
If the impedances are normalized to the characteristic impedance Z,, then
(2.25) tells us that a quarter wavelength transmission line inverts the load
impedance. Another interesting aspect of this line length is the fact that
Zy = /Z;Z. Consequently, if the source and load impedance are known,
the characteristic impedance can be chosen such that all of the available
power can be delivered to the load.

The Smith chart is often used to design the impedance matching network.
In the Smith chart, the reflection coefficient I" is drawn as a function of the
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o I

Figure 2.6. A matching network using short-circuited stub of length [y in parallel with a load
followed by a series transmission line of length /5. The characteristic of both lines is 50 £2.

frequency’. We can also obtain the length [ of the transmission line as function
of A from the Smith chart. As an example, consider a matching network to
aload Z; = 50  for a given input impedance Z;. Such a matching can be
realized with a configuration in which a short-circuited stub is connected in
parallel with the load, followed by a series transmission line as shown in Figure
2.6. Due to the parallel setting, we can best use the y-Smith chart (series of y-
parameters instead of parallel z-parameters). The normalized load admittance is
yr = 1/z; = Zy/Z; = 1. According to (2.25) the short circuited transmission
line gives an impedance

Z = jZytan(kl) (2.26)

Normalizing this to Zg yields Z = j tan(k,l) = =& j/b, and thus the impedance
is pure capacitive or inductive, depending on the length. For the equivalent
admittance this yields y = =jb, hence the replacement admittance of the
parallel network is derived as y, = y; +y = 1 £ jb. The design of the
matching network follows a few steps:

3 As the reflection parameter T" is a bilinear operator on Z, the loci of constant resistance are circles in the
I"-plane with the centres at the real axis. Similarly, the loci of constant inductance (capacitance) are circles
with their centre along a vertical line above (below) the real axis.
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Y-Smith chart

Figure 2.7.  Location of the admittances in the y-Smith chart.

1. Mark the admittances y;, and y;, in the normalized y-Smith chart (see Figure
2.7). :

2. The series transmission line converts the admittance y, into y;. Conse-
quently, both admittances must have the same reflection coefficient |I"|, and
therefore the value b must be selected so that y, and y; are on a constant
|T"|-circle. This is depicted in Figure 2.8.

3. Length!, produces the conversion from y; into y,, and/, is needed to convert
yp into y;. Both lengths can be found as a function of the wavelength A, as
arcs around the Smith chart, as shown in Figure 2.9.

Similar techniques can be applied to match a given input impedance to a
certain output impedance. One can also fix the length of the transmission line
and use the characteristic impedance as parameter according to (2.25).

2.3.3 Microstrip Lines and Coplanar Lines

In RF design, the transmission lines discussed in the previous section are real-
ized using microstrip lines or coplanar strip lines.

A microstrip line is a transmission line consisting of a metal strip and a
ground plane with the dielectric medium in between, as can be seen in Figure
2.10. The dielectric constant ¢ of the substrate is defined by the product of
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jb

Y-Smith chart

Figure 2.8.  Obtaining y;, using the constant |I"|-circle.

Y-Smith chart

Figure 2.9. Length of the transmission line can be obtained from the arc length in the Y Smith
chart.

the relative dielectric constant &, of the material used and the absolute con-
stant &g = 8.854 - 10712 F/m. As the electromagnetic fields are not entirely
contained in the substrate, the propagation mode in the strip line is not a pure
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W
<>

/Td

Figure 2.10. Microstrip line with thickness d, width W. The dielectric substrate has height 4.
Beneath the substrate is the ground plane.

transverse electromagnetic mode. Hence, the concept of an effective relative
dielectric constant .y, is normally used. Formulas for the obtained character-
istic impedance Z, and &,sr are obtained, depending on the ratio between the
height of the dielectric substrate and the width of the strip line, W/ k [2]. Forin-
stance, for W/ h < 1, the following set of relationships define the characteristic
impedance, assuming zero or negligible thickness d of the strip line,

60 h W
Zy = In{8—= +0.25— (2.27)
[Eeff w h

1 ~1 AN w\?
ae,.f=£’; +€’2 I:(HIZW) +0.04<1—7> (2.28)

where d/h < 0.005. As an example of the applications of microstrip lines, we
can consider the breadboard of Figure 2.11. To obtain optimal performance,
the input and output impedances of a low noise amplifier have been matched to
50 Ohms. On the right side, the %A lines are visible at the top (V,,) and bottom
(V) of the breadboard. These lines are used for biasing the amplifier. For
RF, the %A line will ensure that the circuit sees an open circuit to the biasing
circuit, so no loading effects from the biasing circuit to the amplifier can take
place. The transmission lines with the stubs connecting “OUT” and “IN” to
the amplifier are based on the matching circuit as shown in Figure 2.6. This
amplifier will be discussed in more detail in the chapter on low noise amplifiers.

When the microstrip lines are laid out on silicon, designers use lumped
element replacement circuits to model microstrip lines. A very accurate model
for a metal-over-substrate microstrip line is given in Figure 2.12. The model is
valid for line lengths of up to 1 mm [3]. The component values are expressed
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Figure 2.11.  Microstrip lines on a printed circuit board to obtain an optimal impedance match
between the circuit on chip and the outside world with its 50 Ohms impedance.

L/2 R/2 L/2 R/2
C /3= C3a= 3=t
o} o o}
si/3 Rsi si/3 Rsi si/3 Rsi

Figure 2.12.  Lumped circuit for a metal-over-substrate microstrip line.

as functions of the width w, length /, the dielectric medium thickness 4 (i.e. the
oxide thickness between metal 3 and the Si substrate), the metal 3 thickness d,
the metal 3 sheet resistance p,,3, the resistivity of the Si substrate R,;, and the
thickness of the substrate A,,,;,

D; = 0.2235(w 4 d) (2.29)

!
p1 = log (F +/1+ 12/D3) (2.30)

5

Dy =2 (hup + k) (2.31)
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l
— 2 2
— log (Dm + 141 /Dm> (2.32)
/ D,
Ly = L, (Pl -1+ Dsz/lz + T) (2.33)
D
= — ./ 2 /]2 i
L, = 200! (p2 1+ D;/1% + ] ) (2.34)
L

=(Ly—Ly)-le™ (2.35)

l f 1/2
R=pms— [1+k( = (2.36)

w le
w d 0.222
Cox = Er.0080l (MSE +Cy, (Z) ) (2.37)
Cyi = Cyitl - 1€ (2.38)
R.\"

R, = Er,.\'isl;?\v: (2.39)

The parameters k, Cy,, Cy;; and L., are fitting parameters. For long lines, the
ground plate of the microstrip line should be replaced by metal 1 or polysﬂlcon
layers to reduce the resistive losses.

Coplanar strip lines are used when the frequencies are in the lower RF band,
i.e.,uptobetween 5and 10 GHz. Asanexample of a coplanar strip line, consider
Figure 2.13 where the electromagnetic waves vary only in the horizontal plane.
The dielectric is normally the oxide, and metal layer 1 is used for the ground
and signal lines.

2.4 BOND PADS AND ESD DEVICES

The bond pad and ESD devices are normally not a point of discussion in dig-
ital designs. The designers do not ask themselves if these components might
influence the performance of their circuits, because it is not the case. For RF
applications, however, this assumption no longer holds. For radio frequencies,
both the bond pad and ESD device can be considered to be bad capacitors; they
have a bad quality factor and normally have a large capacitance value. They
consequently have a major impact on the performance of the RF circuitry. The
value needed for the quality factor is determined by the quality factor of the
input device following the bond pad and the ESD device. The input capacitance
of a bipolar device has a much lower quality factor than for a CMOS device.
The quality factor needed for the bond pad and ESD device are therefore much
lower for bipolar designs than for CMOS designs. A quality factor of 10 at 1



Antennas, Interface and Substrate 59

signal

_— ground

dielectric

]

Figure2.13. Coplanar strip line. The laminates in the substrate are to lower the currents flowing
in the substrate. These currents can be considered as losses.
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GHz is good enough for bipolar designs, whereas a designer for CMOS designs
needs a quality factor better than 50. The bond pads and ESD device structures
found in digital-oriented libraries do fulfil the requirements needed in bipolar
RF designs, but not for CMOS designs.

In this section we discuss bond pads and ESD devices for RF CMOS appli-
cations. :

2.4.1 Bond Pads

A bond pad is normally a large metal plate to which the bond wire can be
connected in the vertical direction. The connection to the circuits is made in
the horizontal direction using one or more metal layers. A typical bond pad
is shown in Figure 2.14. Normally, all metal layers are connected together to
form the metal plate. By using several metal layers, the plate gains a certain
mechanical strength, necessary during bonding. The bonding machine will
attach the bond wire to the metal plate and, during this process, the plate can
crack if it does not have a certain stiffness. The peeling-off of the metal layers
is prevented by using several metal layers; the vias “glue” these layers into one
thick package. It would be very difficult for a metal layer to peel off from such
a package. The capacitance value is now determined by the oxide thickness #,,
between the bottom metal plate and the substrate, which serves as the ground
plane. Typical values for a geometry such as the one in Figure 2.14 are a
capacitance value of 300 fF, a series resistance of 20 £ and a quality factor of
30 at 900 MHz [4], [5].

The quality factor is too low for CMOS RF applications. Besides, the bond
pad has no shielding against substrate bounces. Toimprove the RF performance,
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Figure 2.14.  Bond pad made of several metal layers connected to each other. The white regions
between the metal layers represent the vias.

the capacitance value first needs to be decreased. This can be realized by a
larger #,,, which can be obtained by removing the lower metal layers. By using
only the top metal layers, the capacitance value can be decreased to a value of
around 50 fF, as can be seen in Figure 2.15. The series resistance also needs
to be decreased. In the structure of Figure 2.14 the resistance is determined by
the p-well. A buried polysilicon layer has a much lower resistance, and a side
effect is that this layer will also shield the bond pad from substrate bounces. The
resulting bond pad has typical specifications such as a series resistance value
of 4 € and a quality factor of 500 at 900 MHz. These specifications mean that
this bond pad can be considered as a near-perfect capacitor for RF designs: it
has no power losses and a minimum loading for the input device.

2.4.2 ESD Devices

Electrostatic Discharge (ESD) structures are normally included at the periphery
of circuits to prevent circuit damage by external electrostatic pulses [6]. These
electrostatic pulses can occur everywhere, and are not always caused by human
actions. One commonly accepted test model for these pulses is the Human
Body Model (HBM) [7]. According to this test model, a voltage pulse of 2 kV
is generated and provided to the device under test (DUT) by means of a switch
action. A current of at least 1 A must be handled by the DUT and it should be
still operational after this large current. If this is so, the DUT is said to be ESD
proof under HBM conditions.
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Figure 2.15. The measured capacitance versus frequency for a dedicated RF bondpad.

If no special circuitry is placed in front of the actual circuit, it is clear that the
high voltage and large current will damage the circuit. We therefore need an
ESD protection circuit. The ESD circuitry must not influence the performance
of the actual circuit, however. Loading effects and power losses should be kept
to a minimum. Consequently, for RF applications in particular, the Q-factor
of these ESD structures has to be high enough to prevent that this ESD device
absorbs the RF power. Both the ESD-capacitance and series resistance should
therefore be low.

In the literature, only a few publications are known on this subject: [8], [9],
[10], [11]. They only cover the digital application area, however, and not the
RF field.

ggNMOST ESD Device

In CMOS technology, a commonly used ESD protection device is the grounded
gate NMOST (ggNMOST), as shown in Figure 2.16. The ESD protection
device is placed between the bond pad, where the electrostatic pulse enters the
chip, and the actual circuit. The ggNMOST must prevent a large voltage pulse
causing the gate voltage of the input transistor of the circuit to rise too much so
that this transistor is permanently damaged. This protection must be functional
for positive and negative pulses.

To understand the working of a ggNMOST, consider the illustration in Figure
2.17. The NMOST acts like an np-diode, and will start conducting for negative
pulses when the diode is set in forward mode. Positive pulses will be handled
by the parasitic NPN bipolar transistor, located as shown in Figure 2.17. The



62 CIRCUIT DESIGN FOR RF TRANSCEIVERS

VDD
bond pad _I—

circuit

l ggNMOST

L

Figure 2.16.  The ggNMOST ESD structure.

positive voltage at the bond pad, V,,, can be treated as a reversed bias voltage
for the collector-base diode of the bipolar device. There is an upper limit for
the reverse bias voltage, otherwise avalanche breakdown will take place [12],
[13]. When the electric field built up across the np-junction is high enough,
electron-hole pairs are generated. Electrons in the conduction band have gained
that much energy so that they can give an electron in the valence band at least
that the amount of energy it needs to jump towards the conduction band itself*.
This process of generating an electron-hole pair is known as impact ionization.
If the electric field is high enough, these secondary electrons and holes can
again cause impact ionization, and so a process of rapidly increasing numbers of
electron-hole pairs is started. Electron and hole currents therefore increase. The
pn-diode breaks down when this multiplication process runs away, an avalanche
process starts ( hence the name avalanche breakdown), and the terminal current
rapidly increases.

Clearly, it takes some time before this avalanche breakdown process is acti-
vated; the positive pulse at Vj, needs to pass a certain threshold voltage before
the ESD device becomes active. A ggNMOST is better suited to handle negative
pulses than positive pulses.

For RF applications, an ESD device can be treated as a capacitor Cgsp
in series with a resistor Rgsp, determining the quality factor the capacitor.
For sake of clarity, both components are schematically drawn in Figure 2.17.
Obviously, the quality factor should be as high as possible to minimize the

4Obvious]y, this process of generating an electron-hole pair can also be initiated by a hole in the valence
band.
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Figure 2.17.  lustration of a ggNMOST in a p~ epi layer CMOS technology.

Figure 2.18. Layout of a ggNMOST ESD device (left) including the bond pad (right). The
MOST is laid out in a finger structure.
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Figure 2.19.  ESD device based on two diodes, each operating in forward mode when being
activated by a electrostatic pulse at the bond pad.

power loss into the ESD device, and to maximize the power transfer into the
circuit behind the ESD device. In addition, the capacitance of the ESD device
should be as small as possible; it must not influence the frequency behavior of
the circuit. A typical ESD structure including the bond pad is shown in Figure
2.18, where the ggNMOST has a finger like structure due to its geometrical
dimensions: W = 100 um, L = 0.25 um. Performance values for a 0.25 um
CMOS technology are: Cgsp = 270 fF and Rgsp = 5 Q. The quality factor
is typically in the range of 40 at 900 MHz.

pn and np-Diode ESD Device

One way to overcome the avalanche breakdown process for negative pulses is
to also have a diode which is forward biased for this pulse. This solution is
shown in Figure 2.19. The np-diode is forward biased for a negative pulse, and
the pn-diode is forward biased for a positive pulse. The difference between the
two diodes is that for the pn-diode the p-doped side is connected to the input
voltage and must therefore be laid out in a n-well.

The crowbar in Figure (2.19) represents a circuit to handle the large current
flowing when the pn-diode is in forward mode. Without a crowbar, the large
ESD current (up to 1 A) will flow into the circuit and will damage it. The
crowbar must prevent this by short circuiting the circuit. A crowbar normally
consists of a trigger circuit, triggered by the ESD pulse, and a huge ggNMOST
device which is then turned on.

During HBM testing, several questions have to be solved:

= An important question is, of course: can the ESD device sustain the 1 A
current? Figure 2.20 shows the results of an HBM test on an np-diode ESD
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Figure 2.20. Forward current as a function of the forward voltage across the np-diode ESD.

in 0.25 um CMOS technology. We can see that the ESD device is capable
of handling currents of up to 4 A. Even more important is the fact that for
the 1 A condition, the voltage drop over the ESD device is only 2 V. This
is a very important aspect, since this voltage is also across the gate of the
input transistor of the circuit. If this voltage is too large for the technology
used, the circuit could therefore be permanently damaged. For example, for
a 1.2 V process, the ESD diode of Figure 2.20 will not prevent the circuit
from becoming damaged. This damage due to large voltage spikes can be
prevented by adding a resistor in the signal path between the ESD and the
circuit, as is normally done in digital circuitry. This would complicate RF
designs, however, since additional noise is generated and the input resistance
is influenced. In a 0.25 um CMOS technology with a tolerable voltage of
2.5V, the 2 V voltage drop is not a problem and no additional resistor is
necessary in the signal path.

Another question to solve is whether the ESD device can still function after
an HBM pulse, or can it only handle one such pulse? This question can be
answered by looking at the leakage current of the ESD device after handling
an HBM pulse. The measured leakage currents of the device used above are
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Figure 2.21.  The leakage current of the np-diode ESD as used in Fig. (2.20)

shown in Figure 2.21. The leakage current is low for all forward currents
(Idut) and it can be concluded that this device is not damaged durihg HBM
tests. If it were damaged, then a large current would flow, and the diode
would go into forward operation mode.

= Finally, it is important to know when the ESD device breaks down in reverse
mode. The test results for this condition are shown in Figure 2.22. The np
diode can handle up to 35 V in reverse mode before it breaks down and starts
conducting current at 15 V.

The conclusion from all these measurements is that the np-diode used is a
very good ESD device in the sense that it complies with the HBM rules. For
RF applications, in a similar way as for the ggNMOST ESD device, it is also
important that the quality factor is high, but with a small capacitance value. The
following figures show a comparison between the presented ggNMOST device
and the np and pn-diode devices, all designed in 0.25 um CMOS technology.
All devices are HBM proof. Measurements of the capacitance values show that
the diode-based ESD devices have a substantially lower capacitance value than
the ggNMOST device (Figure 2.23). The ggNMOST will therefore have more
impact on the input impedance of the circuit, which is not nice from an RF point
of view. Figure 2.24 shows that the pn/np-diodes have a much higher quality
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Figure 2.22. Reverse voltage across the np-diode during HBM testing. Breakdown takes place
at35 V.

factor than the ggNMOST device. The quality factor for RF applications in the
1 to 2 GHz range is high enough to allow the ESD device to be treated as a pure
capacitance.

From these measurements, we can conclude that ESD devices based on pn
and np-diode structures are most suitable for RF applications.

2.5 SUBSTRATE

Given a particular technology, the designer sometimes has the freedom to choose
the substrate (or bulk). Although this option is sometimes provided in bipolar
technologies (see Silicon-on Anything technology), the type of substrate is
mainly a point of discussion in CMOS technologies. Low-ohmic substrates
together with a high ohmic epitaxial layer were used in the past; mainly to
increase the immunity to the latch-up problem. Low-ohmic substrate has a
resistivity of several milli Ohms per cm (£2-cm). Due to the process scaling and
the related lower voltage supplies, high-ohmic substrate can be used without
latch-up problems. High-ohmic substrate is available in several gradations,
from a few Ohm per cm up to several 100 Q2-cm. As the backgate of a MOS
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Figure 2.24. Measured Q-factors as a function of the frequency for the different ESD devices

as mentioned in the text.
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device is connected to the substrate, it is clear that the type of substrate plays a
major role in the RF performance of a CMOS circuit.

2.5.1 Substrate Bounces

The substrate is the connecting layer between all the circuits on a single die.
If one circuit generates small (often spiky) signals, and hence the name noise,
on the substrate, other circuits will be influenced by this noise. The amount
of generated noise on the substrate is therefore a main concern in the design,
especially when large parts of digital circuitry are laid out on the die. There are
several paths to inject noise into the substrate [14]:

e If a switching ground bus is used in the digital domain, switching transients
will couple directly into the bulk through the bulk contacts. Parallel sum-
mation of all these contacts with their epitaxial resistances provides a very
low ohmic path to the substrate.

m The source and drain of a MOS device form a p-n junction to the bulk.
This p-n junction realizes a capacitive coupling for which the capacitance
of many MOS junctions can be significant; several hundred pico Farad is
possible for large digital circuitry. This capacitance can be reduced or even
eliminated when the source and bulk are tied together.

s The n-well also introduces a very large p-n junction with the bulk. This
causes a capacitance between the positive voltage supply, thus biasing the
n-well and the ground line, and biasing the substrate.

= The major source of noise injection is normally due to the bond wires. The
MOS logic is switching and produces current spikes through both the posi-
tive and ground supply lines, and hence through the supply pins. In digital
standard cells, substrate contacts are normally present for latch-up reasons.
The substrate is very well connected to the digital ground as a result of the
multiple substrate contacts. The self inductance of a bond wire causes a volt-
age drop proportional to the current spikes, Vyrop = Lpondwires - ALspikes /d?t
(see Figure 2.25). Off-chip, the digital ground is normally connected to the
substrate and the substrate noise is therefore equal to vy, [15], [16].

The noise introduced on the substrate in this way can also be picked up by
the other circuits in several ways:

s The bulk is biased with the ground, then the substrate noise will couple
resistively through the bulk contacts.
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Figure 2.25. Illustration of the cause of substrate bounces. Current spikes from digital switch-
ing activities are injected into the substrate via bond wires.

m The p-n junctions of the MOS device and of the n-well will capacitively
couple substrate noise into the voltage supply lines (even if analog and
digital circuits have separate supply lines).

m The backgate of the MOS device will pick up the noise on the substrate and
inject this into the signal paths. '

To demonstrate the reality of the problem of substrate bounces, consider
the design of a second-order low pass sigma-delta modulator. The design is
realized in a 0.25 wm CMOS technology with a 10 m$2-cm substrate anda 1.8 V
power supply with separate analog and digital supply lines. The substrate noise
produced by this modulator, including a decimation filter, has been measured.
The sigma-delta modulator is depicted in Figure 2.26. All design rules (see next
section) to minimize effects of substrate noise have been applied. An external
clock at 12 MHz is supplied, and an internal PLL converts this clock to 216
MHz clock signals. The I/O of the circuit is an 8 bit data stream at 13.5 MHz,
and a clock line at the same frequency. The signal present at the substrate
is measured. Figure 2.27 shows the spectrum of this signal when the power
supply of the chip and the clock are turned off. The spectrum is flat above 1
GHz (except that we measure some interference from the GSM/DCS band).

Figure 2.28 shows the spectrum of the substrate signal when the system is
active. Odd multiples of 13.5 MHz are visible within the whole band up to the
RF frequencies. The substrate noise has been increased by 20 dB in the RF
band, and even more at lower frequencies. According to these measurements,
the substrate noise is concentrated at multiples of the digital clock frequency,
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Figure 2.26. Second order low pass sigma delta modulator including the decimation filter.
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Figure 2.27.  Spectrum of the signal present at the substrate when the system is turned off. (RL:
-10 dBm, 10 dB/div)

also observed in other measurements. From the measurements, it is clear that
substrate noise is a major design issue when analog and digital circuitry are laid
out on the same die.

2.5.2 Design Techniques to Reduce the Substrate Bounces

Substrate noise cannot be prevented. However, by using some design tricks we
can minimize the noise or, to a certain extent, make the circuits immune to the
noise. Consider the simple current mirror in Figure (2.29). If the analog ground
is separated from the substrate, the substrate noise on the backgate of the MOS
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Figure 2.28.  Spectrum when system is active. (RL: -10 dBm, 10 dB/div)

transistors will directly modulate the drain current. This is due to the parasitic
capacitance of the MOS device. The supply of the analogue circuits should
therefore be referred to the substrate. The substrate noise is then present at the
gate, source and backgate of the transistor and will therefore not (or to a lesser
degree) modulate the drain current [15]. For noise and matching reasons, the
dimensions of both transistors are normally far from the minimum dimensions,
still resulting in a large drain-bulk capacitance. Cascode transistors may also
be used to overcome this problem. A few design rules can be derived from the
example:

m Make analog circuits fully differential with a possible clean common mode
signal. The accuracy of balancing is mainly determined by matching prop-
erties.

= Use NMOS transistors only as DC current sources, and refer them only to
the substrate and not to a clean ground supply. Use PMOS transistors as
differential pairs and other signal handling blocks. These transistors have
an n-well which can be used to shield the transistor from the substrate. In
RF applications, this rule is difficult to fulfil.

s Use different supply lines for analog, digital and RF circuits. In an RF
frontend, there are two main circuits which generate noise on the substrate:
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Figure 2.29. Tllustration of the effect of substrate noise on analog circuits. On the left side is
a current mirror with a clean analog ground. On the right is noise immunity because the analog
ground is connected to the substrate.

the voltage controlled oscillator (VCQO) and the power amplifier (PA). If
transmission and reception do not occur at the same time, the PA and the
receive path can share the same supply lines. However, the VCO must have
a separate supply line to prevent pulling from the PA and to prevent noise on
the supply lines (especially the ground line) contributing to the phase noise
of the VCO.

m The use of guard rings is related to the type of substrate. In the case of a
low ohmic substrate with a high ohmic epitaxial layer on top, guard rings do
not keep the noise outside the ring. As an example, consider the following
test chip, where a digital clock oscillator is injecting noise onto the substrate
(Figure 2.30). The test chip is realized in a 0.25 pm CMOS technology with
five metal layers, and a 10 m2-cm (i.e. low-ohmic) substrate beneatha3 pm
epi-layerof 11 Q-cm. The clock circuit consists of an 11-stage ring oscillator
based on simple inverters. Each inverter has the following dimensions:
(W/L), = 1.6 um/0.5 umand (W/L), = 2.4 um/0.5 um. The frequency
can be tuned using the supply voltage. The die microphotograph of the test
chip is shown in Figure 2.31. There is also a guard ring on the chip, laid
out around the LNA, to see if it is possible to prevent interference of the
substrate noise generated near the clock circuit by the LNA. This guard ring
is connected to the ground via a DC probe. There is also a test point available
in the guard ring to measure substrate noise. As the measurements have been
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Figure 2.30. The clock circuit consists of an eleven stage ring oscillator followed by a five
stage buffer. The output is by means of a large capacitor connected to the substrate.

Figure 2.31. Test chip to measure substrate noise. The clock circuit is on the top, the LNA is
on the right. Connections to the substrate in and outside the guard ring have also been added.

performed on wafers, no bond wires have been used and the measured noise
at the substrate is due to the p-n junctions [17], [18]. The frequency is set
to 772 MHz during the measurements. A five stage buffer that is loaded by
a MOS capacitor of 160 fF follows the clock circuit. The capacitor is tightly
connected to the substrate to make sure that a maximum signal is injected
into the substrate. Although this will never be the case in real designs, it will
make measurements easier for this test chip. There are several locations on
the test chip to measure the substrate noise. One such measurement point
is near the clock output. The measured spectrum of the substrate noise is
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Figure 2.32.  Measured spectrum of the substrate inside the guard ring.

shown in Figure 2.32. The fundamental tone and several of its harmonics
are clearly visible. Even the 4th harmonic is still at -80 dBm, which is
above the sensitivity level of many mobile and wireless telecommunication
standards. The measured spectrum of the substrate noise within the guard
ring is identical or almost identical to the spectrum measured near the clock,
outside the guard ring. Even measuring the substrate noise at a distance of
1 cm from the clock circuit gave the same spectral results. We can therefore
conclude that guard rings will not guard the circuit on low-ohmic substrates
against substrate bounces. The substrate can be considered to be a very good
conducting plate, and it can therefore be modeled in the circuit as a single
node. Guard rings may help to collect “walking” electrons, i.e. electrons
which are present just beneath the oxide and are remedies from the switching
activities in the digital circuits. Using an n-well around the analog circuit,
connected to the positive supply line, these electrons can be captured and the
n-well will prevent these electrons from entering the analog domain. Recent
studies have shown that the problem of substrate noise does exist even in
high ohmic substrate [19]. The substrate noise levels in a 8.5 £-cm bulk
process are approximately four times lower than in a 0.7 m$2-cm substrate
with a 12 um thick epitaxial layer and a resistivity of 8.5 Q-cm. Although
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Figure 2.33.  Measured spectrum at the output of the LNA when both the LNA and clock are
operational.

high ohmic substrates provide reduction of noise levels on the substrate, the
use of high ohmic material does certainly not eliminate the problem, a factor
four reduction is too low.

= As can be seen from the measurement results in Figure 2.32, the clock
frequency and multiples of this frequency are the dominant presence on the
substrate. These signals will be injected into the input and output nodes of
an analog or RF circuit. As an example, consider the test chip of Figure 2.29
once again. The measured spectrum available at the output of the LNA is
shown in Figure 2.33. The LNA has an input signal at 2.3 GHz, that is three
times the clock frequency. The fundamental frequency of the clock and its
harmonics are visible in the spectrum. It is clear from the measurement
results that it is not only the amplified information signal that is available at
the output of the LNA, but also the unwanted third harmonic of the clock.
In fact, any substrate noise, with spectral components in the same frequency
range as that in which the LNA is operating, will be picked up by the LNA.
The information signal will therefore be distorted by this substrate noise.
The gain of the LNA is not influenced by the substrate noise, simply because
the injected substrate signals are too weak to shift the bias operating point
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of the LNA. The s-parameters were measured both when the clock was
both active and when it was turned off. These measurements gave the same
results. Hence, the performance of the LNA is not affected by the substrate
noise. This is to be expected since the RF performance is mainly determined
by the bias operating point and the matching network. The 3rd harmonic of
the clock is too weak to disturb this operating point. These measurements
show us that clock planning is essential in a system with RF and digital
circuitry on the same die.

The above list of design issues to cope with substrate bounces is certainly not
complete. It is merely mentioned to illustrate the problem and to make it clear
that designers should tackle this problem, otherwise performance degradation
will occur.
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Chapter 3

Low Noise Amplifiers

One of the key building blocks in a receiver path of a cellular or wireless system is a
low noise amplifier. This circuit must increase the signal level while hardly increasing
the signal-to-noise ratio of the incoming signal. These two tasks are not always easily
achieved, mainly because noise impedance matching and input impedance matching are
not always obtained for the same source impedance. The aim of this chapter is to explain
the design steps required to design a low noise amplifier in various technologies.

3.1 SPECIFICATION

The low noise amplifier (LNA) is the first gain stage in the receiver path. There-
fore, according to Friis’ formula (see (1.26)), the noise figure (N F) of this circuit
directly adds to that of the overall system. Remember that the noise figure is a
measure of the degradation of the signal-to-noise ratio (SN R) at the output of
the LNA compared to that at the input. Another main performance parameter
of the LNA is its gain. The signal should be amplified as much as possible
with hardly lowering the SN R, while also maintaining linearity. The last per-
formance parameter is therefore represented by I P;. Obviously, the obtained
NF, gain and I P5 should be within specification with a minimum power con-
sumption. This is the dilemma for an RF designer. The design specifications
usually have to be met for a certain source and load impedance, while achieving
a minimum power consumption.

The complete LNA can be thought of as a cascade of three stages, as depicted
in Figure 3.1. The first stage is needed to transform the source impedance
to an impedance which will match with the input impedance or optimal noise
impedance of the actual LNA, for instance. The second stage is the actual LNA.

79
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Figure 3.1. 'The LNA and the input/output transformer stages to understand the overall analog
behavior.

It may consist of several stages itself, but it could also be a single transistor as
in microwave applications. The last stage is again an impedance transformer to
match the output impedance of the actual LNA to a specified load impedance.

To each of the stages, the five gain definitions, as explained in Chapter 1,
can be applied. The difference in voltage gain A, and the power gain G,
for instance, can now easily be seen. Voltage gain, according to Figure 3.1 is
defined as

A, =2
V1
and does not take into account losses due to the input transformer!. This loss
is normally not important in analog design because the source impedance of
the voltage source is much lower than the input impedance of the circuit. The
power gain is defined as

G — Paa _ Pioga(eal) _ real(vou - £5,,)/2
i Pi,del Pin (real) real(vin : l:;,)/z

and shows dependency on voltage and current. Obviously, the voltage gain can
be much lower than the power gain due to the losses at the input of the first
stage.

1 The loaded voltage gain is defined as

Yout

Av,loaded =
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In many analog designs, there is normally no impedance matching and stage
1 in Figure 3.1 is left out. The design usually has to have a broadband be-
havior. This means that low noises figures can only be achieved by changing
the width of the input transistor. For example, if the actual noise figure for an
LNA design has to be the same as the minimum noise figure, without using
impedance matching, the width of the transistor will be extremely large (in
CMOS technology). This can result in a broadband low noise amplifier with
a noise figure of around 1 dB from 0 to 2 GHz. However, the power used is
extreme. This is why RF designers use the transformer stage as the first stage.
Matching impedances using additional components allow the use of small tran-
sistor widths for the actual LNA, thus enabling low power consumption. The
price paid is a narrow band low noise amplifier; the impedance match is only
valid for a small frequency band.

The input transformer normally consists of passive components such as in-
ductors and capacitors. Resistors are not used because they add noise. As ex-
plained in Chapter 1, noise impedance matching and input impedance matching
(to achieve maximum power transfer) are normally not achieved for the same
source impedance. In most designs, noise is the key design parameter and
noise impedance matching, i.e. optimal noise input impedance equal to source
impedance, is preferred. A (small) power transfer loss is accepted, as the input
impedance is not matched to the source impedance.

The input transformer not only adapts the impedance, but inherently also
adapts the amplitude of the signal. The increase of signal amplitude at the input
of the actual amplifier influences the linearity of the LNA. The larger the input
signal, the more this signal will be influenced by the non-linear voltage-current
characteristic of the amplifier. The antenna signal can easily have a dynamic
range from —90 dBm to —20 dBm. Large dynamic ranges make it difficult to
fulfil the linearity specification without consuming too much power.

Several LNA designs are treated in detail in the following sections. Designs
steps are explained and trade-offs are discussed to come to an overall design.
To get a good “feeling” for what a noise figure of 3 dB means, consider the
following simulations using a behavioral model of an LNA. The used Matlab
routines can be found in Appendix A. The antenna signal first has an amplitude
of 1V at a frequency of 2.25 GHz. The LNA has a power gain of 20 dB (10
times voltage gain), a noise figure of O dB (noiseless) and is highly linear. The
input and output signal of the LNA in time and the frequency domain are shown
in Figure 3.2. As power matching for the input impedance at 50 €2 is assumed,
the actual input amplitude is half that of the antenna signal. The available power
at the input is therefore (1/+/2)2/50 W or —20 dB, and the delivered power
at the input is —26 dB or 4 dBm. This value and the amplification are clearly



82 CIRCUIT DESIGN FOR RF TRANSCEIVERS

Input LNA Fourier Input LNA
1
0
0.5 20
= €
) 0 .
N % 40
-0.5 -60
-1 -80
0 1 2 3 o 5 10
time (s - frequency (Hz 4]
Oulput&.glA x 10 Fourigr Out);,ugt L}\IA x 10

10

20

= E
o O -20
> S
5 -40
-60
-10
0 1 2 3 0 5 10
time (s) X 10~9 frequency (Hz) X 109

Figure 3.2. Input and output signals in time and the frequency domain of the LNA. The LNA
is almost ideal except for the gain, which is set to 20 dB.

visible in Figure 3.2 (please note that powers are based on the rms value of a
sinusoidal signal).  Now, let us add noise in such a way that the N F equals
10 dB and lowers the input amplitude to 1 mV. The result is visible in Figure
3.3. Although the input amplitude is still very large for a received signal at
the antenna, the output signal of the LNA is due to the noise figure already
affected. The noise level at the output of the LNA is equal to —70 dBm, an
increase of 30 dB due to the power gain and the noise figure. If the amplifier is
made non-linear with an O P; equal to 20 dBm for an input amplitude of 0.1
V, the results shown in Figure 3.4 are obtained. The third harmonic is at 7.5
GHz with a power of —30 dBm. The I M3 is therefore also —30 dBm, which
leads to an /1 P; of —15 4+ (—30/2) = 0 dBm. The output I P; is therefore
0+ 20™= 20 dBm.

The input transformer often consists of an LC tank with a certain quality
factor. The amplitude of the voltage is increased due to this tank circuit. If we
increase the quality factor of the input matching stage of the LNA from Q =1
to QO = 3, the results in Figure 3.4 are changed into this of Figure 3.5. The input
signal has been increased due to the quality factor, and hence the LNA becomes
more non-linear. The 11 P; is reduced by 10 dB. This simulation shows that the
input matching network is very important and needs to be designed with care.
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Figure 3.3. Input and output signals in time and frequency domain of the LNA. The LNA has
a gain of 20 dB and an N F of 10 dB.
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Figure 3.4. Input and output signals in time and frequency domain of the LNA. The LNA has
a gain of 20 dB and an N F of 10 dB. The O P;3 is set to 20 dBm.
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Figure 3.5. Simulation results for the LNA with a quality factor for the input matching network
of 0 =3.

The simulation results on the behavioral model give designers a good insight
into the impact of certain design specifications. Several LNA designs will be
discussed in the following sections.

3.2 BIPOLAR LNA DESIGN FOR DCS APPLICATION IN SOA

In this section, we discuss the design of a bipolar LNA for DCS 1800 appli-
cations. The frequency range for this application is 1.805 to 1.88 GHz. The
required noise figure is set to 4.5 dB, the output linearity specification to 0 dBm,
and the required power gain is 15 dB; opting for a fully differential design, the
source impedance is set to 100 Q. To ensure the minimum power consumption,
Silicon-on-Anything technology has been chosen with a supply voltage of 1.8
V. In this technology, the bipolar device has an emitter width of 1.0 xm and a
collector length of 1.2 um. The f7 of this transistor is approximately 6 GHz
for a collector current of 20 pA.

~—

3.2.1 Design of the LNA

The “cascode” stage is chosen as the topology for the LNA design. The basic
cascode stage consists of a single transistor. The collector of the input transistor
(in a common emitter connection) is directly connected to the emitter of the
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Figure 3.6.  Basic configuration for a cascoded CE stage.

cascode transistor (in a common base connection). The most important feature
of such a cascode transistor is that a common-base stage results in a good isola-
tion between the input and the output of the amplifier, defined by the collector
of the CB-stage. This isolation is due to the low collector-emitter capacitance
of the transistor. This circuit is therefore attractive for higher frequencies. An-
other reason is that a cascode results in a higher power gain compared to a single
stage. Figure 3.6 gives a schematic of a cascoded amplifier. The first step in the
design is to find the optimal collector current /. for the CE-stage. This current
setting is dependent on the noise figure and the required input impedance for
optimal noise and power matching. Assume that the CE-stage is loaded with
the CB-stage, and hence with an impedance equal to 1/g,, with g,, =~ 40],.
The source impedance of the CE-stage is 50 Q in single ended mode. From
Figure 3.9, we can see that the current for optimal noise matching is 3.5 uA.
In this design, we are aiming at an optimal noise match, i.e. Z, = Z,,;, and
an optimal power transfer, i.e. Z, = Z7?,. Consequently, we are looking for
a collector current yielding Z,,, = Z7,, but Figures 3.7 to 3.9 show that this
optimum is not reached.

Degeneration can be applied to achieve better matching. Placing an inductor
in the emitter will increase the real part of the input impedance. The best match
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Figure 3.7, Input impedance Z;,, compared to the optimal noise impedance Z,p; for the real
part as a function of the collector current.
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Figure 3.8.  Inputimpedance Z;,, compared to the optimal noise impedance Z,; for the imag-
inary part as a function of the collector current.

can be achieved using an inductor of 500 nH with an quality factor of 20 at
1.85 GHz, as shown in Figures 3.10 to 3.11.

A collector current of approximately 4 @A is a good trade-off between the
noise matching and input power matching. The resulting source impedance is
11 + j11 k€. These values are only valid if the emitter degeneration inductor
is 500 nH for a single transistor. Note that there is a value for this inductor

\
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Figure 3.10. The real part of the optimal noise impedance compared to the real part of the input
impedance as a function of the collector current for a degenerated CE stage by using an inductor.

for each current, resulting in the best match between noise and power, but
changing the optimum source impedance. This inductor value is obviously not
the value which we need in the final design. The 500 nH inductor is needed
for a single transistor, but in the actual design many transistors are placed in
parallel to achieve the required total current. The ratio of transistors in parallel
compared to a single one is known as the “mult” factor. The inductor value
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current,

needed is therefore reduced by this “mult” factor. The same holds for the source
impedance.

The next design step is to investigate for which collector currents fr and f4
are high enough. For the CE-stage, the simulation results of these quantities
are given in Figure 3.12.
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Figure 3.13. Output I P3 as a function of the collector current for a single transistor (/) and
with a large number of transistors in parallel (Z;;).

For a good design, the bandwidth has to be higher than the RF frequency,
and the cut-off frequency has to be higher than two times the RF frequency.
Consequently, the current for a single transistor has to be somewhere between
2 1A and 10 pA. For the CE-stage, a fair assumption is that the current gain
is approximately 2.5 (fr/f) and the voltage gain is about 1. The voltage gain
in the CB-stage then has to be approximately 12 to realize a power gain of
approximately 30 (i.e. 15 dB). We can see that the optimal current with respect
to frequency behavior is in the same range as the optimal current for noise and
power matching. In both cases, the optimal current is determined for a single
transistor.

The last step in the design of the CE stage is to determine the actual current
through the stage. Because the O P; of a single transistor is much too low
(see Figure 3.13), a number of transistors have to be designed in parallel. The
O1 P; increases with the mult factor. This mult factor is determined by the
current through mult transistors (/,,,) divided by the current through a single
transistor (I.). Figure 3.13 also shows the O P; for a total current of 1 mA.
In this case, there are 250 transistors in parallel. The total current of 1 mA is
chosen to scale the O P; to a higher level that meets the specification. Due
to the number of transistors in parallel, the overall impedance Z, is also scaled
according to Z, = Z/mult. The resulting source impedance of 11 + j11 k<2
for a single transistor now becomes 44 + j44 € for a single ended input and,
hence, roughly 100  for a differential input, exactly as required.
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Zs

The CB-stage can now be designed (Figure 3.14). The source impedance Z,
can be found as the output impedance of the CE-stage, and is fitted as a function
of the collector current /,;. This results in

—7500

A (3.2)
log(1.1)

X, = 75001og(I.;) + () - 10° (3.3)

The load impedance Z; is determined by the required voltage gain. The current
gain of the CE-stage was 2.5. To obtain a power gain of 30, i.e. 15 dB, the
voltage gain must be 12. The voltage gain of a CB-stage is given as g,,Z;,
and therefore Z; = 12/g,, where g, is the transconductance of the CB-stage
(gm = 401,,). The CB-stage must also achieve the correct frequency behavior
and, therefore, fr and f,,, are simulated as a function of the collector current
1> under the conditions as shown in Figure 3.14. A current of at least 74 A is
mandatory to achieve an output bandwidth in the same range of the required
RF setting (see Figure 3.15). Assuming the currents /,; and I, to be equal, the
output / P; of the CB-stage can be simulated. Figure 3.16 shows the O P; for
a single transistor and several transistors in parallel.

From Figure 3.16 it ﬁs evident that the best O P; is obtained at current levels
around 25 uA. Howe‘ver, the current for the best O P; in the CE-stage was
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Figure 3.16. Output I P3 as a function of the collector current I5 for a single transistor (1)
and for several transistors in parallel to obtain a total current of 1mA.

around 4 pA. Therefore, the top of the linearity curves for the CE-stage and the
CB-stage are at different current levels. As the assumption is made that I is
equal to I, the total O P; might not be as high as possible. Knowing that the
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overall output linearity can be derived as

1

1 1

ol P3,tot = T
O1P;ce-Gpca OIP;cp

we see that it is not only a high OI P; for the CB-stage that is important, but
also a high O1 P; for the CE-stage. The power gain for the CB-stage is also
important to get a high overall O7 P;. The difference in optimal current for
the CE-stage and CB-stage can be corrected by using different mult factors.
Defining x = multcg/multcp, then we can plot O1 P as a function of I,,, as
can be seen in Figure 3.17. From this result, an near-optimal choice is x = 3
and, hence, I,; = 8.5 pA and I; = 24 puA. Choosing 0.85 mA as the total
current we have 100 as the mult factor for the CE-stage and 36 for the CB-
stage. For the real part of the input impedance we obtain 11000/100 = 100 .
Because the final design is fully differential, the final input impedance is 200
£2, while the source impedance is 100 2, resulting in a power loss at the input;
instead of a 15 dB power gain we obtain roughly 12 dB. The O/ P; of the final
design is approximately 2 dBm.
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Figure 3.18. Fully integrated, differential input and differential output LNA, based on a CE-
stage (T1) and a CB-stage (T2).

3.2.2 Measurements

The complete design of the fully differential LNA is shown in Figure 3.18. The
CE-stage is formed by T1, and the CB-stage is realized by T2. The emitter
degeneration inductor is realized using L2. The inductor has an inductance of
L=3.4 nH, Q=18 at 1.8 GHz. The inductance is close to the value obtained
from simulations, i.e. 500 divided by the mult factor of 100, yielding 5 nH.
Inductors L1 together with capacitors C2 and C3 form a resonance tank at the
center frequency of the LNA and provide DC blocking. Inductor L1 has a
measured inductance of L=6.5 nH with a measured Q of 23 at 1.8 GHz. The
load of the CB-stage is realized by inductors (L3) and partly by capacitors
(C4,C5) to reduce noise while achieving the proper output impedance at 1.8
GHz. All inductors are integrated on the chip and have a diameter of 600 zem.
ESD protection diodes (D1, D2) are also included in the design as decoupling
capacitors (C1), which are realized using high density capacitor structures.
Resistor R1 is used for biasing the CE-stage.

The die microphotograph is shown in Figure 3.19. Measurements have been
performed on wafers using Cascade RF probes. The LNA draws 1.7 mA.
Capacitances C2 to C5 could be trimmed using lasers and when there is no
trimming, the center frequency is 1.5 GHz which was also simulated. The
measured transducer gain is Gy = 11.2 dB, which is close to expectations, as
well as the noise figure NF = 3.8 dB. The O P; is measured to be —3.5 dBm
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Figure 3.19. Die microphotograph of the LNA. The inductors L1, L2 and L3 from left to
right are clearly visible. The input is located on the left side of the chip, and the output is
on the right side, both implemented in ground-signal-signal-ground pad settings for differential
measurements.

using a two tone measurement with —25 dBm input power. Because 0 dBm was
required, the transistors are more non-linear than predicted in the simulations.
More current consumption is needed to increase the linearity.

3.3 CMOS LNA DESIGN

In the past few years, CMOS technologies have entered the field as an alter-
native technology for RF-design. The driving force behind this trend is the
demand to increase functionality on a single die, hence the integration of RF
functionality with digital circuitry. Because logic is always implemented in
CMOS technology, the question is whether RF circuitry can be implemented in
this technology and still have a performance similar to that when using other
technologies. However, before that point is reached, we have to show that the
performance of RF circuitry in MOS technology is similar to that in bipolar
designs. From a historical point of view, the low noise amplifier was the first
building block to test the capability of MOS in RF applications.

3.3.1 Single Transistor LNA

Although LNAs can be built up from many transistors, from a noise performance
point of view, the fewer transistors the better. In this section we show that a
single transistor LNA can perform very well.
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Design Steps

There are a few design parameters to determine in the design of an LNA: the
gate-source voltage V,, to bias the transistor, the voltage supply V4, the width
W of the transistor, the length L of the transistor and the matching networks at
the input and output. The goal is to obtain the required performance on noise
figure N F, linearity [ P; and power dissipation for a given source and load
impedance. The design cycle consists of several steps. They are explained for
a 2 GHz design in a 0.25 um CMOS design in a 10 m$2-cm substrate beneath
an epi-layer.

1. Choice of L. The length of the transistor is chosen as the minimum feature
size, L = 0.25 pum. This will give the best frequency performance of the
transistor due to minimum parasitic capacitances.

2. Choice of V,,. From the three remaining design parameters, i.e. the gate
voltage V,,, the drain voltage V,, and the width of the transistor W, V,;,
is chosen to be 0.9 V. This value is chosen because it will allow for really
low power design, and also with a battery supply of 1 V in mind. Note that
the drain voltage for a single transistor can be equal to the supply voltage,
depending on the type of load used.

3. Choice of V. Ascan be seen in Figure 3.20, in principle, the width of the
transistor is not set by noise figure considerations. However, this is only
true under conditions of perfect noise matching. In the case of 50 €2 source
and load impedance, on or off-chip noise matching is mandatory to achieve
the minimum noise figure. As an example, the noise figure is also shown
for the 50 €2 source and load impedance, without any impedance match. A
transistor width of 600 to 700 pm will give the transistor an input impedance
close to 50 §2. Noise matching is then achieved at the cost of a large current.
The minimum noise figure depends on the voltage bias conditions as shown
in Figure 3.21. From this figure, it follows that the gate voltage V,, has to
be 0.7 V, because the lowest possible noise figure is then achieved

4. Choice of W. The only design parameter left is the width W of the transistor.
Taking only noise into account, a transistor with the smallest possible width
(W = 0.5 um) is the best choice, because this leads to the lowest current
and thus the lowest power consumption. If this smallest transistor width
is taken, the input impedance of the LNA is totally set by the bond pad
together with its ESD device, because the impedance of the transistor is small
compared to the impedance of the bond pad and ESD. If it still is possible to
design a proper impedance matching network in this situation, the smallest
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Figure3.20. Noise figure as a function of the width of the device under the following conditions:
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Figure 3.21.  Simulated minimum noise figure of a transistor with a given width, versus the
gate and drain voltage for a finger length of L finger =2.5 pm.

possible transistor is indeed the best choice. However, the output [ P; is not
independent of the width of the transistor (Figure 3.22). This means that
using the design parameters already given, the width W of the transistor
is set by the desired (output) 7/ P;. An output I P; of about 10 dBm has
been chosen, resulting in a transistor width of 40 wm. If input matching
has to be achieved on-chip, the width of the transistor is determined by both
the required input impedance and the linearity. Figure 3.22 does not take
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Figure 3.22. Simulated output I P3 of a transistor, versus the width of the transistor, under the
obtained bias settings.

the compression point (C Py,p) of the transistor into account. Normally,
the maximum input signal has been defined for each telecommunication
standard, and the compression point of the LNA must be better by at least 4
dB. Assuming a power gain of 6 dB, this will give an /1 P; of 4 dBm for the
chosen O P;. As the compression point can be found approximately 10 dB
lower than the 11 P;, we have a C Piyp of —6 dBm, which is acceptable.

5. Choice of Lj,..-. The chosen transistor has the dimensions W/L =
40pum/0.25um. To obtain good RF performance, the transistor has a fold-
ing geometry. The finger length (L f;,g.r) has also an influence on the lowest
minimum noise figure that can be achieved, see Figure 3.23. This is due
to the reduced gate resistance caused by the folding action. The lower the
chosen finger length, the lower the minimum noise figure. For reasons of
low gate resistance, a transistor with L f,g., of 2.5 um has been chosen.

6. Fitting the model. The next step in the design is to fit the measured
y-parameters of this transistor (which are extracted from measured s-
parameters) with simulated y-parameters. This is necessary, as an accurate
prediction of the noise behavior of the transistor has to be known for the
design of the impedance matching network. This behavior will be extracted
from simulations, and these simulations are more reliable if the simulated y-
parameters fit with the measured y-parameters. A MOS MODEL 9 mini-set
has been extracted from the measured DC behavior of the transistor. Thisis a
standard MOS MODEL 9 mini-set without extensions in the model to model
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Figure 3.23.  Simulated minimum noise figure of a transistor versus the finger length of the
transistor for the chosen bias conditions.
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Figure 3.24.  Schematic view of the transistor with some extra elements to model the transistor
properly. Ry is the gate resistance of 53 €2, R, is the NQS resistance of 9 £, R3 represents the
substrate resistance under the junction capacitor and is 1 2, Ry is the substrate resistance under
the bulk and is 1  and, finally, D; represents the junction capacitance.

the RF-behavior more accurately. As a supplement to this standard MOS
MODEL 9 model, a gate resistance, an NQS (Non-Quasi Static) resistance,
and bulk resistances are added. The gate resistance and bulk resistances are
calculated by fitting the y-parameters, and the NQS resistance is calculated
by using a formula similar to the one described in Chapter 1. The transistor
with these added elements is shown in Figure 3.24. After a few iterative
steps, the measured and simulated y-parameters are fitted onto each other
as can be seen for the y;; parameter in Figures 3.25 to 3.26, for example.
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Figure 3.26. The imaginary part of y; of the W/L =401m /0.25,:m NMOS transistor for the
chosen settings. Measurements and simulations are almost identical.

Figure 3.27 shows the transistor with its parasitic elements in the layout
(such as bond pads) with the elements defined as:

R1=50 Q@ : Two port input

R2=4 Q : Input parasitic resistance (bond pad)
R3=2.56 2 : Input parasitic interconnect resistance
R4=4 2 : Output parasitic resistance (bond pad)

R5=3.34 © : Output parasitic interconnect resistance
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Figure 3.27.  Schematic view of the transistor with its parasitic elements in the layout (C2, C3,
C4, C5,R2, R3, R4, R5). See the table for the description of these elements.

®s R6=50 Q : Two port output

= CIl: DC blocking

= (C2=104 {F: Input parasitic capacitance (bond pad)

» (3=13.4 {F: Parasitic interconnect capacitance between drain and gate
s C4=100 fF: Output parasitic capacitance (bond pad)

m  C5=190 fF: Output parasitic interconnect capacitance

= C6: DC blocking

s L1: RF blocking

= L2: RF blocking

Using the obtained RF model, an accurate fit between simulated and mea-
sured gain and stability factor can be achieved.

7. Design of the impedance matching network. The next step in the design
is the impedance matching network, and the biasing of the LNA. Microwave
design techniques used to realize this design are explained in Chapter 2. The
impedance matching network at the input and output will be performed using
transmission lines. The biasing circuit is realized using a %A microwave line
as explained in Chapter 2. A schematic overview of the design is shown in
Figure 3.28. Figure 3.29 shows the Smith chart with noise and gain circles
of the transistor. The stability circles shown in this Smith chart are extracted
from the measured s-parameters. The simulated s-parameters are fitted on
these measured s-parameters (or y-parameters) by adding parasitic elements
around the transistor as explained above. The noise parameters used to draw
the noise circles in the Smith chart are extracted from these simulations. The
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Figure 3.28. Schematic of the LNA in the case of impedance matching with transmission lines.
L1 = L2 =~ 1 nH (a single bond wire), L3 = 0.5 nH (four bond wires) or 3 nH (a single bond
wire).

stability circles are shown on the Smith chart. We can be see that care has
to be taken to prevent instability of the circuit, i.e. the chosen impedance
falls outside these circles. To achieve a noise figure equal to the minimum
noise figure, the input impedance should be the optimal noise impedance
(“00” in the figure). The output impedance matching network is chosen in
such a way that this impedance falls far enough outside the output stability
circle (“O”). As aresult of these simulations, the lengths of the transmission
lines, calculated by using the microwave design techniques as explained in
Chapter 2, are given in Figure 3.28.

Simulation and Measurement

The measurement results of the LNA will be discussed in this section. In the
case of the transmission line impedance matching, the measured operating fre-
quency is less than 4% away from the expected value. We may conclude that
impedance matching with transmission lines is very accurate. The operating
frequency of all six measured samples performed within 4% of specification. A
die microphotograph of the bonded transistor is shown in Figure 3.30. Ground-
ing of the LNA is performed by means of two bond wires in parallel on each
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Figure 3.29. Smith chart of the LNA with noise, gain and stability circles. (O): input
impedance, (A): output impedance at perfect impedance match, (O): chosen output impedance.

side. Each bond wire has an inductance of 1 nH, two in parallel do have a
inductance of 0.5 - +/2 = 0.7 nH, where the +/2 stems from mutual coupling.

The breadboard with the transmission lines is shown in Figure 3.31.

Since the LNA is designed for optimum noise matching, the power matching
is not that good (simulated s;; = —3.6 dB). A degeneration coil can be used to
achieve a better power matching. In this case, a single bond wire to the ground
is used instead of four bond wires. This single bonding wire has an extra long
length. Simulations show that a value of 3 nH is needed, which results in a bond
wire of 3 mm. The simulated input power matching is then much better (s;; =
—17.4 dB). The input / P; is also better, however, the gain is lower. Table 3.1
shows the measured performances of the two LNAs.

The linearity is measured by a 2-tone measurement with two Marconi signal
generators and a spectrum analyzer. The 2-tone frequencies are 2028.8 MHz
and 2028.9 MHz. The input power of both tones is —30.5 dBm. The differ-
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Figure 3.30. A photograph of the bonded LNA. Grounding of the LNA is performed by means
of 2 bond wires in parallel on each side of the die.

Table 3.1. Measured performance of the two LNAs

Parameter measured  measured
Number of bond wires to ground 4 1

Source degeneration coil No Yes (3 nH)
Frequency (f) 2.03GHz 2.05GHz
Supply current (I174) 4 mA 3.9mA
Power dissipation (P ;) 3.6 mW 3.5mW
Magnitude s-parameter s | —6.3dB —32.3dB
Magnitude s-parameter sy, —2.7dB —4.8dB
Voltage Standing Wave Ratio at the input 2.9 1.0
Magnitude s-parameter sqp —23.1dB —-33dB
Magnitude s-parameter s 12.8dB 7.5dB
Power gain (Gp) 14 dB 7.5dB
Available gain (G,) 16.1 dB 9.2dB
Output Intercept Point O1 P3 10.5dB 10.5dB
Input Intercept Point 11 P —3.5dB 3.0dB
noise figure (N F) 2.3dB 3.0dB
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Figure 3.31.  Breadboard with transmission lines.

ence between /1 P; and O P; is the power gain (G,). Figure 3.32 shows the
measured output power as a function of the input power at the 1st and 3rd har-
monic at the standard voltage biasing conditions. The 1 dB compression point
is extracted from this measurement, which is —12 dBm.

Although the LNA is made of a single transistor it already performs very
well.

3.3.2 Classical LNA Design

One of the most-used structures for an LNA is the input transistor loaded with a
cascode transistor, like a CE-stage followed by a CB-stage in the bipolar tech-
nique. The cascode transistor is added for isolation purposes. This additional
transistor reduces the effect of the collector-base capacitance of the input tran-
sistor, which acts as a Miller capacitor. We will treat the design of this LNA
structure for a GSM/DCS application. The chosen technology is a 0.25 um
CMOS technology in a 10 mQ-.cm substrate beneath an epi-layer. The power
supply is set to 2.5 V.
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Figure 3.32.  Linearity measurement results using two-tone set up.
The Design

The basic structure of a cascoded input transistor is depicted in Figure 3.33.
Transistor M; is the input transistor and M, acts as the cascode transistor.
Inductor L; represents the bond wire as a connection between the on-chip
ground line and the off-chip ground plate. Inductors L, and L3 are used to
tune the LNA. Capacitor C,, represents the parasitic gate-source capacitance
of M;. The bias circuit for M; is not yet shown, but will be discussed later.
Assuming power matching, then the source impedance of 50 €2 should be equal
to the real part of the input impedance which is roughly determined by

gmiLy
Cys
Hence, although the bond wire is a necessity for connection, it can help to
increase the real part of the input impedance. In (3.4), g, represents the
transconductance of M;. Inductors L; and L, together with capacitance Cg,
form a resonance tank which should resonate at the proper frequency. Therefore
2 1

W, = —————
(L1 + L2) Cys
The source resistance R; at node RF;, will degenerate the quality factor Q of

the capacitance according to

Re(Zin) ~

(3.4)

(3.5)

1
"~ RywCyy

Q 3.6)
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Figure 3.33.  Basic configuration of a cascoded input transistor.

On the other hand, this Q should not be too high, as it will increase the gate
voltage of the M, and thus lower the I/ P;. Similarly, the loaded Q of the bond
wire L is equal to
_ 1
8m1 wL 1

3.7

and to have a reasonable design, (3.6) should be equal to (3.7). While g,,;
represents the transconductance of M;, we can also define the transconductance
of M; together with the input matching network, i.e.

ol 1

G = - (3.8)
" Qugpin oLy

We can use this overall transconductance to calculate the input referred noise
voltage and, together with (1.31) the noise factor can be obtained as

2wl 1 1 1
F=1+— — 14+ — 3.9
3ok T 15gm1Rs< * Q2> G2

where the third term represents the contribution due to thermal noise in the
channel.

A first order design can be realized by setting the frequency to 2 GHz and
using a bond wire of 1 nH inductance for L;. Allowing a Q of 4, (3.6) gives
the capacitance value of roughly 0.4 pF. Consequently, from (3.5) we obtain
the inductance value of 14 nH for L,. The transconductance of M; can then
be derived as 20 mA/V. Knowing that the technology provides 0.2 fF/um gate
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Figure 3.34.  Design of the DCS LNA with a standard cascode configuration.

oxide capacitance, 0.4 pF will be realized with a width of 200 um for M;.
From the transconductance and the dimension of M; (the minimum length
has been chosen) follows the current consumption of 5 mA. The final design
is shown in Figure 3.34. A folding structure (F equals 30, yielding a finger
length L finger = 6 pm) for the transistors has been chosen to reduce gate
resistance. The cascode transistor M, has the same dimensions as M;. This
has the advantage that the drain of M; can be merged with the source of M,
thus reducing parasitic capacitances significantly. The 10 pF capacitance is
for DC blocking and hardly changes the resonance frequency of the input tank.
Transistor M is biased using a current-mirror concept. An additional resistance
of 2 k2 has been added to increase the input impedance seen from M; towards
the bias circuit. The higher the impedance, the less the bias circuit will influence
the RF performance. The bias current is set with resistor Rggr, which is 10
times lower than the current through M; to reduce power dissipation. The value
of the load inductance is chosen such that the output impedance is roughly 50 €2
at the operating frequency.
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Figure3.35. Measured performance of the LNA. The top picture shows the measured transducer
gain (s31) and the bottom shows the measured noise figure, both as a function of the frequency.

Measurement Results

The measured performance is shown in Figure 3.35. A noise figure of 1.7 dB has
been achieved at a transducer gain of 15 dB. The measured [/ P; was 1.5 dBm
at 12 mW power dissipation. The fact that the noise figure of this LNA is lower
than the single transistor LNA can be explained by the fact that the technologies
used were not exactly the same. The difference was in a higher gate resistance
for the single transistor, directly reflecting the higher noise levels.

3.4 EVALUATION

Many LNAs have been presented in the literature: [1], [2], [3], [4], [5], [6],
[71, [8], [9], [10], and [11]. Design [2] is a bipolar design, [3] is a 0.25 um
CMOS design, [8] is a 0.35 pm CMOS design, [4] is 2 0.6 um CMOS design,
[7] and [9] are designed in SIMOX technology and [11] in SiGe. Finally, [5]
is designed in Silicon-on-Anything. Let us also refer to the bipolar LNA of
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Figure 3.36. Comparison of several LNA designs for the FOMy r as a function of frequency.

section 3.2 as [A], the single MOS LNA as [B] and the cascode CMOS LNA as
[C]. A Figure of Merit (FOM) proposed in [10] is used to compare the proposed
LNAs with earlier results as a function of frequency. This FOM compares the
performance of LNAs based on the noise figure. A modification to this FOM
to obtain a more fair comparison leads to

Gain

FOMyrp = ——m——
N F o Prigy(mW)

where the gain is defined in its linear dimension. Based on this FOM, the
LNAs discussed in this chapter perform competitively with LNAs designed in
recent SiGe and SIMOX processes (Figure 3.36). LNA [5], designed in the
SOA technology, has an FOMyr of 39 because it is developed in a dedicated
low power technology. The SiGe design of [11] shows a good result due to its
extreme low noise figure (0.95 dB).

A FOM can also be defined for the linearity

11 Ps(mW) - Gain

FOM;p3 = P (mW)

for which the ranking of the LNAs is given as shown in Figure 3.37. Looking
at the figure, it becomes clear that the SOA process does not produce high
linearity devices. Finally, an FOM can be defined for an overall dynamic
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range, FOMpr = FOM;ps; - FOMppg. The ranking based on this FOM is
depicted in Figure 3.38. A single transistor LNA performs very well, however,
it is not simple to use in real practical applications, as most applications also
demand good isolation. It can also be seen that MOS technology can be very
advantageous for RF applications. Passive components are still a major problem
in standard MOS technology, but this may change with dedicated RF CMOS
technologies. The silicon-on-anything technology is very interesting for low
power and low-noise applications, where linearity is not the main issue.
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Chapter 4

Mixers

In the receive path, a low noise amplifier is normally followed by one or more mixers to
translate the RF frequency into a base band frequency. These down conversion mixers
multiply two signals, the RF signal and the local oscillator (LO) signal. The multiplica-
tion of these two distinctly different signals produces harmonics, due to non-idealities,
influencing the information signals. Up conversion mixers are used in a similar way in
the transmit path. Several mixer configurations together with their design problems will
be treated in this chapter.

4.1 SPECIFICATION

Mizxers are used to perform frequency translation and therefore have two dis-
tinctly different input signals. The input signals in the receiver mixer are both
RF signals, especially in zero or near-zero IF receiver concepts. The frequency
spectrum of the output signal is then at a low IF frequency. At the transmit
side, on the other hand, the two input frequencies of the mixer are far apart, one
RF signal coming from the oscillator and the other being an I signal. As fre-
quency translation can be viewed as a multiplication of time signals, linearity is
an important design specification. Non-linear multiplication causes harmonics
that can fall into the information band.

Suppose that the input signal on the RF port of a down converter mixer is
given as

VRr(t) = sin(wgrrt + wppt) 4.1

where the RF carrier frequency is 1 GHz and the signal information frequency
fer = 1 MHz, If the local oscillator (1.O) frequency to 1.5 GHz and the mixer
is ideal, except for linearity, i.e. OI P; = —5 dBm, the frequency spectrum

113
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Figure 4.1.  Spectrum at the IF port of a mixer with an O P3 of —5 dBm.

around the IF frequency shows the wanted tone at 499 MHz, the image tone
at 501 MHz and a strong third harmonic tone at 497 MHz, for instance (see
Figure 4.1, obtained using the Matlab routines of Appendix A). If the IF filters
following the mixer are not that good, harmonics will be present at the output of
the receiver and will thereby distorting the information signal. When a strong
interferer is present in a co-channel or adjacent channel, it is clear that these
signals will mix with the wanted tones, and an unwanted frequency spectrum
arises. As an example, consider the situation when an additional tone is present
at 1.0018 GHz. The spectrum at the IF port of the mixer is depicted in Figure
4.2.

Mixers can be divided into several classes, depending on the criteria used.
The first commonly used criteria is the provided gain. The term “gain” often
leads to confusion when considering a mixer. The voltage conversion gain
is defined as the ratio of the rms voltage of the IF signal to the rms voltage
of the RF signal. The power conversion gain of a mixer is defined as the IF
power delivered to the load divided by the available RF power from the source.
For example, if the treated mixer has a power conversion gain of 10 dBm, the
obtained output spectrum changes from the one in Figure 4.1 into that of Figure
4.3. It is not only the wanted tones that are amplified. The harmonics are also
amplified, and even have a higher gain, thus showing the increased non-linearity
of the mixer.
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Figure 4.2. Output spectrum of the mixer when a strong interferer is present. The wanted tone
at 499 MHz is difficult to distinguish from the unwanted tone at 499.2 MHz.
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Figure4.3. Output spectrum at the IF port of the mixer when the mixer has a power conversion
gain of 10 dBm.
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Figure 4.4.  “Gilbert” mixer implemented in MOS technology.

Using the gain criteria, we can distinguish “Gilbert” or active mixers and
“passive” mixers.

The Gilbert type mixer is based on a transconductor converting the incoming
RF into a current, followed by current steering transistors reversing the sense at
the load as controlled by the LO drive (Figure 4.4). The load may be resonant,
broadband, or in the case of a down-mixer, formed with a low pass pole. There
is usually some modest signal gain through the circuit, allowing a single stage
LNA to be used. Note that since the LO switches the signal, there is no attempt
at linear multiplication. Consequently, the LO drive should be large enough to
ensure that the transconductor output current is fully switched, and this implies
a relatively large LO drive (in bipolar implementations, 300 to 400 mV p, is
typical on each side). A further reason for using a relatively large LO drive is
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related to noise. At first sight, this type of mixer appears to have no obvious
source of 1/f-noise. The transconductor transistors in the signal path have their
output currents switched alternately between the positive and negative signal
outputs, and hence the noise from these devices appears to be chopped. Thus,
any low frequency component is therefore removed. The switching transistors
appear to function as cascodes when active, and should therefore also contribute
negligible noise. In reality, there must be a finite time when both steering
transistors are on, since there is DC as well as signal current to be passed.
During this period, the steering devices look like a differential pair without any
degeneration, and their noise is visible at the outputs. Note that a larger LO drive
amplitude leads to shorter transition times and hence minimizes the switching
transistor noise, albeit at the expense of more power in the LO buffering.

The second main type of mixer used is the so-called “passive” mixer . In this
configuration, the MOS devices are used as reversing switches in a series signal
path connection, with no gainimplied in the circuit. Asaconsequence, the noise
of the following stages is more significant and may demand higher gain in the
LNA to make it manageable. Large switching transistors are sometimes favored
to make their non-linear resistance negligible in the signal path, and hence to
improve intermodulation performance. The main purported advantages here
are that there is no DC consumption, and that if the circuit is AC coupled, there
is no DC through the mixer transistors. According to the literature, there should
therefore be no 1/ f-noise present (Figure 4.5). The low frequency output of the
mixer may be connected directly to the “virtual earth” input of a transimpedance
amplifier. Capacitance can be added to the input of the op-amp to allow some
filtering of the RF components. In this way, the mixer transistors can be viewed
as either the V-I conversion impedances, or as switching a current (but only
AC) to the virtual earth points from another pair of series impedances. In this
second context, there is some argument for having very small capacitances in
series with the inputs of the mixer to allow their impedance to dominate at RF,
and to provide a higher impedance at baseband.

Another way of distinguishing mixers is to see whether or not the signals
are applied differentially. When the LO signals are differential, but the RF
signal is not, we speak of a single-balanced mixer. If the RF signal is applied
differentially, then we speak of a double-balanced mixer. This type of mixer
generates less even-order harmonic distortion while the single-balanced mixers
exhibit less input-referred noise for a given power dissipation. Differential out-
put ports are used instead of single-ended output ports to avoid the problem that
the output port of the mixer contains a component with no frequency translation
(“direct feedthrough” effect).



118 CIRCUIT DESIGN FOR RF TRANSCEIVERS

single pole LPF

LO signal

Vdd -+

AAA
yy

AAA
oy

IF signal

-—IE‘ ] , —
RF input u
P — i

l "
'

i
small C to remove HF components

LNA passive mixer 1st IF amplifier
with lowpass response

L

Figure 4.5. Example of “passive” mixer implementation in MOS receiver path.

A final design parameter of mixers is the noise figure. Consider a noiseless
mixer with a gain of unity. The spectrum at the RF port consists of a signal
band and an image band, if we assume that the desired signal spectrum resides
on only one side of the LO frequency. This is common for heterodyne architec-
tures. Both bands contain the signal component as well as the thermal noise of
the source resistance (i.e. the load of the preceding LNA). Due to the frequency
translation, the frequency band around IF therefore contains not only the in-
formation in the signal band, but also that from the image band. This doubles
the noise in the IF band, making the SN R at the output half that at the input,
resulting in a noise figure of 3 dB for the noiseless mixer. This measurement
provides the “single-sideband” (S S B) noise figure. Now suppose that the LO
frequency is also situated in the signal band, reflecting a homodyne receiver
concept. As no image band exists, the SN R at the output is equal to that at
the input and hence the “double-sideband” (DS B) noise figure is 0 dB for the
noiseless mixer. The 3 dB difference in the noise figure makes it important to
mention which measurement set up was used.

4.2 BIPOLAR MIXER DESIGN

Let us first focus on a single-balanced active bipolar mixer as drawn in Figure
4.6. The relatively high input impedance of this circuit might cause problems
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Figure 4.6.  Single-balanced active mixer with emitter degeneration in the RF part.

when the mixer is preceded by an image reject filter. Such a filter is usually
off-chip and is designed for 50 €2 matching. Impedance converters may be used,
but they add additional components. We can also solve the impedance matching
problem by using the emitter T1 as an input port. Such a circuit is depicted in
Figure 4.7. At the cost of increased noise, a better impedance matching with
improved linearity is now obtained.

The input impedance of the circuit in Figure 4.7 is R, + 1/gm1, and can be
set to 50 2. Assuming a source resistance Ry, the RF current ir; of T1is given
by

it1(t) = vrr(®)/(Ry + R + 1/8m1) 4.2)

where vgr is the RF voltage at the RF input of the mixer. Assuming perfect
switching, a 50% duty cycle, and neglecting the higher harmonics, the IF output
voltage vy is given as
vrr (DR, 4
vyr(t) = - —cos(wr ot 43

IF( ) R.\'+Re+1/gml ( Lo ) ( )
where the LO frequency is set to wyo/2m. Applying a Fourier transformation,
the spectrum of v; is given as

Vrr(w £ w10) . 2R,
R.\' +Re+ 1/gml T

V[F (a)) = (44)
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Figure 4.7. Single-balanced active mixer with the RF input at the emitter of the input device.

The voltage conversion gain is now derived from

A== . —< 2. % 4.5
/4 Re+1/gml /4 R.\' ( )

under the assumption of input impedance matching. The power delivered to a
load is equal to

Prcnap = L5 (4.6)
o 2R,
The available power at the input is given by
Var
Pav.input = ZFT‘mb 4.7)

Combining (4.5), (4.6) and (4.7) finally leads to the delivered power conversion
gain

Ap=—- (4.8)
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Note that A, # A2, which often leads to confusion when referring only to
conversion gain.

The main source of distortion in mixers like the one depicted in Figure
4.7 is the input voltage to output current converter in the RF part, i.e. TI.
Large emitter resistances are needed to overcome this distortion which, in turn,
cause a significant contribution to the noise. Design trade-offs are needed
here. A second source of distortion stems from the non-linear base-emitter
capacitance of T2 and T3. Certainly when T2 and T3 are on simultaneously
for a fraction of the period, the collector current of T1 flows through these
non-linear capacitances and will therefore be distorted [1]. To overcome this
problem, non-overlapping sinusoidal LO signals can be used, preventing T2
and T3 from being on simultaneously.

Noise has always been a problem in this type of mixers. A nice explanation
about noise contributions in single-balanced bipolar mixers can be found in
[2]. The noise contribution of T1 is mainly from to the thermal noise due to
the emitter resistor R, and the collector shot noise. This latter source can be
decreased by increasing the current through the device, since the input referred
2 isequal to 2kT /g, = 2q/1.. The noise contributions of

noise VOItage Vooise

T2 and T3 come from the shot noise current Inzoixe = 2¢ 1. and the thermal noise
of the base resistance. These noise contributions are injected into the output
nodes of the mixers via a capacitive path to ground, formed by the base-emitter
junctions of T2 and T3 and the base-collector, collector-substrate junctions of
T1. The currents through T2 and T3 should be decreased to reduce the shot
current noise, which is exactly the opposite what has to be done to lower the
noise contribution of T1. A design trade-off is therefore needed here. Large LO
signals are needed to further reduce the noise contributions of T2 and T3. To
reduce the thermal noise of the base resistance, the sizes of T2 and T3 should
be large, leading to large base-emitter capacitances. This latter effect results in
large injected voltage noise into the output node. Small capacitances are needed
to overcome this, hence small sizes should be used, which in turn leads to large
base resistances. A design trade-off is once again necessary. This concludes
the discussion on bipolar mixers.

4.3 CMOS MIXERS

In the receiver path, active CMOS mixers are more and more replaced by passive
CMOS mixers due to power consumption restrictions. In contrast, the active
mixer is still used in the transmit path to get more power gain. In this section,
both type of CMOS mixers will be discussed.
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Figure 4.8.  Single-balanced CMOS mixer

4.3.1 Active CMOS Mixers

The need for good switching devices in active mixers leads to the use of MOS
device-based mixers. The most simple active CMOS mixer is presented in
Figure 4.8. One of the most important design criteria is the noise produced by
the mixer. Many literature have been published recently on this topic. Assuming
Iy = I — I3, and under large LO swing conditions this current will be a function
of the oscillator voltage output V.o (¢t) and Iy = Iy, + igr, Where I, is the
bias current and i g 7 is the small signal current due to the signal at the RF input.
Consequently, Iy = F(VLo(t), Ipiss + igr) and, since igr will be small, a
Taylor expansion may be applied, yielding

Io =a,(t) +a;(t) - igr 4.9)

where both a,(t) and a (¢) are periodic waveforms.
We can easily see that

— gma(t) — gm3(t)
ng(t) +gm3(t)

and hence this factor will play an important role in the noise behavior. Also note
that a cyclo-stationary behavior may be observed due to the time dependency.
The term a,(t) will disappear in double balanced mixer structures. In [3],
this time-varying bias condition approach is used to calculate the overall noise

a (1) 4.10)
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behavior of a single balanced mixer. They found the single-sideband noise
figure to be

@ 01+ rpgn)gme +272G + (Ruo + 2r) G2+ 1/Ry
2
(5

NF,y, =
b czgﬁl1 R,

(4.11)

where R, Ry ¢ and Ry, are the source and LO and load resistances, respectively.
The thermal noise generated by a MOS transistor in saturation has been assumed
to be

72

lll
M — 4T 4.12
Af Y &m (4.12)
where ¥ =~ 2/3 is for long transistor devices and g,, is the transconductance of
the MOS device. The parameter r, resembles the polysilicon gate resistance.
Furthermore, parameter « is the total power of the waveform a;(t), and G is
the time average of G(r), the small signal function of a;(¢). The parameter ¢

represents the first order Fourier coefficient and is given as

e 2 (M) (4.13)

/4 wAfro

Although expression (4.11) covers any possible way of switching, it is diffi-
cult to use (4.11) in practice. Some simplifications can therefore be considered,
like the assumption that the MOS transistors are only hard switched, for in-
stance; they are turned on and off instantaneously [4].

Assuming a current / flowing through transistor 77, then a current equal to
I will flow through T for half a period, and similarly through 73 for the next
period. The output is now a square wave function at a frequency of wy o with
a zero DC value. Assume that the 1/f-noise sources of T, and T3 are referred
to the gate of T, as a voltage source V,. This noise will modulate the time at
which the pair 7; and T; switches. Consequently, noise advances or retards the
time of zero-crossings, and can be treated as an additional pulse train of random
width At and amplitude 27, superposed with the square function. Note that Az
is dependent on the slope S of the LO voltage at the switching instance. As this
happens at the rising and falling edge of the square function, the pulse train has
a frequency of 2w, ¢. In the extreme case, we may approximate the pulse by
ideal delta functions. The frequency spectrum of the base noise current of Tj,
in1 is then sampled and appears at integer multiples of 2 f; o at the IF output,

117
lomt = ——Vu(f £ 2nfL0) (4.14)
T A
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Figure 4.9.  Mixer with square-wave function at LO at each half cycle: the first half cycle on
*the left and the second half cycle on the right. The positive amplitude level of the switching
function is denoted by V.

where A is the amplitude of the square wave function Vg and n € N. This
spectrum therefore also includes the 1/ f -noise , although it is not present around
the LO frequency. The above reasoning implies that 1/f-noise at the output
of the mixer may be eliminated if the zero crossing happens perfectly, i.e.
At = 0. However, there is another mechanism to introduce the flicker noise
at the output. During hard-switching, the gate voltage of T in the first half
period consists of the amplitude level of the square-wave function superposed
on the noise amplitude. In the second period, T3 becomes active and only the
amplitude of the square-wave function is present at the gate. This mechanism is
visualized in Figure 4.9. The voltage Vs charges and discharges exponentially,
due to the capacitance C, and hence the output current alternates at twice the
LO frequency with a non-zero DC value. This again indicates that baseband
1/f-noise is present at the mixer output. The amount of output noise current
due to 7 is given by
) 2
o2 = —CYV, (415)
TLo

and can be decreased by reducing the tail parasitic capacitance and applying a
square-wave function with sharp transitions.

So far we have only discussed the influence of 1/f-noise sources, but the
white noise sources also play an important role. The spectral power density of
the white input noise is usually given by:

4kTy
&m

2
=

(4.16)
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where y is the channel noise factor (traditionally 2/3 for long-channel devices),
and g,, is the transconductance of the MOS device. In the mixer, the operating
point is time dependent and, therefore, g, should be replaced by G, (), a
function of time. A LO sinewave V = 2A sin(wy ot) produces a time-periodic
G, (t) which is then nonzero over a time window AV /2Awpo = AV/S. The
white noise current contribution of 73 can therefore be expressed as

7wy Ny L (4.17)
on3d — VSTLO ~ yTL’A .

with the approximation valid for sinusoidal LO signals'. If we include noise
due to switches, aload R; and the mixer conversion gain of 2/, the total white
noise at the mixer output is given by

2 2

V2 = SKTR, + 8kTy L . 2TV <3g,,,RL> (4.18)
' A 8m /4

where m represents the accumulation of noise after aliasing.

For a scaled double-balanced mixer with the same total current as a single-
balanced mixer, the total output noise is the same as (4.18). As the conversion
gain from the differential input is half of a single input, the equivalent input
referred noise is twice as large, The main advantage of a double-balanced mixer
is therefore not in the noise suppression, but in LO feedthrough suppression.

Consider the double-balanced mixer of Figure 4.10, which was designed for
a GSM/DCS/PCS application. Degeneration resistors are used in the sources
of Ty, and Ty, to increase the linearity of the RF port (not shown in the figure).
An NMOS device is normally used as the current source at the common source
point of Ty, and Typ,.to set the bias current. A current mirror configuration is
then needed to set this bias current. We can choose the current mirror ratio to
be more than one to reduce the overall power consumption. However, the 1/f-
noise of the mirror transistor is then increased by the mirror ratio and injected
into the RF port of the mixer. To reduce this effect, the current mirror ratio can
be reduced to a factor equal to one, but at the cost of more power consumption.
A better solution is to use a resistor R;, to set the bias current, as shown in
Figure 4.10. Tj is used together with a resistor R; to set the proper bias point for
Ty, and Tj,. R has a high resistance value to ensure that this bias circuit will
not affect the RF operation. The resistors are realized using n*-poly and have

'The output noise density is therefore not dependent on the transistor sizes. The finite bandwidth of the
sampling pulses limits the number of aliases. The integrated rms output noise therefore remains constant.
This behavior is similar to the voltage noise on a switched capacitor, kT /C, and hence also independent of
the size of the switch.
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Figure 4.10. A resistor degenerated active double balanced mixer. Transistor dimensions are
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Figure 4.11. Buffer stage to drive the LO port of the mixer. Transistor dimensions are in pum.

the following values: Rp;,; = 25 Q, R = 2 kQ and R, = 1700 Q. Additional
emitter degeneration resistors can be used to increase the linearity of the mixer.
A buffer stage is used to achieve isolation between the VCO and the LO port
of the mixer. This buffer can then also help in setting the proper DC levels for
steering the LO port of the mixer. The buffer stage is shown in Figure (4.11),
where a resistor Ry, is again used to set the bias current. Cascode transistors
Ts, and Ts;, are added to improve VCO-LO isolation.
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The design of the mixer, including the buffer, was realized in a 0.25 um
CMOS process. The RF frequency is set to 1.95 GHz, the LO frequency to
2.043 GHz, yielding an IF of 93 MHz. The power in the LO drive is set to —5
dBm. The measured conversion gain is 7.2 dB, the single-sideband noise figure
is 8.6 dB, the 1] P; equals 2.5 dBm and the complete circuit consumes 7.5 mA
at 2.5 V supply voltage.

4.3.2 Passive CMOS Mixers

The design of passive mixers seems trivial, because the transistors only act
as switches; the larger the transistor sizes, the smaller the on-resistance of
the transistor and the better the linearity. However, if the mixer is incorrectly
designed, this can lead to an excessive amount of noise; the design steps are
more complex than you might imagine.

LO signal
[ ]

|

IF signal

RF signal

[ ]

Figure4.12. Mixer test chip configuration. The W/L ratio of all MOS devices is 50/0.35. Note
that there are no ESD structures on the chip.

In order to determine the existence or otherwise of 1/f—noise in an AC
coupled passive mixer, a single mixer structure was laid out and processed in
0.35 um CMOS technology. The passive mixer includes a metal sandwich
capacitor C,, of 12 pF (laid out for symmetry) between the IF-output nodes
on-chip. The sizes of the mixer transistors are W/L=50um/0.35um and the
threshold voltage is 0.5 V. The schematic is shown in Figure 4.12 and the die
microphotograph is shown in Figure 4.13.
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Figure 4.13. Mixer test chip microphotograph. The RF input is on the left, the LO input is at
the bottom, and the output is on the right.

Figure 4.14 shows the spectrum of the mixer in operation. The RF frequency
is set to 2 GHz and the LO frequency is 200 kHz from the RF signal (i.e.. 2.000, 2
MHz.). The input power of the LO is 0 dBm resulting in 1.2 V,,,. The IF output
is at multiples of 200 kHz. Fundamental IF and the first three harmonics are
visible in the spectrum.

We will use this mixer to show that there are three noise sources in the circuit
that contribute to the overall noise, measured at the output of the passive mixer.
These noise sources are due to the 1/f-noise of the transistors of the mixer,
due to the implicit existing switched-capacitor behavior, and finally due to the
overall gain of the mixer and IF amplifier together.

1/ f-Noise in Mixer Transistors

Many studies have been carried out on the 1/f-noise behavior of a single MOS
transistor. The most well-known 1/f-noise model assumes a time-invariant
current / flowing through the device and is written as

n

I
Sy ¢ =c— 4.19
N c (4.19)

where ¢, n and m are constants. This model has a spectral density function
whichis notdependent on time. Forthe 1/ f-noise source, this aspectis certainly
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Figure 4.14.  Measured output of the mixer.

questionable. Equation 4.19 implies that a purely AC-driven MOS transistor
cannot have 1/f-noise. Intuitively this seems strange, because there is a current
flowing from drain to source all the time, and it can thus be argued that this
current must contribute to 1/f-noise. In a passive mixer, the MOS devices are
only AC-driven, and the common wisdom is that no 1/ f -noise will be observed.

Suppose that the device in question has a time-varying bias condition with a
certain fundamental frequency. It would be nice to obtain a noise model which
can inhibit frequency-translated versions of its original noise transfer function
at other, or all harmonics of this fundamental frequency. We therefore define
the following noise model, which is based on a similar model proposed in [5].
The model is depicted in Figure 4.15. Assume a linear time-invariant (LTI)
system with a transfer function H (f). The spectral density of this LTI system
is given by S(f). The input to this LTI system is white noise ¢ (¢) with a spectral
density S(f).= 1. For 1/f-noise modelling, the transfer characteristic can be

k
H(f)= 77 (4.20)

The output of the LTI is fed into a modulator, which modulates the noise in
time with the bias parameter, i.e. the current through the device. The output
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Figure 4.15.  Noise model for time-varying bias conditions.

v(t) represents the noise at the output of the device. This means that in the time
domain we have

v(®) = FU[IH(HIP] - m(2) 4.21)

and in the frequency domain we have

- 2 Sym — L
S, N = IHOP® F [m@+ Dm(e - 2)] (4.22)

where ® is the convolution operator.

Let us first try to clarify the model in terms of a physical process. Sup-
pose the device for which the noise model must hold is highly non-linear in its
current-voltage relationship between input and output ports. As the equivalent
voltage/current noise levels are small, one can argue that the squared terms
directly resulting from the small noise amplitudes are negligible. However,
since the bias voltage/current is non-linear, this voltage/current has higher or-
der harmonics and the noise component should be multiplied by each of the
harmonics.Consider a MOS device as an example. The current can be taken
simplistically as a square function of the gate voltage (in the case of saturation).
However, the 1/f-noise is multiplied by the fundamental and each harmonic of
the drain current. These harmonics are caused by the square function. There-
fore, in this case, m(t) represents the drain current.

Assuming that the time averaged value of the time varying bias condition is
taken, then m(z) = m, and for 1/f -noise (4.22) becomes

&mfﬁﬂHUWﬁ#:%F (4.23)

which is the analysis strategy used by many simulators. This assumption means
that there is no 1/f-noise when only AC currents are applied to the electrical
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component. When this assumption does not hold, (4.22) must be solved in-
cluding the convolution operator. Assuming m(¢) represents the time varying
bias condition with fundamental frequency f., the Fourier expansion of m(t)
can be used to write

o0
m(t) = Y byexp(j2mkf.t) (4.24)
k=—o00
which, after some mathematical manipulations leads to an expression for the

nth order Fourier component as

2k —-n 2
> fo) (4.25)

Spt, )= ) bibui

k=—00

H(f -

The zeroth order component of the time varying spectral density for this cyclo-
stationary process is defined as

SS(t, Y=Y bib_i |H(f —kfel* (4.26)

=—00

which basically means that the 1/f-noise is spread around all harmonics of
the fundamental frequency f.. This model therefore seems suitable for noise
modeling in non-linear electronic circuits.

The following measurement set-up was used to identify any 1/f device noise
with only AC channel current. The mixer test circuit of Figure(4.12) was biased
so that two of the transistors were OFF and two were ON, with their gate voltages
set to 1.5V DC. Hence, only one of the two possible paths through the mixer
was active. DC blocking was performed using two series capacitors of 2.7
wF each. An external low noise instrumentation amplifier unit was employed
(EG&G 5113 on a battery power supply to suppress 50 Hz mains interference)
to raise the signal level to measurable values. The spectrum analyzer was an
HP 4195A, and the signal generator was a Marconi 2042. Passive LC low
pass filters with a corner frequency f,.=20 kHz were also used to avoid the risk
of undetected blocking and intermodulation in the measurement chain. The
complete measurement set-up is shown in Figure 4.16. Figure 4.17 shows the
measured spectrum when the gain of the LNA was set to 67.9 dB and the RF
input signal was set to —10 dBm at 40 MHz. The spectrum of the measured
output shows a 1/f dependency with a noise level of approximately —138 dBm
at 2 kHz. If this noise is indeed related to the channel current of the MOS
transistors, we should expect the measured level to be linearly related to the
input signal magnitude. Increasing this input level from —10 dBm to 0 dBm
and then to +5 dBm, we would expect the same level of increase in the noise at
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Figure4.16. Measurement set-up to investigate 1/ f-noise in a MOS device under time-varying
bias conditions.
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Figure 4.17. Measured noise spectrum at the output of the LNA. The lower trace is the white
noise spectrum of the equipment. The upper trace is the 1/f-noise spectrum of the transistors.
At 2kHz, the noise level is approximately -138dBm.

2 kHz. The measured spectra are shown in Figure 4.18; taking into account the
instrumentation LNA gain of 47.9 dB, we can observe the expected increase in
the noise levels. The measurements clearly show 1/f-noise behavior for the
transistors under a time-varying bias condition, without DC bias components.
Hence, passive mixers exhibit 1/f-noise, although this noise contribution is
small compared to the two other noise sources in a passive mixer.
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Figure 4.18. Measured noise spectrum at the output of the LNA. The lower trace is the 1/f-
noise spectrum of the transistors for 0dBm input signal, and at 2 kHz the noise level is approx.
—128 dBm. The upper trace is the spectrum for 5 dBm input signal with a noise level of approx.
—123 dBm at 2 kHz. ‘

1/f-Noise due to IF Amplifier

The passive MOS mixer cannot simply be treated in isolation, but must be
considered in the context of the associated receive path circuitry. The noise
associated with the first low frequency amplifier in the receive path is of partic-
ular concern, since there is only a modest degree of gain in front of it, and its
signal bandwidth may well also extend down to within the 1/f-noise range of
MOS devices. From a simple viewpoint, we might think that the effect of the
amplifier’s input noise should be calculated to be less than that of the thermal
noise (and 1/ f -noise) of the LNA and mixer, when referred back to the antenna.
The op-amp appears to be in a unity gain follower configuration, from the point
of view of its own LF input noise, since there is no LF path through the mixer
due to the AC blocking capacitors at the input. Hence, a simple scaling of the
input g,, and total gate areas should be sufficient to handle the problem.
However, things are not that simple in reality, and we must consider the
behavior of the subsystem more closely. To start with, the behavior of the
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Figure 4.19. “Passive” mixer; Switch ON period overlap due to effect of op-amp common
mode input level with respect to local oscillator common mode level.

mixer itself is affected by the common mode levels of both the local oscillator
drive signal and the two “virtual earth” inputs of the op-amp.

Ideally, the mixer performs an instantaneous reversal of the input signal paths
for the amplifier. At the frequencies of modern integrated wireless systems, the
local oscillator waveform clearly cannot approach a square wave, and so there
is a more gradual switch over, and the exact point of the crossover is not as
certain. The switch on/off points of the MOS devices also depend on several
other factors. Clearly, the LO waveform must exceed the turn-on voltages of
the MOS transistors, and this, in itself, is dependent on the threshold voltage
V; value and the potential at their source nodes, i.e., the common mode input
level of the op-amp. Taking these factors into account, it is now clear that the
on/off periods of the switches also depend on the common mode level of the
LO wave-form. The situation is set out graphically in Figure 4.19. If the LO
common mode value is below the ON voltage of the MOS switches, then at no
time will the reversing paths be on at the same time; however, if the common
mode is higher than the ON voltage, a crossover path will momentarily occur.
When this happens, there is a change in the feedback factor as seen by the input
referred noise source of the op-amp, shown in Figure 4.20.

Here we see the equivalent circuit at the instant of change over. The transfer
function from the input referred noise source to the output of the amplifieris now
determined by the ratio between R ¢j, and Ry,,, normally a small value. Clearly,
the feedback resistors must be large compared with the series impedance of
the mixer for there to be any gain for the signal path. During the crossover
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Figure 4.20.  “Passive” mixer; op-amp input noise gain during switch crossover.

periods, we may therefore expect the gain seen by the noise to be significantly
greater than unity. Values of the order of 20X to 50X are quite reasonable
during this time, making the 1/f-noise (and possibly also the thermal noise)
very significant.

This behavior was verified using the test chip and a proper measurement set-
up. In order to have a decent amount of equivalent input noise of the amplifier,
the obsolete CA3140% devices were used. The amount of noise generated
eased the measurement. The measured equivalent input noise was 30 nV/v/H?z.
A pseudo-differential band-limited transimpedance amplifier was constructed
using the discrete amplifiers, where the common-mode voltage was set to 0.75
V. The mixer was connected to the amplifiers and a DC bias was applied to both
of the LO input pins, to set all of the mixer transistors either to ON or OFF.
The DC level of the LO signal is set to 1.0 V, reflecting the OFF state of the
mixer (1.0 < 0.754-0.5). The gain of the LNA (see Figure 4.16) is 2500 times.
Figure 4.21 shows the measured noise spectrum at the output. The calculated
on-resistance of the mixer is 120 k2, and the gain of the noise is 1.33, which
is indeed small, as expected.

Figure 4.22 shows the output with the DC bias at the LO ports increased to
1.6 V, i.e. the switches are now ON, and the significant noise increase can be
clearly seen. Increasing the DC level indeed increases the noise levels at the
output, reflecting an increase in gain and therefore a decrease in resistance of

2The CA3140 is an operational amplifier, made in an old technology, having high noise levels.
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Test circuit noise with LO DC bias set to 1.0 V (MOS switches OFF) (LNA gain
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the transistors in the mixer. The resistance is calculated to be 172 €, yielding
a gain of 233 times.

We can see that proper settings of the common mode voltage and the LO
DC drive are mandatory to keep the noise levels low. This behavior can also be
observed under dynamic conditions.

Verification of this noise amplification mechanism under dynamic conditions
required a differential LO input variable amplitude, whose DC common mode
could be adjusted with respect to the op-amp virtual earth levels, and hence
with the turn ON points of the MOS switches. This was achieved using a signal
generator (Marconi 2032), a balun (H-183 — 4, 30 — 3000 MHz) and a bias tee.
The effective overlap of the LO could be set by adjusting the common mode
and the input amplitude. For the measurements, the same common mode DC
level was used at the transimpedance amplifier (0.75 V). The LO frequency was
set to 500 MHgz, and filtering to select the baseband region was achieved in the
instrumentation LNA as well as with the external filter. The results are shown
in Figure 4.23 and Figure 4.24.

Further verification can be obtained by noting that the peak signal in Figure
4.24 is 2 V, this same maximum gate drive can be achieved in a non-overlapping
fashion by using a larger LO amplitude on a lower common mode DC level.
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Figure 4.25 shows the noise observed with the DC level set to 1.2V but the
amplitude raised to 1.6 V,,. The measured noise drops from 2300 . V/«/Hz
to 870 uV/«/Hz at 992 Hz, roughly 2.6 times lower, confirming the effect of
the overlap compared to simple maximum drive.

From a design point of view, the obtained results are significant. A mixer
is normally designed for high linearity, and hence the mildly non-linear switch
ON resistance is made low compared with the other impedances. However,
when the LO drive levels are such that there is any cross-over within the mixer,
low resistance switches exacerbate the noise gain problem. Clearly, care must
be taken to ensure that L.O signals are non-overlapping. Hence, the DC level
of the LO signal should be chosen carefully with respect to the common mode
level of the following amplifier input. However, the required drive voltage is
also important; lower common mode DC levels at the LO port demand larger
AC swings to achieve the same turn ON resistance, making additional demands
on the VCO design.

1/f-Noise due to Switched-Capacitor Behavior

Consider the network when all the parasitic capacitances are included. There are
the MOS switch source/drain-substrate junctions, the parasitic term to ground
for the coupling capacitors, and some wiring terms. The drive from the LO can
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be considered as the equivalent of a switched capacitor network, with the signal
storage due to these elements, and the signal in question being the op-amp input
referred noise - mostly 1/f type in this case. Figure 4.26 shows the principle.

From inspection, it is clear that there will be larger parasitic capacitances
Cpar present with larger MOS switches, leading to larger samples of noise
being stored. As a consequence, there will be a lower equivalent resistance
through the mixer as seen by the op-amp, and thus the amplification factor will
be increased. In addition, as the 1.O frequency f} ¢ is increased there will also
be an increase in the rate of transfer of the sampled noise, and hence a lower
equivalent resistance, and similarly a higher noise gain, since the equivalent
crossover resistance is:

1

Ry=——
“ CpurfLO

The experimental set-up was similar to that in the previous experiments. The
op-amp common mode input level was set to 0.75 V, the LO common mode
was set to 1.2 V (to ensure no overlap) and the LO amplitude was set to 1.79
Vpp (+3 dBm at the generator). Capacitors of 6.8 pF and 15 pF were used. For
each capacitor value, the LO frequency was varied from 30 MHz to 240 MHz.
A few measurement results are shown in Figure 4.27 and Figure 4.28.
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Figure 4.28. Op-Amp noise amplification due to SC effects. Cexs = 6.8 pF, LO Frequency =
120 MHz, LO DC=1.2 V, LO amplitude = 1.79 Vp, (+4 dBm), LNA gain = 1000.

All the measured results are colated and in Table 4.1.The results in Table 4.1
show that, within the tolerances of the measurement system, the expected trends
in the increase of noise with both capacitance and LO frequency are confirmed.
Once again, we can see that if large devices are used in the mixer to achieve
good linearity, then there is a noise penalty to be paid.

Table 4.1. Measured noise level in 'V /+/ Hz for several settings of the frequency and capaci-
tances.
fMHz) C=68pF C=15pF

30 0.4 0.88
60 0.88 1.6
120 2 4
240 3.5

4.3.3 Concluding Remarks

These studies have reinforced the view that in an integrated low or zero IF
receiver chain, the mixer, LO drive and first IF amplifier must be considered
together as a complete subsystem.

The use of passive mixers as a means of achieving good 1/f-noise perfor-
mance has been critically examined, as have several design issues. In addition
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to the obvious input referred noise of the IF amplifier, we have shown that the
ON-resistance of the mixer, the common mode voltage of the amplifier, the
mean DC level of the LO signal and the LO frequency are all important in
determining the noise performance.

The following observations can be made:

1. A passive MOS mixer has 1/f-noise, even when there is no DC passing
through the transistors

2. Increasing the size of the MOS switches increases the overlap capacitances,
and hence RF currents due to the LO circulating in the mixer. Therefore the
noise will increase.

3. The input referred noise of the first IF op-amp can be strongly amplified if
the LO signal causes the opposing mixer paths to be ON at the same time.
This is a direct function of the common-mode DC level in the mixer (as
set by the IF op-amp) and the mean DC of the LO drive. It is not a strong
function of LO frequency.

4. Using larger MOS switches in the mixer increases the noise amplification
if this crossover takes place.

5. Even if the LO drive does not allow the switches to be ON at the same
time, the IF op-amp noise can also be amplified by a crossover path arising
from switched capacitor action in the mixer. The use of larger MOS switches
increases the parasitic capacitances present, lowering the effective resistance
of the crossover path, and hence increasing the noise gain. This effect
increases directly with increasing LO frequency.

6. These noise gain effects are also modified by the output impedance of the
LNA driving the mixer.
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Chapter 5

RF power amplifiers

The last stage in a transmitter path is the power amplifier (PA). No more signal processing
takes place after the PA, thus putting stringent demands on the PA. Furthermore, efficient
RF PAs are highly desirable in battery-operated systems, since PAs typically dominate
the power consumption of the system. This chapter focuses on the design of bipolar and
MOS PAs and discusses principles to improve the linearity of a PA.

5.1 SPECIFICATION

In an RF front end, the last step between up-conversion of the baseband signal
to the radio frequency and the antenna is amplification of the RF signal. One
or more levels of delivered power to the antenna have been specified for each
telecommunication standard. For instance, for the Bluetooth wireless standard,
transmit class 2 refers to 0 dBm output power, while for UMTS, the specification
is 24 dBm. The latter specification means that the amplifier must deliver a
serious amount of power to the load (i.e. the antenna), hence the commonly
used name power amplifier.

5.1.1 Efficiency

When a specification reads that an output power P,,; must be delivered to the
load, the amplifier itself must generate much more power. The front end will
normally be followed by a diplexer or duplexer with some losses (~ 3 dB) that
must be overcome by the power amplifier. Furthermore, the amplifier has a
certain efficiency n; it costs power from the supply line to produce power at the
output node. Define the DC input power as Ppc and the RF output power as

145
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Figure 5.1.  Simplified output stage of an RF power amplifier

P,, then the output efficiency is defined as

_ P()
Ppc

n 5.1
A more realistic measure of efficiency is the power added efficiency (PAE) that
takes into account the amount of power that is delivered to the input, P;,,

pag = Lo = Pin _ n (1 - i) (5.2)
P DC G 4

where G, is the power gain. Nowadays, amplifier efficiencies range from

35% to 55%. Consequently, for a specification of 0 dBm delivered power, the

amplifier should be able to dissipate 5dBm. When considering battery-operated

handheld sets, the power efficiency of the amplifier is definitely a main concern.

5.1.2 Generic Amplifier Classes

Power amplifiers can be divided into classes based on their achieved efficiency
[1], [2], [3]. Consider the simplified NMOS power amplifier of Figure 5.1. The
behavior of the amplifier is determined by the input signal, the load impedance
and conduction angle. The six most well known classes will be discussed briefly
with reference to Figure 5.2.

» Class A. The transistor of the amplifier is biased and driven so that it is
always in active mode. In this way, the distortion will be small at the cost
of large currents and voltages. This latter aspect results in a high power
consumption, reducing the efficiency of the amplifier. This is even more
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true because the amplifier consumes power when there is no output signal.
The maximum theoretically obtainable efficiency is 35% for resistive load
and 50% for inductive load.

Class B. To increase the efficiency, the transistor can be made active only
half of the time, at the cost of an increased distortion. To still have low
distortion levels, the bias currents are chosen to be small and the transistor
is normally in its saturation mode instead of in the linear mode [4], {5].

Class C. A further increase in efficiency can be obtained by leaving the
transistor unbiased and driving it far into linear mode. Class C is usually
considered when the conduction angle of the transistor is smaller than 180
degrees. The transistor is still operating as a current source. The efficiency
is depends on the conduction angle and as the angle reduces the efficiency
increases. However, a reduction in conduction angle means that the current
drive capability is reduced, resulting in a lower output power. Theoretically,
a conduction angle of 180 degrees, i.e. Class B, gives 78.5% efficiency.
A conduction angle of 90 degrees gives an efficiency of 90%. The output
signal does not follow the input signal, the amplifier behaves non-linearly
and the distortion levels are high. This type of amplifier can be used in the
case of frequency modulated signals. To obtain a reasonable output sine
wave, the single transistor amplifier is loaded with an RLC tank, where the
R represents the load, i.e. the antenna input impedance.

Class D. The difference between Class C and D lies in the fact that Class D
uses at least two transistors, but neither is forced to simultaneously support
both voltage and current. In theory, one can reach 100% efficiency, but in
practical applications the efficiency is comparable to Class C. The disad-
vantage of class D compared to Class C is in the synchronization of the two
(or more) switches.

Class E. Basically, a resonance network is used to allow switching when
the voltage is low [6]. More precisely, the switching device, i.e. the power
transistor, becomes active when the slope of the voltage and current are both
almost zero or almost zero. Consequently, even with mis-timing, the loss
is low and therefore high efficiency rates can be achieved. The resonance
network is placed between the output of the transistor and the load, and the
resonance frequency is at the fundamental RF frequency. The drawback of
this approach is the sometimes extreme output peak voltage. This class of
operation is most often used in RF mobile transmitters [7], [8].

Class F. If we combine the single switch of Class C with the square wave
voltage approach of Class D, we obtain Class F. A resonance circuit at
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Figure 5.2.  Classes of power amplifiers with characteristic waveforms.

the third harmonic of the RF frequency is placed at the output of the single
transistor to flatten out the voltage and “shape” it like a square wave voltage.
Class F can also be considered as Class B with resonances on both the
fundamental and the third harmonic, shaping the voltage waveform to a
square waveform.

The classes discussed can also be related to the conduction angle and input
signal overdrive. This is indicated in Figure 5.3. For small input signals, the
RF PA of Figure 5.1 can operate in class A, AB, B or C, depending on the
conduction angle. The conduction angle is determined primarily by the DC
gate bias. The efficiency can be improved by reducing the conduction angle
and moving in the direction of class C at the expense of lower output power.
An alternative is to increase the gate overdrive until the PA operates as a switch,
while keeping the same conduction angle.
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Figure 5.3.  Definition of PAs based on conduction angle and signal overdrive.

5.1.3 Heating

Frequent battery operation is one obvious reason behind the need to increase
power efficiency. The higher the efficiency, the longer the standby time and talk
time. One other important reason to search for optimal efficiency is the heating
problem . The maximum output power is preferably not limited by the heat it
can dissipate. The ratio between the maximum output power and the dissipated
power is /1 — n. Suppose a power transistor is able to dissipate 1 W safely,
without any heating problems. When the device is used in a Class A operation,
the maximum output power is 0.54 W. However, if the device operates in class
C, the maximum output power becomes 3 W, but at the same heating. A much
larger output power with the same heating constraint is therefore possible in
Class C compared to Class A.
The thermal resistance is defined as

T, —T.

= 53
! Pdiss ( )

where T is the maximum peak junction temperature and T, is the case tem-
perature, normally 25°C. Parameter 7, is determined by the reliability of the
transistor in the process. From T}, T, and 6. the maximum Py;,, is calculated.
The parameter ;. is less in a ceramic package than in a plastic package. The die
in a ceramic package can therefore have a higher Py, than in a plastic package,
in both cases T, being the same. For plastic packages the maximum tempera-
ture is 150° to 175°C and 200°C for ceramic, assuming that T; is higher. It is
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important to notice that the thermal resistance of a power amplifier depends on
the layout of the chip (number of active areas), the thickness of the silicon chip
(100 — 200 pm), the die attachment process, and the thickness of the package.

5.1.4 Linearity

Some telecommunication standards modulate the data in the frequency domain,
like the GFSK modulation scheme used in Bluetooth, for instance. For the
amplifier, the output amplitude does not have to follow the input amplitude;
non-linear amplification is allowed. However, other standards only modulate
the data or also modulate it in the amplitude domain, (see UMTS with the
3/87-QAM modulation scheme, for instance). It then becomes important for
the amplifier to be linear; the amplitude information may not be distorted. We
have already touched on the fact that linearity becomes an issue in the case of
amplitude modulated signals. The trade-off between efficiency and linearity for
the simplified amplifier of Figure 5.1 is determined by the gate voltage V;,,. The
output drain voltage V; is a linear relation of V;, in the case of class A operation.
The power dissipation is found tobe P = V- 1,;, where I, is the current through
the device. In this case we have a highly linear, low efficiency power amplifier.
Increasing the gate overdrive will reduce the power dissipation. The transistor
then acts as an on-off switch and, assuming there is no overlap between the drain
current and the voltage, the power dissipation becomes zero, and is therefore
100% efficient. However, the output voltage and current are distorted square
waves and the amplifier is therefore no longer linear. A switched mode amplifier
will be highly efficient, but also highly non-linear.

A non-linear amplifier causes amplitude modulation to amplitude modulation
(AM-AM) behavior for an amplitude modulated input signal. Assume we can
model the amplifier’s gain as

A=a;+a Vi, (t) + a3 V2 (1) (5.9

The amplitude of the input signal will also be amplified with the higher order
coefficients, resulting in

Vi=AViu(t) = a1Vip(t) + @ VE(@) + a3 V3 (1) (5.5

and thus AM-AM behavior occurs. If the coefficients are complex, amplitude
modulation to phase modulation (AM-PM) behavior will also occur. These two
behaviors obviously should be minimized to allow proper detection of the real
amplitude information.

A specification which is closely related to linearity is the adjacent channel
power ratio (ACPR) . This specification defines the amount of power transmitted
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at a certain offset frequency P (Af), normally the adjacent channel, compared
to the power transmitted in the channel of interest, P

ACPR(Af) =

(5.6)
P (Af)

For the EDGE cellular standard, at an offset of 30 kHz, the maximum allowed

transmitted power is —30 dB, while the transmitted power is set to 0 dB, yielding

an ACPR of 30 dB. Obviously, the more non-linear the amplifier, the higher the

power levels in adjacent channels will be due to the cross modulation.

5.1.5 Ruggedness

Ruggedness is the ability to withstand electrical overstress without failure or
degradation. The ruggedness is normally tested under some prescribed condi-
tions: output overvoltage, input overdrive and mismatch load conditions. For
bipolar RF power amplifiers, the two main techniques known to improve the
ruggedness of the circuit, are collector ballasting and emitter ballasting. The
former technique uses a thicker collector epitaxial region to support collector
base depletion. This results in series resistance under each active area before
these active areas are connected in parallel by the low ohmic substrate. There
is consequently more voltage drop over, and better current distribution through,
the active area. The price to pay is a decrease in efficiency. In emitter ballasting,
several lumped resistors are added on each emitter site before they are placed
in parallel. The effect is a lower gain but higher collector-emitter saturation
voltage.

To obtain reasonable efficiency figures and high linearity, we can apply lin-
earization techniques. Conceptually we can use a highly non-linear amplifier
to amplify the phase information. The amplitude information is added by mod-
ulating the power supply of the amplifier or by adding in phase shifted signals.
One other approach is to pre-distort the input signal to correct for the non-linear
behavior of the amplifier. A few possible implementations of these approaches
will be discussed in the following sections. We will start with the discussion
on silicon integrated RF power amplifiers.

5.2 BIPOLAR PA DESIGN

Monolithic RF power amplifiers have traditionally been the territory of GaAs
technologies. Recently, efforts have been made to design power amplifiers for
the lower mobile-phone frequency band using Si technologies. It is the GSM
bands at 900 and 1800 MHz that are the first targets here [9], [10]. Although
some of the designs are still hybrid solutions, the demands are for monolithic
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implementations of the power amplifiers in standard bipolar processes. The
advantages are clear: low cost and ease of integration with other mainstream
Si-based circuits. In this section we discuss a monolithic silicon-based power
amplifier [11]. The application field is the USA PCS-CDMA standard. The
modulation scheme of the CDMA system requires the PA used in the handset
to be highly linear. This makes it very challenging to design a highly efficient
monolithic PCS-CDMA PA using Si technologies, due to their inherently high
substrate loss and parasitics.

A simplified schematic diagram of a standard biased PA is shown in Figure
5.4. The PA consists of two common-emitter stages (Q0 and Q1). The output-
matching network consists of capacitors C3 to CS5, inductors L2, and two
transmission lines (CPWs). The input matching network consists of capacitors
C6 and C7 and a transmission line (CPW). In Figure 5.4, Lgnd]1, Lgnd2 and
Lgnd3 are ground inductors from bonding wires. L1 and L2 are off-chip
inductors. The interstage-matching network consists of an on-chip capacitor
C1 and the off-chip inductor L1 realized using a bonding wire and a PCB trace.
C2 is an on-chip bypass capacitor.

This biasing scheme for Q1 provides a near-constant low-frequency (1 MHz)
small-signal impedance presented at the base of @1, and a nearly linear control
of the collector’s quiescent current of Q1 as shown in Figure 5.5 where Rb2 =
15 2. When Q0 and Q1 are biased into class AB operation, however, its large-
signal RF impedance presented at the base of Q1 at 1.9 GHz is capacitive,
and is much larger than its counterpart as shown in Figure 5.6. Also shown in
Figure 5.6 is the PAs output power versus RF input signal levels. We can see
that the two-stage PA starts to saturate at the output power close to 600 mW.
This is due to the fact that as the output power increases, the average voltage
drop across the bias impedance increases. This, in turn, causes a reduction in
the base-emitter voltage of Q1 and therefore pushes it into saturation [12].

Figure 5.7 shows a simplified schematic of a PA using an impedance-
controllable biasing scheme to bias Q1. It is identical to the PA shown in
Figure 5.4 except for the biasing scheme for Q1. The biasing scheme com-
prises two current-mirror subcircuits: one consisting of transistors 02, Q4 and
Q7, and the other consisting of transistors Q5 and Q6. If Iclass and I bias are
chosen correctly, this biasing scheme is capable of providing independent con-
trol of bias impedance and class of operation of Q1. Whereas Ibias controls
the output impedance of the bias circuit, /class controls the quiescent current
of the output stage. This proposed biasing scheme allows the output stage to
be adjusted for optimum efficiency and linearity.
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Figure 5.4.  Simplified schematic of the power amplifier.
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Figure 5.5. Quiescent current of 01 and small-signal impedance (1 MHz) of the conventional
biasing scheme as functions of Iclass (Rb2 = 15 Q).

Its mechanism of controlling the quiescent current is explained below. Ne-
glecting base currents, we have

Vbe(Q1) + Vbe(Q3) + V(Rb2) = Vbe(Q2) + Vbe(Q4) + V(Rb3) (5.7)
and since Q2 and @3 have the same current, we then have

Vbe(Q3) = Vbe(Q2) (5.8)
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Figure 5.7.  Schematic of the PA with an impedance-controllable biasing scheme.
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By choosing Rb2 and Rb3 properly, this leads to
Vbe(Q1) = Vbe(Q4) ' (5.9)
when
V(Rb2) = V(Rb3) (5.10)

The current flowing in Q6 must flow in Q5 and Q4 because Q5 and Q6 form
a current mirror. Since I class controls the current flowing in 06, it therefore
dictates the quiescent current in Q4 that in turn controls the quiescent current
in the output transistor Q1. The mechanism of /bias’s controlling the output
impedance of the biasing circuit can be explained in a similar fashion. By
properly scaling the emitter area ratios between transistor pairs, we can readily
control the quiescent current of the output stage and the output impedance of
the bias circuit. This helps us to optimize the efficiency of the output stage
while maintaining the required linearity.

Figures 5.8 and 5.9 show the collector’s quiescent current of Q1 and low-
frequency (1 MHz) small-signal impedance of the impedance-controllable bi-
asing scheme presented at the base of the output stage as functions of /class
and I bias. For simplicity, Rb3 is set to zero (Rb3 = 0) in this analysis. We can
see that the control current Iclass in both biasing schemes has a similar effect
on the quiescent current of Q1 and the bias impedance: there is near-constant
bias impedance and nearly linear control of the quiescent current. Further-
more, the control current I bias provides an additional means to adjust the bias
impedance, and only slightly changes the quiescent current.

It is of more interest to see its large-signal impedance presented at the base
of Q1 at 1.9 GHz. Figure 5.10 shows the RF impedance of the impedance-
controllable biasing scheme and the output power, as a function of the input
signal level. For a fair comparison, the sizes of Q0 and Q1 and the bias
conditions have been set identical to those for the PA discussed above. There
are several advantages of using the impedance -controllable biasing scheme.
Firstly, it presents low impedance at the base of Q1. Secondly, its large-signal
impedance is inductive and not far off from its low-frequency small-signal
values. This helps interstage matching by cancelling part of the capacitive base
impedance of Q1. Thirdly, it helps increase output power due to its low RF
impedance. As seen in Figure 5.10, the PA only starts to saturate at the output
power close to 1 W. This is a significant improvement over that of the PA with
the conventional biasing scheme.

The PA with the impedance-controllable biasing scheme was implemented
in a Philips BICMOS process (QUBiIC3) featuring 30 GHz f; NPNs, 0.5 um
CMOS and high value poly resistors. The emitter area of Q1 is 128 times
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Figure 5.8.  Quiescent current of Q1 and small-signal impedance (1 MHz) of the impedance-
controllable biasing scheme as functions of Iclass (Rb2 = 15 Q, Ibias = 3 mA).
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Figure 5.9. Quiescent current of 01 and small-signal impedance (1 MHz) of the impedance-
controllable biasing scheme as functions of Ibias (Rb2 = 15 Q and Iclass = 3 mA).

0.7umx20.2pm. A photomicrograph of the die with an area of about 0.9 mm?
is shown in Figure 5.11. The PA was first tested at 1.9 GHz using a three-stub
tuner in the output to benchmark its performance. Both the input and output
stages were biased in a class AB operation. The PAs ACPR and PAE versus the
output power are shown in Figure 5.12. A spectrum analyzer from Rohde &
Schwarz was used in the ACPR measurements. With the output matched using
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Figure 5.11.  Photomicrograph of the die.

the tuner, the PA delivers 28.1 dBm output power with 24.5 dB gain, 31.5%
PAE and —45 dBc ACPR. It is worth noting that in this PA, there is a valley
with quite a steep slope in the ACPR curve. This indicates that we can improve
ACPR margins with a slight back-off from the highest output power level.
The tuner was then replaced by surface-mount components on the FR-4
test board. The PA was again tested at 1.9 GHz with a slightly lower base



158 CIRCUIT DESIGN FOR RF TRANSCEIVERS

PCS CDMA PA with a Tuner

40.0 z—»—— -45
30.0 L 50

- >
£ 2
w 20.0 -55 X
< : =
10.0 -60
ACPR _Up 1
: PAE ]
00 b e 1 85
5 10 15 20 25 30
Pout (dBm)

Figure 5.12.  Measured ACPR and PAE of the PA with the tuner.

bias voltage for the input stage to enhance its PAE. Iclass and Ibias were
readjusted to compensate drops in PAE and gain due to the insertion loss from
the surface-mount components. The PAs ACPR and PAE versus the output
power are shown in Figure 5.13. With the input and output matching networks
using the low-cost surface-mount components on the FR-4 test board, the PA
delivers 28.2 dBm output power with 21.5 dB gain, 30% PAE and —45 dBc
ACPR. The same steep slope can be seen in the ACPR curve near the peak output
power level. At lower output power levels, there is a peak almost reaching the
ACPR limit (—45 dBc) in the ACPR curve due to the lower bias in the input
stage.

Figure 5.14 shows an actual ACPR measurement of the PA matched with the
surface-mount components at its highest linear output power level. A 10 dB
attenuator and a coaxial cable were used in the output. Their combined mea-
sured attenuation is 10.8 dB. This attenuation plus the reading of 17.45 dBm
channel power adds up to 28.25 dBm output power. We can see that whereas
the ACPR reaches its specified limit of —45 dBc, the alternate-channel-power
ratio has large margins over its specification of —56 dBc. The effectiveness of
the impedance-controllable biasing scheme has been verified in these measure-
ments.

In this section, we have shown that it is possible to design a linear power
amplifier in standard Si-technology. A monolithic Si PCS-CDMA power am-
plifier was designed which was capable of delivering 28.2 dBm output power
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Figure 5.15.  Class AB power amplifier schematic.

with 30% power-added efficiency (PAE) and —45 dBc adjacent-channel-power
ratio (ACPR) at 1.9 GHz and 3.6 V supply voltage. The PA was implemented
in a 30 GHz BiCMOS process.

5.3 CMOS PA DESIGN

We have seen in the previous section that monolithic Si bipolar power amplifiers
are capable of delivering output powers in the range of 25 dBm to 30 dBm. Many
wireless LAN standards require, however, lower output powers. The Bluetooth
communications protocol, for instance, has three classes of transmitter power
requirements: Class 1 (20 dBm), Class 2 (4 dBm) and Class 3 (0 dBm). The
low radio power requirements for this protocol have prompted heavy research
interest in the area of using CMOS to implement the RF power amplifier.

We will demonstrate a CMOS RF power amplifier capable of meeting the
requirement specifications of the Bluetooth Class 1 standard [13]. Since Blue-
tooth employs a constant envelope modulation scheme, we have focused on
achieving the required high saturated power while maximizing PAE. We have
set our goal to attain 20 dBm saturated output power with a gain of 20 dB and
an associated PAE of more than 35%.

We have employed a single-ended two-stage common-source topology with
on-chip interstage matching for the design of our power amplifier (Figure 5.15).
For accurate simulation purposes, we have used the RF MOS transistor models
as discussed in Chapter 1.

The supply voltage limit is 2.5 V for the 0.25 um CMOS technology. In the
design enough headroom has been alloted to allow for process/chip assembly
variations. This headroom is realized by designing the PA to achieve a required
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Figure 5.16. Simulated PA performance without taken into account the pa'rasiticé due to the
layout process.

output power of 24 dBm at 2 V supply. A 1.5 mm output stage biased close
to class A region has been used along with a 0.5 mm driver biased in deep
class AB region. These transistor dimensions are needed to deliver the output
power at a 50 Q load impedance. Meeting the above specification would allow
direct interface on the same chip to the 0 dBm transceiver to meet the Class 1
transmission requirements. For a cost effective solution, we have minimized the
number of off-chip components and also avoided a flip-chip configuration. The
ground inductance on the MOSFET sources due to the bond wires was set at an
achievable value of 0.2 nH for both stages while performing these simulations.
Resistive gate biasing is adopted to prevent unwanted oscillations. We have
used the bondwire inductance for the driver stage drain connection along with
an on-chip ring capacitor structure to provide the interstage matching. Input and
output matching was done using lumped element components for simulation
purposes.

The simulated performance of this two stage design at 2 V supply voltage
is shown in Figure 5.16. The design can provide 31.5 dB of small-signal gain
and a saturated power of 24 dBm can be obtained with 55% PAE.

Special care has been taken to generate the layout of the chip. Both the driver
and output stages have been built up from a 20 finger interdigitated unit cell of
width 250 um resulting in a gate finger length of 12.5 um (see also Chapter
1) . The substrate is tied to the source of the unit cell to prevent any substrate
bias effects. The RF signal path is kept as short as possible between the stages
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Figure 5.17.  Ring capacitor top and side view. B denotes node A and O represents node B.

and multiple ground pads are used to minimize the ground inductance from
bondwires for the stages.

The 10 pF interstage matching capacitance has been formed with five 2
PF unit capacitors. We have designed a ring capacitor instead of using the
multilayer fringe capacitor structure as discussed in Chapter 1. The ring shaped
structure minimizes the occupied chip area (Figure 5.17). The ring capacitor
utilizes both the cross-over capacitance and the fringe capacitance between
multi-level interconnect metals in minimum geometry configurations in our
CMOS technology to achieve a high capacitance density (2 to 3 times) compared
to a conventional metal-sandwich structure.

Post-layout simulation results, which include the effect of parasitic capaci-
tances extracted from the layout are shown in Figure 5.18. As seen from this
figure, the most prominent effect of the parasitics is a degradation in the small
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Figure 5.18.  Post-layout simulation results.

signal gain by almost 5 dB due to extra gate-drain capacitance for the two stages
from the layout. However, the original saturated power and PAE can still be
obtained using a higher input level.

The power amplifier was fabricated in a five metal level 0.25 um low resis-
tivity substrate (0.01 €-cm) CMOS process. The silicon was thinned down to
280 um to help reduce the ground bondwire lengths. The die was then bonded
to the PCB using a conducting glue which also provides a well defined ground
to the backside of the chip. Bond wires were used to connect the bondpads to
the respective traces on the PCB as shown in Figure 5.19.

Large signal loadpull measurements were then performed on the power am-
plifier using a Focus Microwaves Loadpull system. Figure 5.20 shows the
measured output power and gain at 2.4 GHz for the power amplifier as a func-
tion of the input power level for three supply voltage levels. It can be seen that
the saturated output power of 22 dBm for a supply voltage of 2 V is about 2
dB lower than simulated results with an associated PAE of 47%. This is due
to a higher than designed value for the drain bondwire inductance of the driver
along with a slightly undersized driver stage which results in a premature power
gain drop-off. Both of these shortcomings can be easily remedied by a simple
redesign of the PCB and an increase in the size of the driver stage. For the
current design, at a supply voltage to 2.5 V, we can achieve a saturated output
power of +24 dBm. The output stage and the driver draw supply currents of
184 mA and 28 mA respectively at this output power level resulting in an asso-
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Figure 5.19.  Photomicrograph of the die, while mounted on the PCB.
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ciated PAE of 48%. This is the same as the total drain efficiency since the gain
of the circuit is larger than 20 dB. A plot of the saturated output power and the
associated PAE is shown in Figure 5.21 as a function of the supply voltage.

Issues of significance in the area of RF CMOS power amplifier design in-
clude catastrophic gate oxide breakdown and the effect of hot carrier induced
device degradation on the RF performance of the amplifier. The hot carrier
effect is a phenomenon where under high electric fields near the drain, the
channel electrons can cause damage to the Si-SiO2 interface thereby increasing
threshold voltage, decreasing transconductance and degrading MOSFET per-
formance. So far, CMOS RF power amplifier papers have not reported on the
hot carrier effect even though they are operated at DC+RF voltage levels ex-
ceeding the recommended DC limit. Although DC/transient reliability testing
has been performed to study hot carrier induced degradation [14], [15], [16],
there have been no studies on hot carrier effects under large signal steady state
RF operation in CMOS.

We have studied the effect of hot carriers on the saturated output power of
the designed power amplifier. The supply voltage limit for this technology
from a hot carrier standpoint is 2.5 V DC. We operated our power amplifier at
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Figure 5.22. RF Hot Carrier reliability measurement.

Vdd=2.25 V to deliver 23 dBm initial output power. However, under saturated
large signal operation, the instantaneous RF voltage swing at the drain of our
transistor can reach upto 4.5 V (2 times V), well exceeding the DC limit for
this technology.

As seen from Figuore 5.22, there is no catastrophic destruction of the power
amplifier. However, output power of the amplifier decreases with an exponential
time constant indicative of classical hot carrier degradation and levels off after
about 70 hours of testing indicating that all the created trap sites at the interface
have been filled by electrons. The original performance can be recovered by
increasing the gate bias. This indicates that the degradation is mainly due to an
increase in threshold voltage of the MOSFETs. An increase of the gate bias by
0.2 V results in a Pout of 22.9 dBm and a PAE of 46.5%.

5.4 LINEARIZATION PRINCIPLES

Several linearization techniques have been developed over the past few years
to enhance the linearity of existing power amplifiers. Linear power amplifiers
have become important, mainly due to the use of spectrally efficient modulation
schemes, where the envelope is varying. The need for multi-carrier base-station
transmitters instead of single-carrier base-station transmitters also raised the
need for linearization techniques. Multi-carrier systems are more flexible and
have lower costs than their single-carrier counterparts.
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Figure 5.23. Examples of the basic linearization techniques additive and multiplicative correc-
tions.

There are basically two principles for linearization: feedforward or additive
correction and feedback or multiplicative correction. Both techniques are shown
in Figure 5.23. In additive correction, the correction unit (CU) produces a
signal equal to V,,, = —V,,, assuming that V;;;, = A -V, + V,,, and A is
the gain of the power amplifier. Consequently, the output signal is the linear
amplified input signal. The main drawback of this technique is that the summing
of signals takes place when the signals have been amplified. Summing of
high powers or voltages/currents is therefore needed, but is often difficult to
realize. Because additive correction is a feedforward loop, PA and CU must
track each other, meaning that one must monitor the PA and adapt the CU when
necessary, otherwise the summing will be on the wrong signals in time. An
advantage of this technique is the fact that the order of the total non-linearity does
not increase. This is in contrast to multiplicative correction, where the order
increases, because the CU is now in front of the PA and thus the non-linearity of
the CU is also amplified. The output signal is determined by V,,,, = F(V;,)- A
and, if F is implemented as a feedback loop, we obtain F = (V;, — kV,,,)
where k is the feedback gain.

It is worth noticing that, assuming a fixed maximum output power, lineariza-
tion gives lower efficiency values than when no linearization techniques are
used. Another important parameter is the adjacent channel power ratio, reflect-
ing the unwanted amount of power which is delivered in the adjacent channel.
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Figure 5.24. Schematic block diagram for predistortion in the RF domain and for modulation
predistortion at IF or baseband.

If we fix this ratio, linearization techniques give better efficiency and allow
higher output powers.

In the following sections, we will discuss a few promising linearization tech-
niques, such as predistortion, phase-correction and envelope elimination and
restoration (EER). The list of examples is not exhaustive, but it gives a good
overview of the state-of-the-art in RF power amplifiers and transmitter concepts.

5.4.1 Predistortion Technique

The basic idea behind predistortion is to distort the signal with the image of the
spectral distortion behavior of the power amplifier. Amplifying this predistorted
signal using the PA results in a clean spectral output signal. This approach was
proposed by Stapleton [17]. The simplest method would be to use a non-linear
device in front of the amplifier, to produce the inter-modulation products in
anti-phase to those of the amplifier in open loop configuration. This non-linear
device can be placed in the RF part of the transmitter, and we refer to this princi-
ple as RF predistortion (see Figure 5.24). The advantage of RF predistortion is
in the simplicity of the circuits needed at the cost of limited performance. Due
to the wide band operation, both the intermodulation and harmonic distortion
can be tackled. As can be seen in Figure 5.24, the predistortion can also be
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Figure 5.25.  Block diagram of baseband predistortion.

applied at IF or baseband, and is as such referred to as modulation predistor-
tion. In general, the predistortion works on complex signals and reduces the
inter-modulation harmonics. The main advantage is that the correction can be
done in the digital domain, resulting in low power consumptions. If the PD is
applied to the base band signal, and thus to the I and Q path, this technique is
sensitive to gain and phase unbalance. DC offset in the quadrature modulator
also influences the performance. If the PD is applied at IF, and thus after the
quadrature modulator, the imbalance of gain and phase do not play a significant
role. However, a costly IF and/or RF filter is required to shape the spectrum.

Let us assume that complex baseband predistortion is applied to linearize
the power amplifier. A possible block diagram is shown in Figure 5.25, where
different non-linear functions have been used for the in-phase and quadrature-
phase. The predistorter creates a signal V;,(¢), the distorted version from the
modulated input signal V;,(z). The output of this signal due to amplification
is V,.:(t), and this signal is fed back to the baseband by means of a bandpass
filter (BPF) to separate the out-of-band signal power from the wanted signal.
The out-of-band power is then averaged by the power detector and used by the
controller to generate the predistortion correction signals F; and F;, both also
depending on the magnitude of the input signal. Assume

Fi(t) = fu + fisx@) + fisx*(2) 5.11)
Fy(t) = for + fa3x(t) + fasx*(2) '

where

x(8) = v (D)) (5.12)
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The controller controls the values for fi; to f>s. The predistorter’s complex
gain can now found to be

F=F+jF (5.13)
= F (juin®)1?) (5.14)
= fu + jifa + (fis + jf3) x@) + (fis + j fas) X (1) (5.15)
=¢) + c3x(t) + ¢sx2(1) (5.16)
= F (x(2)) (5.17)

and signal vy;,(¢) is derived as

Udiys (t) = Vin (t) -F (vin (t)) (518)
= ¢1vin(t) + c3vi, () x () + CS”in(t)xz(t)
= c1Uin (1) + €30 (@) [0in O + €500 (8) 03 ()|*
From this expression, we can observe the dependency of vy;;(t) to v, (t) up to
the fifth degree. If the coefficients c; and ¢s are chosen properly, the third and
fifth order intermodulation distortion can be reduced. In a similar way as in
(5.12), let us define
(@) = vais ()12 (5.19)
=x(t) - [Fx@)|? (5.20)

for the envelope of a predistorted signal. We can model the amplifier’s complex
gain as

A=A (@) + jA: (@) (5.21)
= A (Jvais D) (5.22)
= a; + a3y (t) + asy*(t) (5.23)
=A(y(®) (5.24)

where coefficients a;, a; and as stem from the complex power series. Now the
output of the amplifier can be written as

Vour = Vais (8) - A (|vais (0)1%) (5.25)

Note that both F (I Vin (t)IZ) and A (I Udis (t)|2) depend only on the power of their
input signals, but not on their phase. As y(z) in (5.21) contains only modu-
lated amplitude information, the equation describes amplitude modulation to
amplitude modulation (AM-AM) behavior. Because the coefficients are com-
plex, the equation also describes an amplitude modulation to phase modulation
(AM-PM) characteristic.
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Combining (5.25) with (5.18) yields
Vour = Vin (1) - F (x(2)) - A (¥(1)) (5.26)
= vin() - F (x() - A (x(@®) - [F (x(@)I)
and the complex gain of the overall system is found to be

Vour (1)

Vin (t )

On the other hand, we may model the whole amplifier by a complex power
series, and if we truncate after the fifth order term, we obtain

Goveran(x(2)) = =F (x(®) - A(x@) - |F (x(®))I?) (5.27)

Goverant(x(t)) = Gy + jG, (5.28)
= g1 + g3x(t) + gsx’(t)

The output voltage is therefore also given by

Vour = Vin (t) : G()verull (Uin (t)) (529)
= glvin(t) + g3vin(t)x(t) + gSUin(t)xz(t)
= 81Vin @) + g3vin(t) IU,',,(I)IZ + gSUin(t) |U,‘,,(I)|4

and therefore, by equating (5.26) and (5.29)

Goverait (Vin(t)) = F (x(2)) - A (x(t) - |F (x(t))lz)

g1 + gax(t) + gsx2(t) =

[c1 + c3x(®) + esx®(1)] - [ar + asx (@) - |F @) + asx*@) - |F (x()[*]
(5.30)

Solving the right hand side of (5.30) and re-ordering the zeroth, first- and
second-order terms yields the relations

g1=¢C-a
g2=ci-ar+c-az-lol? (5.31)
gs=cs-ar+cs-az-leil> +o-as- el +2¢ - a3 -Re(cic})

where x* denotes the complex conjugate of x. The third order term depends on
the amplifier gain coefficients a; and a3, and the same holds for the fifth order
term plus the additional coefficient as. Therefore, by an appropriate choice of
the predistortion coefficients ¢y, ¢, and cj3 it is possible to reduce or eliminate
the third- and fifth-order inter modulation products. The need of the feedback
loop in Figure 5.25 is now clear: the loop finds the appropriate values for the
coefficients ¢y, c; and c3 and automatically takes care of process and temperature
variations.



172 CIRCUIT DESIGN FOR RF TRANSCEIVERS

-
L
——
.o

ol

Contar 1 820625 Chr 1 2/ Spen 18 Wy

Figure 5.26. A broadband predistortion technique is applied to a 30 W power amplifier and
measured under two tone conditions at 1.8 GHz.

Figure 5.26 shows an example of measurement results when a broadband
predistortion technique is applied to a 30 W power amplifier and measured under
two tone conditions at 1.8 GHz. A 20 dB suppression of the third harmonic is
achieved. In Figure 5.27, a 120 W power amplifier for IS-95 CDMA was tested.
A 10 dB suppression is gained at an offset of 750 kHz. Both measurements
show that predistortion is a possible linearization technique for modest degrees
of linearity improvement.

5.4.2 Phase-Correcting Feedback

Suppose that the input to the power amplifier has a constant envelope and a
varying phase. The amplitude modulation is achieved by varying the supply
voltage. In such a configuration, the power amplifier can operate in class E. As
the supply voltage is varied to modulate the output voltage, the drain voltage of
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Figure 5.27. A 120 W RF power amplifier for IS-95 CDMA standard has been tested with and
without predistortion techniques. A 10 dB improvement has been achieved.

the output transistor will also vary, see Figure 5.1. Consequently, the transistors’
capacitances will change, and thus the phase of the output signal changes. This
mechanism is an example of amplitude-to-phase modulation, and the resulting
phase distortion can be in the range of 20 to 40 degrees.

Utilizing a phase correcting feedback mechanism can help to reduce the
phase distortion to the level of a few degrees. A block diagram of this feedback
principle is shown in Figure 5.28. In this block diagram, it is not only the PA
which introduces AM-to-PM distortion, but also the limiting amplifier, needed
to limit the output of the PA to a fixed value. Let us denote the AM-to-PM
distortion for the PA by 0p 4 (s), and for the limiting amplifier by 8,4 (s), where
s is the Laplace operator. Define the phase of the input signal and output signal
as 0;,(s) and 6,,,(s), respectively. Finally, assume a first order low pass loop
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Figure 5.28. Block diagram of a phase correcting feedback loop. The input of the amplifier is
constant in amplitude and varies in phase. Amplitude modulation is performed by modulating
the supply voltage of the amplifier.

filter to have a first order feedback loop with a transfer function H (s), resulting
in a feedback loop transfer equal to

K(s) =K - H(s) (5.32)

The system is therefore stable. Constant K represents the sensitivity of the
phase detector and the phase shifter together. The relationship between the
input and output phase is now given as

Ora(s)  Ora(s) - K(s)

9{)14 = ein 5.33
1(5) () + 1+ K(s) 1+ K(s) ©-33)
with the error signal
0 0 - K
Burror (5) = —2AG)__ Oa(s)  K(s) (5.34)

1+ K(s) 14+ K(s)

Because H (s) has a lowpass transfer characteristic, the loop appears as a high-
pass filter for the distortion of the PA. The pole of the filter must be placed such
that the bandwidth of the filter is larger than the bandwidth of the amplitude



RF power amplifiers 175

)/ Vdd

m
M1 l-L' M5

|-|_M2V )
ou
v C

| i M6

T J_ SR
M3Tj_5M4 u

Limiting cell Saturated gain stage

Figure 5.29. MESFET implementations of a limiting cell and a saturated gain stage.

modulated signal. Suppose that this amplitude modulated signal has a band-
width of 50 kHz. Then setting the loop filter bandwidth to 200 kHz means that
the loop transfer characteristic can be approximated by K - H, = K, where
H, is the filter gain. The PA distortion is therefore reduced by a factor 1 + K.
The phase error due to the limiting amplifier only has a minor attenuation of
(K,/1+ K,). Assuming K, to be equal to 20, then the phase distortion of 20
and 40 degrees reduces to 0.95 and 1.9°. Assuming a maximum phase error at
the output, then the maximum allowed phase error of the limiting amplifier can
be found from (5.34).

An example of phase-correcting feedback can be found in [18]. The design
was realized in a 0.8 um GaAs MESFET process. The limiting amplifier
consists of a series-parallel limiting cell followed by several saturating gain
stages as shown in Figure (5.29). The limiting cell contains a passive stage
consisting of two back-to-back parallel diodes (M3 and M4) and a resistor
(M1 and M2). A passive stage is needed, since the output of a PA can swing
higher than the supply voltage. For positive voltages, M1 acts as a diode-
connected MESFET while M2 behaves like a current source. Similarly, for
negative voltages, M2 acts as a diode-connected MESFET while M1 behaves
like a current source. For small signal levels M1 and M2 behave like a resistor.
Phase errors in the order of 1 to 2° can be achieved at a reasonable power
dissipation. The saturated gain stage must ensure that the output voltage has a
fixed level for all input values. Several stages are usually needed. Each stage is
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Figure 5.30.  Simplified circuit diagram for the phase detector.

based on an inverter and is AC coupled to the next stage by means of capacitor
C. Together with resistor R, the capacitor determines the load of the previous
stage and provides a relatively constant load under amplitude variations.

The phase detector is based on a Gilbert active mixer configuration as de-
picted in Figure 5.30. Capacitors C are implemented on-chip to provide small
high frequency loads for M1 to M2 and M3 to M4, which act as switches. The
resistors R provide large loads for the DC component of the switched current.
If the phase difference between V;, and V,.s is 907, then the differential output
Vour €quals zero. When both input signals are in-phase or 180 degrees out of
phase, each mixer is completely turned on and the output reaches its maximum
absolute value. The sensitivity of the phase detector is given by

AV _R-I
T Ap  90°

(5.35)

where [ is the current through the resistor.

The phase shifter is based on a varactor-tuned LC network to retain the am-
plitude of the signal waveform. Two such networks are used, one connected
to the source and one to the drain of a MESFET. The resonant frequency in
the drain-tuned circuit will increase while that of the source-tuned network de-
creases. Consequently, a negative phase shift is obtained in the source network
and an equal positive phase shift in the drain network.
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Figure 5.31. Microphotograph of the phase correcting feedback loop. The chip has dimensions
2.4mm x 1.7mm.

A microphotograph of the feedback loop is shown in Figure 5.31. To reduce
parasitics, interconnections were laid out in the highest metal layer. The power
amplifier, in this case a class E end stage preceded by a class F stage, is on a
separate module. Measurement results on the complete system are shown in
Figure (5.32). For a 50 2 load, the amplifier delivers more than 400 mW at
2.4 V supply voltage. The efficiency is above 60%, but drops rapidly for the
phase-corrected system if the supply voltages decreases The power amplifier
has a phase error of more than 20 degrees. The feedback loop reduces this error
to 4 degrees. Phase corrected feedback loops clearly help to reduce the resulting
phase error due to the power amplifier. The additional power consumption due
to the loop is in the order of 20 mW.

5.4.3 Envelope Elimination and Restoration (EER)

The principle of first eliminating the envelope of the RF input signal to generate
a constant-amplitude signal which is passed through a non-linear PA, while in
the meantime extracting the amplitude information, amplifying it separately
and then recombining it with the phase information, dates back to the fifties
[19], [20]. Because a constant amplitude signal passes through the non-linear
amplifier, the phase information will hardly be distorted. A switched mode
power amplifier can therefore be used, allowing high efficiency figures. The
extracted amplitude information passes through a highly linear amplifier, but
because this signal does not contain any RF component, the realization of such
an amplifier is simplified. A simplified block diagram of envelope elimination
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Figure 5.32. Measurement results. The graphs marked with the — o — are the systém without
phase correction, results with phase correction are marked as — A—. The power added efficiency
and phase error are shown, both as functions of the supply voltage.

and restoration (EER) is shown in Figure 5.33. A switching power supply has
been used to amplify the low frequency amplitude information. Recombination
of phase and magnitude has been realized by direct modulation of the power
supply of the power amplifier. A feedback path closes the loop and guarantees
tracking between the RF output amplitude and RF input signal. In this way,
errors introduced by the switching power supply block and mismatches between
the phase and magnitude paths, can be eliminated.

There are some possible drawbacks in this concept. Firstly, the limiting am-
plifier can introduce AM-to-PM errors, from which this system cannot recover.
Secondly, there are two signal paths and the delay in the RF signal path (i.e. the
phase path) is substantially shorter than that of the low frequency magnitude
path. This delay causes intermodulation distortion and, for two equal input
tones, this distortion is expressed by

IM = 2n BW?At?
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Figure 5.33.  Conceptual block diagram of an EER system with feedback.

where BW is the bandwidth of the RF signal, and At is the delay mismatch.
For two tones that are 200 kHz apart and a required I M of —40 dBc, this yields
a maximum delay of 200 ns. Thirdly, the bandwidth of the switching power
amplifier is related to its efficiency. For high efficiency figures, this bandwidth
is rather small, in the order of a few tenths of kHz.

Su demonstrated that the concept of EER can work pretty well [21]. They
implemented the envelope detector, limiting amplifier, attenuator and switching
power supply in a 0.8 um CMOS technology and tested the concept on three
different amplifiers. They considered the performance of a 3.3 V GaAs PA
under AMP conditions (Figure 5.34). Under normal conditions, this PA can
reach 40% efficiency (peak PAE). However, to fulfil the linearity requirements
of the North American Digital Cellular (NADC) standard (employing 7 /4-
QPSK modulation), the PA must be backed off by 4 dB, yielding a PAE of
16% at 25 dBm output power,.(see cross mark in Figure 5.34). Using the EER
concept, this PA can reach a PAE of 35% at 29 dBm output power. A similar
improvement can be seen with a 4.8V GaAs PA (see Figure 5.34). In [21]
a CMOS PA was also tested under EER conditions. A measured 7 /4-QPSK
constellation diagram under normal conditions was compared to the diagram
in the case of EER. The linearized system achieved a phase error of 1.3% rms,
and a magnitude error of 2.5% rms.
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Figure 5.34. Measured efficiency of a 3.3V GaAs PA with and without EER (top). A similar
measurement result is shown for a 4.8V GaAs Pa at the bottom.

5.4.4 Cartesian Feedback

The last technique to be discussed is an example of modulation feedback called
Cartesian feedback. At the output of the amplifier, the transmitted signal is
decomposed into the distorted I and Q signals This information is then used
to adapt the I and Q signals at the input of the amplifier. A schematic of this
approach is shown in Figure 5.35.

The feedback loop has a delay compared to the direct signal path. A phase
shifter is therefore needed in the feedback path. The delay in the loop limits
the bandwidth over which the loop can operate. A few 100 kHz bandwidth can
normally be achieved, allowing this technique to be used in telecommunica-
tion standards with a relatively small channel bandwidth and spacing, such as
DAMPS 7 /4-DQPSK, for instance. As an example, measurement results for
this standard are depicted in Figure 5.36 and 5.37. A 30 dB improvement has
been achieved.
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Figure 5.35.  Schematic drawing of Cartesian feedback linearization technique.
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Figure 5.36.  Uncorrected response of the RF amplifier for DAMPS 7 /4-DQPSK.

Although measurements show good results, there are some major problems
when using Cartesian feedback loops. Classical Cartesian feedback is a ho-
modyne solution technique. As in Figure 5.35, the VCO operates at the same
frequency as the PA, which gives the potential problem of pulling. The output
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Figure 5.37. Cartesian loop response for same amplifier. Suppression is 30dB in adjacent
channel.

of the PA couples back to the VCO. A super heterodyne solution can be used
to prevent this, requiring a band-pass filter. Due to the required suppression,
SAW-filters are needed which introduce large delays and we end up with a small
modulation bandwidth of a few hundred Hertz. Besides the problem of the loop
bandwidth, SAW filters are discrete components and are expensive.
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Chapter 6

Oscillators

Oscillators are intriguing building blocks. An oscillator is one of the very few building
blocks in a transceiver that has a built-in timing reference. When the power supply is
switched on, DC power is somehow translated into a periodic signal, which forms the
heartbeat of many systems. Ongoing world-wide research contributed to the design of
low phase noise oscillators, which makes it more and more a science rather than an
art. Advances in IC-technology, especially in passives, have simplified complete oscil-
lator integration. This chapter starts by discussing oscillator basics and specifications.
Behavioral models, properties and circuit topologies of LC and RC oscillators are then
highlighted. The chapter ends by discussing two monolithic oscillator realizations.

6.1 INTRODUCTION

This section starts by discussing the ideal oscillator, followed by an oscillator
with non-idealities which are encountered in practice. The third part highlights a
practical oscillator classification. This section ends by discussing the oscillation
conditions and amplitude stabilization mechanisms.

6.1.1 The Ideal Osciliator

The basic function of an oscillator is to generate a periodic signal with certain
properties. An ideal oscillator generates a signal which only has wanted prop-
erties. The output of an ideal harmonic oscillator (Figure 6.1(a)) with angular
frequency w,. [rad/s] and peak amplitude V.4 ir [V] can be written as

Vout(t) = Vcarrier COS( Wose t) (61)

In the frequency domain, this is equivalent to a discrete spectral line with height
V,arrier at angular frequency w,g.. This means that all carrier power is located

185
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Figure 6.1. A single phase oscillator (a) and a tunable I/Q VCO (b).

in an infinitely small bandwidth around w,,.. A tunable ideal oscillator (Figure
6.1(b)) can be represented by (6.2).

‘/{)ut (t) = Vcarrier COS( 2 T (KUC() Vtune + fcenter) t) (6'2)

In (6.2) the initial phase of V,,,(z) is assumed to be zero. Tuning voltage V,,,,.
[V] controls the frequency, and tuning constant K,., [Hz/V] determines the
tuning slope. feenser is the oscillation frequency with a zero tuning voltage.
Equation (6.2) does not include the “integrating” property of a controlled oscil-
lator. The phase is the integral of the oscillator frequency with respect to time.
Use of (6.2) for non-continuous V;,,,. results in phase jumps in the oscillator
output signal. The following expression models a practical oscillator more ac-
curately. The output phase is always continuous, even if a non-continuous V,,,.
is modulating the oscillator:

t

Vour @) = Vearrier cos(2 1 (Kyco / Viune dt + fcenter 1)) (63)
-0

As the tuning input is a voltage, the oscillator in Figure 6.1(b) is a Voltage
Controlled Oscillator (VCO). In the case of a Current Controlled Oscillator
(CCO), the tuning constant K., will have the unit [Hz/A]. Instead of generating
one output signal, the VCO in this figure generates a sine and a cosine. Many
modern receiver and transmitter architectures require these so-called “In-phase

and Quadrature” (I/Q) signals in their signal-processing part.

6.1.2 The Non-ideal Oscillator

In practice, anything that can change will change due to non-idealities. The
oscillator and its properties are no exception. An oscillator will never have
the exact center frequency required, due to the processing spread in the IC
process. Some additional tuning range will therefore always be required on



Oscillators 187

T time domain
phase noise V carrier
? sidebands M —n
P 0 ::\i: T
NN ER
)& /white noise floor
e P — .
Ousc Smosc 50 0 o [rad/s]

Figure 6.2. The spectrum (fundamental and two harmonics) of a square wave with phase noise
sidebands. The inset shows the effect of the sidebands in the time domain: jitter.

top of the required range. Noise from the oscillator circuitry and externally
generated noise (on the power supply, for example) corrupt the spectral purity
of an oscillator signal. This means that the carrier power is now distributed
in a finite bandwidth around w,,. and its harmonics. Figure 6.2 shows the
fundamental and two harmonics of a square wave. The application determines
whether the harmonics of an oscillator output signal are unwanted or wanted.
For example, if an oscillator is used as a clock generator, the harmonics are
generally wanted. In that case, zero-crossings in the time domain are less
sensitive to noise from the circuits where the clock-signal is used. An oscillator
output signal usually also has even harmonics. In balanced architectures, these
are usually lower than the odd harmonics.

The most important distinction between an ideal and a practical oscillator
are phase noise sidebands, as illustrated in Figure 6.2. Although most power
is present at w,,., some power is also present at small offsets from .. These
phase noise sidebands decrease with increasing offset frequency from w,;. or
its harmonics. White noise becomes dominant at a certain offset frequency.
The white noise floor can originate from the oscillator but often originates from
cascaded circuits. In the time domain, phase noise is referred to as jitter, and is
shown in the inset of Figure 6.2. Due to the presence of jitter, the exact moment
of a zero-crossing of the square wave (in other words, the phase) is stochastic.
The ideal oscillator described by (6.1) can be extended to model this phase
uncertainty by stochastic variable 8(z).

Vaut(t) = Vcarrier cos(a),,_u. r+ G(t)) (64)

In general, multiplicative amplitude noise will also be present. However, unlike
phase noise, this amplitude noise can be removed by a limiter at the expense
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Figure 6.3.  Simplified block diagram of a Zero-IF receiver.

of generation of harmonics. Section 6.2 discusses the influence of oscillator
phase noise on transceiver performance and its specification.

6.1.3 Application and Classification

Oscillators are used at various places in an RF transceiver system. Figure 6.3
illustrates this with a block-diagram of a zero-IF receiver. The Local Oscillator
(LO) in the tuning system provides the in-phase and quadrature mixers with a
signal which is equal, in frequency, to the average received RF carrier frequency.
The mixers convert the wanted signal directly to baseband. The LO is part of
a phase locked loop (PLL), and uses a crystal oscillator as reference. PLLs
will be discussed in the next chapter. Another oscillator signal is needed in
the demodulator to provide a clock signal for the A/D-converters and digital
circuitry. In practice, the crystal oscillator needed in the PLL is also used for
clock generation in a transceiver.

Oscillator classification may be based on one of the properties of an oscil-
lator, such as, is it a distributed type or a lumped type oscillator, is it a single
phase, quadrature or multi-phase type oscillator, etc. The practical classification
adopted in this chapter is shown in Figure 6.4.

On an abstract level, it is possible to distinguish between LC and RC oscil-
lators. Losses are always present, in both in LC and RC oscillators. In order
to start-up and sustain stable oscillation, active devices which compensate the
losses are needed. Apart from these “regenerative” elements, implemented by
active devices, LC oscillators (or more accurately “LC-like” oscillators) are
constructed using inductors (L) and capacitors (C), or passive devices which
can be modeled with equivalent circuits using inductors and capacitors. The
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Figure 6.4.  Oscillator classification.

presence of both inductors and capacitors' makes it possible to preserve energy
in an oscillation period. In Section 6.3.1 we will see that this improves the
spectral purity of oscillators. This is indicated by the figure of merit “quality
factor” Q in Figure 6.4, which will be defined on page 210. Q is normally
much larger than unity for LC-type oscillators.

No inductors are present in RC oscillators. Only resistors (R) and capacitors
are used together with the active devices. This means that no energy is preserved
per oscillation period, which leads to poorer spectral purity compared to LC
oscillators (see Section 6.4.1). Q is close to unity for RC oscillators.

Figure 6.5 shows three LC-type oscillator configurations from the classifi-
cation. The LO in RF transceivers is often implemented using an LC oscillator
with lumped LC resonator (the resonator is also referred to as a “tank™ circuit).
In that case, the resonator is implemented using lumped inductors and capaci-
tors which can be on-chip [1] or off-chip [2]. Another way of constructing an
LC-type oscillator is to use a strip-line or transmission line as a delay element
or distributed resonator [3]. Piezoelectric material is used in crystal oscilla-
tors, to implement an inductor or complete resonator [4, 5]. Crystal oscillators
have an excellent spectral purity and also very good long-term frequency stabil-
ity. Another example of a very stable resonator is a dielectric resonator (DR).
In a Dielectric Resonator Oscillator (DRO), the DR is placed adjacent to a
micro-strip line, which implements the coupling between the resonator and the
oscillator [6]. In contrast to a crystal oscillator, where the piezoelectric material
operates in bulk vibrational mode, a Surface Acoustic Wave (SAW) resonator

1with a quality factor Q> 1.
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VCC
vCC resonator
DR
Vou't
stripline —of

(a) (b) (c)

Figure 6.5. 'Three examples of LC-type oscillators. A differential bipolar oscillator with LC
tank (a), A MOSFET DRO (b) and a general resonator based oscillator (c). The resonator can
be a crystal or SAW device, for example.

VCC g
—
Vo1 Vo2 V03

(a)

Figure 6.6. Two examples of RC-type oscillators. A single-ended CMOS inverter ring oscil-
lator (a) and a bipolar relaxation oscillator (b).

operates in surface vibrational mode. This allows higher oscillator operation
frequencies when compared to crystals.

Figure 6.6 shows two RC-type oscillator configurations from the classifi-
cation. Ring oscillators are known for their ease of integration. No coils are
needed and simply connecting the output of a few cascaded inverters to the in-
put already implements such an oscillator (Figure 6.6(a)). For the single-ended
ring oscillator, an odd number of stages is required to prevent latch up.

A second example of an RC-type oscillator is the two-integrator oscillator [7]
(see Figure 6.15 for its behavioral model). Like any even-stage ring oscillator, it
provides I/Q signals. This oscillator can generate sine waves with low harmonic
distortion.
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An example of a bipolar relaxation oscillator is shown in Figure 6.6(b). The
principle of a relaxation oscillator is based on the charging and discharging of
a capacitor. A current charges a capacitor until a positive voltage threshold is
reached and the direction of the current is reversed. Once the negative threshold
voltage is reached, the current direction is again reversed, and so on.

The reader should note that this list of oscillator types is far from exhaustive
as indicated by the dotted lines in Figure 6.4. Many other types and combi-
nations are possible, but are not as widely used in conjunction with integrated
transceivers.

6.1.4 Oscillation Conditions

It is important for an oscillator designer to predict when the oscillator under
design is properly dimensioned, so that the oscillator will start and produce
a periodic signal. Most oscillators can be analyzed by modeling them as a
feedback system. Figure 6.7 shows a general block diagram of a linear feedback
system with transfer functions Hy(jw) and B(jw). As will become clear later
on, any oscillator is a nonlinear system. The conditions needed for oscillation
can be analyzed using linear models, however.

The transfer function Y,/ X;, of Figure 6.7 is the general equation for a
feedback system (6.5).

Yuut(jw) — Hf(]w)
Xin(jo) 1—-Hs(jo)B(jw)

(6.5)

The necessary conditions for steady-state oscillation are known as the Bark-
hausen conditions [8]. The first condition is called the “gain condition” and
specifies that the open loop gain must be unity (see (6.6)). The second condition
is referred to as the “phase condition” (see (6.7)). This condition states that the
total open loop phase shift must be k times 360 degrees, where k is an integer
value including zero. When both conditions are met, the denominator in (6.5)
becomes zero, which results in a non-zero Y,,, for a zero input signal X;,.

Xin (jo) Your (i)
F—~(H)—{H{ (jo )
L B(jo)

Figure 6.7. Block diagram of a feedback system.




192 CIRCUIT DESIGN FOR RF TRANSCEIVERS

|Hy(jo) B(jw)| =1 (6.6)
L H;(jw) B(jw) = k 360° 6.7)

The Barkhausen conditions state the necessary conditions for stable oscilla-
tion, but not for start-up. In any transceiver system it is vital that the oscillators
autonomously start oscillating, usually triggered by noise, when the system is
switched on. In order to guarantee oscillator start-up, the open loop gain must
initially be larger than unity. This requirement is called the “start-up condi-
tion”: |Hy(jw)B(jw)| > 1. Note that the open loop gain [Hf(jw)B(jw)]
ranges typically from 2 to 5 for self-limiting oscillators (see Section 6.1.5) to
ensure start-up.

Figure 6.8 is used to illustrate the oscillation conditions. Transfer function
Hy(jw) is defined as transconductance g,, in the LC oscillator model. The
transfer function (8(jw)) of the LC resonator formed by C),, L, and loss resis-
tance R, can be described as

R,
jw) = ————— 6.8
Bljw) T+ 0, (6.8)

where

v = w Wosc (6.9)

a)()S(. [

C
Q,=R, L—” (6.10)

p

1

Wose = (611)

JL,C,

At @, the open loop gain |H;(jw)B(jw)| is equal to g,R,. As shown in
Figure 6.8, the oscillator does not start if g,, is smaller or equal to 1/R p At W,
The lower graph in Figure 6.8 illustrates oscillator start-up when the start-up
condition is met.

The open loop gain can be determined with simulation, by cutting open the
feedback loop in the oscillator at a certain point, for example at point P in
Figure 6.8. This is easy in a behavioral model. When performing open loop
simulations at transistor level, the same DC and loading conditions must be
enforced as in the closed loop situation in order to get the correct results.

The oscillation conditions can conveniently be checked using bode plots [9].
Figure 6.9 shows the bode plot of the LC oscillator model under discussion. The
gain and phase plot shows that the oscillations conditions are exactly met for g,
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gm> 1/R

Figure 6.8. Behavioral model of an LC oscillator. To start-up, gm must be larger than 1/Rp.

A\‘/ gm>1 /Rp

LH()pw)
[°]

1

2

Figure 6.9.  Bode diagram of the behavioral model in Figure 6.8.

equals 1/R,. The bode plots predicts that the oscillator will start oscillating for
any setting of g, > 1/R,. The discussed oscillation conditions are necessary
conditions for oscillation, but can also be met by stable circuits as will be shown
in the following paragraphs. If in doubt, the root locus method can be used to
assess whether the circuit under investigation will oscillate or not [10] .

Using the oscillation conditions, the oscillation frequency of the classical
Colpitts and Hartley oscillators can be derived. Figure 6.10(a) shows a general
three terminal oscillator. The active part of the oscillator is a transistor (e.g. a
bipolar or a MOS transistor) modeled with its transconductance. One of the
three terminals should be grounded. All losses are lumped in resistor R. The
open loop model of the three terminal oscillator in Figure 6.10(b) can be used
to derive the oscillation frequency. The open loop gain Hy(jw)B(jw) is equal
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Yin N
9mVi,

iransistor model transistor model =
(a) (b)

Figure 6.10.  General three terminal oscillator. One of three terminals should be grounded (a)
and its open loop model with one terminal grounded (b).

to

Vour G@) _ gm(Z1(Z2+ Z3) + R(Z1 + 2, + Z3)) Z3
Vin(jo) RZ\(Z, + Z5) (Z2 + Z3)

(6.12)

If Z, and Z; are capacitors, and Z, is an inductor, a Colpitts oscillator is obtained
whose oscillation frequency obeys:

1 1
f()xc—Cvlpitt.\' - E\/ﬁ

where C,,, is the series combination of C; and C;. Note that if Z; is replaced
by an inductor, and Z, by a capacitor, the gain condition can be met but not
the phase condition. This configuration will therefore not yield an oscillator.
A Hartley oscillator is obtained if Z; and Z; are replaced by inductors and Z,
is replaced by a capacitor. The oscillation frequency of the oscillator is now
equal to '

(6.13)

1 1

osc—Hartley = =~ —F—0—————— 6.14
Josc—Hartley N Y RES Y (6.14)

The circuit diagrams of the Colpitts and Hartley oscillator are shown in Figure
6.11. Since any of the three terminals in Figure 6.11 can be grounded, three
types of Colpitts and Hartley oscillators exist. Obviously, the Colpitts oscillator
can also be constructed using a MOS transistor and the Hartley type using a
bipolar device. In practice, the Colpitts oscillator is encountered more often,
since it only requires one inductor. Without detailed analysis, it is difficult to
say which type is best for which application. In any case, the choice of the
ground terminal determines which parasitics of the active device are shorted
and which terminal is best as the output terminal.
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(@)

Figure 6.11.  The Colpitts (a) and Hartley (b) oscillator.

t
Hs(@)pGo)] oy '™
(48] }
X
0 - ® —= [rad/s]
f i T R
LHg(w)(iw) \ / X
[] ] }
0 U ® — [rad/s] o

(@) (b)

Figure 6.12. Bode diagram (a) and root locus (b) of a Pierce oscillator with some parasitic
capacitance.

Figure 6.12 shows the bode diagram and root locus of a Pierce oscillator
(Colpitts-type with grounded emitter or source) with some losses and a parasitic
capacitor in parallel with its inductor. Although the oscillator has two complex
conjugated poles for any gain setting, these poles enter the left half plane for
very high transistor gain, despite the fact that the oscillation conditions are met
(as indicated by the bode plot). Hence, the root locus method should be used
to see whether the oscillator will start. Alternatively, a transient simulation can
be performed if calculations become too complex.

In the bode plots of Figure 6.12(a), the oscillation conditions are met for two
frequencies. In a practical oscillator circuit with parasitics this can indicate
that there is a risk of multi-oscillation [11]. When multi-oscillation occurs,
more than one oscillation coexists in a steady state. The unwanted oscillations
generally distort the wanted periodic signal, which then becomes useless for
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Im gm>1/ Rp Im
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Figure 6.13. The effective gy, in the LC oscillator model is reduced by a nonlinear mechanism.

application in a transceiver. If this is the case, and if the parasitic cause of
the multi-oscillation can not be removed, the gain at the parasitic oscillation
frequencies must be sufficiently reduced below unity to eliminate the unwanted
oscillation modes.

6.1.5 Amplitude Stabilization

The previous section discussed linear oscillator models and their analysis. None
of these models give any information regarding the amplitude of the oscillator
output signal. When the start condition for oscillation is met, the poles of a
harmonic oscillator are in the half right plane. This illustrated in Figure 6.13(a)
for the LC oscillator model presented in Figure 6.8.

The time response of a feedback system with these pole locations corresponds
to a growing sine wave. Without adding nonlinearity in an oscillator model,
the oscillator signal would keep on growing and growing. Nonlinearity causes
the poles of the oscillator to move to the imaginary axes, which corresponds to
a steady oscillation level in the time domain. In the case of the LC oscillator
from Figure 6.8, a nonlinear mechanism reduces g, after start-up from a value
larger than 1/R,, to exactly 1/R,, (Figure 6.13(b))>. :

2This is a simplification. During start-up an oscillator may be modeled using poles and zeros. However,
as soon as the carrier is so large in an oscillator that nonlinearities start having influence, the pole/zero
description is no longer valid. If linear modeling is applicable, it can be shown that the poles in Figure
6.13(b) are noisy and are located in the left half plane, very close to the imaginary axis. Hence gy, will be a
tiny amount smaller than 1/R,, [12].
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Vi gmt

Figure 6.14. LC oscillator with differential pair (a) and the derivative of its transfer function

(b).

Any electronic oscillator contains a nonlinear control mechanism which re-
duces the loop gain to unity after start-up, at which point steady state oscillation
is reached. This nonlinear mechanism can be implemented in various ways.

One possibility, called self-limiting, is to use the nonlinear characteristic of
an active element in the oscillator. Since this method does not need additional
circuitry, it is often used in high frequency oscillators. In the literature the
simplest self-limiting oscillator is often referred to as the “van der Pol” oscillator

{13], in which the active element has the transfer function /,,, = «V;, — v Vifl.

More readily available in practice is the limiting characteristic of a MOS
or bipolar differential pair, for example. In Figure 6.14(a) a cross-coupled
differential pair is shown which is used to realize a simple LC oscillator. The
transfer function of this differential pair is I,,, = tanh (V},,). Its derivative to
Vin (gm = sech (V},)) is shown in Figure 6.14(b). When the oscillator starts up
Vi, is small and g,, is equal to I,,;;/ Vr, where Vr is the thermal voltage kT /q.
As can be seen in Figure 6.14(b), g,, decreases for an increasing V;,. Since the
oscillator output signal traverses the g, versus V;, characteristic, the average
gn is smaller than the small-signal g,, needed for start-up at V;, = 0. The
oscillation amplitude will stabilize when the average g,, exactly compensates
all losses (modeled by R, ), and the amplitude condition for oscillation is met. If
the oscillator signal becomes large enough, the transistors will act like switches
and the output peak amplitude will become 2/7 - R}, I;,;;. The amplitude will
therefore increase with increasing I,,;; (current limited region) until, eventually,
the supply voltage (or another saturation mechanism) will limit the amplitude
(voltage limited region). The latter region is normally not a good operating
region due to increased noise and harmonics.
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2
Vset-level

Figure 6.15.  Two-integrator RC oscillator with AGC-control.

A second method for amplitude stabilization is using an Automatic Gain
Control (AGC). The oscillation amplitude is measured and used in a negative
feedback control loop, which stabilizes the oscillator amplitude to a set value
after start-up. AGC can be useful to reduce power dissipation. Consider the
example where a large start-up current is needed for the quick start-up of a
crystal oscillator. After start-up, this current and thus the power dissipation
can be reduced significantly during steady state operation. The AGC control is
usually slow, that s, it has a large time constant in order to minimize modulation
of the oscillator by noise and spurious signals via the AGC loop. Figure 6.15
shows the behavioral model of a two-integrator oscillator with AGC. Note that
after start-up (when steady-state is reached) this AGC-loop can be modeled by
a linear model. If the set-level is such that the transconductances g,,, and g,,;
work in the linear region, this oscillator is practically linear. This is especially
interesting for applications where harmonics need to be very low.

The frequency g,,;/C can be varied by controlling g,,, with current I,,,,..
Transconductance g, is needed to compensate the losses modeled by R,
and can be used for amplitude control. As the oscillator provides I/Q sig-
nals, AGC can be implemented using two mixers and a comparator, since
V2sin(wt)? + V2 cos(wt)? = V2. Notice that frequency and amplitude control
for this oscillator are orthogonal. In the case of an LC oscillator, AGC can be
implemented using a peak detector which measures the amplitude and is used
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Table 6.1.  Tuning range of several standards.

Standard Mobile receiver [MHz] Mobile transmitter [MHz]

DECT 1880 - 1920 same
Bluetooth 2400 - 2483 same
GSM 890 - 915 925 - 960
UMTS TDD 1900 - 1920 same

2010 - 2025 same
UMTS FDD 2110- 2170 1920 - 1980

as an error signal in a negative feedback loop, which in turn controls the tail
current of the oscillator,

6.2 SPECIFICATIONS

There are many different specifications for oscillators depending on the ap-
plication. In this section, the most important and the most general oscillator
specifications will be discussed.

6.2.1 Frequency and Tuning

The frequency and tuning range are important specifications which can have
a significant impact on the level of difficulty when designing an oscillator.
Table 6.1 shows the minimum and maximum frequencies of several telecom
standards. Exact values may be slightly different, depending on the country in
which the system is used. The tuning range is considered to be small compared
to the center frequency in these standards, in other words, these are narrow
range systems. A satellite receiver with a tuning range of at least 950 MHz to
2150 MHz is considered to be a wide range system, as the tuning range is more
than an octave.

As for any specification, the tuning specification must be met under worst
case conditions. Therefore frequency deviations due to temperature changes,
process spread and power supply variations should be added to the tuning range.
For an RC oscillator, the process spread can easily be 20% to 40%. In an LC
oscillator the (planar) inductor tolerance is usually very good (e.g. 1%) because
of the accurate lithography of the IC process. However, the varactor and fixed
capacitances can vary up to 20% in value, and the center frequency can therefore
change by more than 10%.
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Figure 6.16. Typical tuning curve of an RC oscillator (a), and the tuning curve of an LC
oscillator with MOS-varactor and PN-junction varactor (b).

6.2.2 Tuning Constant and Linearity

A VCO (or CCO) has a tuning constant K., which is specified in Hz/V (or
K., in Hz/A). This constant is sometimes also referred to as VCO gain. For
example, if the tuning range is 2.4 GHz to 2.483 GHz (Bluetooth standard) and
the available tuning voltage range is 2.7 V, the tuning constant is about 30.7
MHz/V. This constant will become larger if the tuning range is increased, to
cover process spread, for example. If the supply voltage decreases, for example
in the case of a redesign using a newer CMOS process, the tuning voltage range
will also decrease, and thus K,., will increase. In the following chapter it will
become clear why minimization of K., leads to a more robust PLL design.

The phrase “tuning constant” is actually somewhat deceptive, sinceitis rarely
a constant. Figure 6.16(a) shows the typical tuning curve of the two-integrator
oscillator from Figure 6.15. For a large part of the tuning range, K,, is equal
to Af1/AV,. However, at the end of the tuning range, where parasitics start to
dominate, K., decreases (Afa/AVy < Afi/AV)).

Figure 6.16(b) shows the typical tuning characteristics of an oscillator tuned
by a MOS-varactor and a PN-junction varactor, respectively. The derivatives
of the tuning curves vary significantly, especially for the MOS-varactor. So,
instead of specifying the gain constant using one figure, the deviation from this
nominal value must also be specified, forexample: K,.,£30%. Inthe following
chapter on PLLs it will become clear that K, is an important parameter in PLL
design, and that a constant value is preferable.

6.2.3 Power Dissipation

An oscillator is normally part of a larger system with a restricted power budget.
Low power design is important, especially for portable applications. Minimum
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L(fyp ) indBc/Hz

I:‘carrier

Figure 6.17.  L(fm) definition.

power dissipation is also important for applications which are connected to the
mains, since the whole system has to fit into a cheap package with a certain
thermal resistance. In such a case, low power means the possibility of a higher
degree of integration. The power budget of an oscillator is specified in milli-
watts, or by the available current given a supply voltage. The maximum supply
voltage can be dictated by the application or the technology (e.g. breakdown
voltages in CMOS). Additional current is needed to realize output buffers, which
form the interface between the oscillator and cascaded blocks such as mixers
and dividers.

6.2.4 Phase Noise to Carrier Ratio

A practical oscillator suffers from frequency instabilities. These frequency
instabilities are called phase noise. Short term instability of an oscillator (fre-
quency changes less than seconds) is characterized by the single-sideband (SSB)
phase noise to carrier ratio £ at offset frequency f,,, which is defined in dBs
as:

(6.15)

L(f,) = 10log ( Phase noise density at f,, in 1 Hz)

Pcarrier

Figure 6.17 illustrates the definition of £(f,). Its units are commonly given
in dBc/Hz, indicating that the phase noise is measured relative to the carrier
and in a 1 Hz bandwidth, Alternatively, the phase noise of an oscillator can
be characterized by the Carrier to Noise Ratio (CNR(f,,)), which is simply
—L(fu), with L(f,,) in dBc/Hz.

L(f,») can be measured directly using a spectrum analyzer. The spectrum
analyzer measures the power spectrum of the oscillator which includes not
only the phase variations but also amplitude variations. However, the phase
noise component is dominant in many practical oscillators, because the ampli-
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Figure 6.18. Reciprocal mixing: the wanted signal Al and adjacent channel A2 are both
converted to the same frequency.

tude component is reduced by limiting mechanisms. In the literature, £(f,,) is
therefore commonly used with the assumption that it includes only the phase
noise component. This assumption is adopted in this chapter. Several methods
exists to unambiguously measure the phase noise of an oscillator [14]. These
are utilized in dedicated commercial phase noise measurement equipment. Al-
ternatively, L( f,,) of the oscillator under test can be measured with a limiter in
front of a spectrum analyzer.

Phase noise deteriorates transceiver performance or, in other words, transcei-
ver performance requirements will lead to a certain L£( f,;) specification. In the
following subsections, the effect of phase noise on transceiver performance will
be discussed, and how the required phase noise to carrier ratio can be calculated.

Reciprocal Mixing

One mechanism which deteriorates the signal to noise ratio of a wanted channel
is reciprocal mixing. This is illustrated in Figure 6.18. The wanted channel at
frr has an amplitude of A;. A strong adjacent channel is present at an offset f,,
with amplitude A,. The oscillator with amplitude A3 has phase noise sidebands
with an amplitude of A4 at f;,. To simplify the discussion on reciprocal mixing,
the phase noise sideband is replaced with a single tone interferer at fr.o + fin.-
After mixing, it is not only the wanted signal with amplitude %A3A1 that is
converted to frr — fLo but also unwanted signal with amplitude %A4A2 is
also converted. This lowers the signal to noise ratio and hence A4 should be
sufficiently small to achieve a certain Bit Error Rate (BER) or signal-to-noise
ratio (SNR).

In a GSM system, the in-band interferer levels are specified, thus allowing the
maximum tolerable L£( f,,) to be calculated. For example, with the frequency
band from 600 kHz to 800 kHz the interferer level can be -43 dBm under
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minimum wanted signal conditions. More information is needed to calculate the
phase noise specification of the oscillator: the reference sensitivity (-105 dBm),
minimum signal to noise ratio for the demodulator (12 dB) and effective noise
bandwidth (180 kHz). The unwanted signal %A‘;Az at the wanted frequency
should be no larger than -105 dBm minus 12 dB. This means that compared to
the -43 dBm interferer, the power difference is 74 dB in a 180 kHz bandwidth.
Therefore, £ (600 kHz) should be -74 dB minus 10 log(180 - 10%), which is
-126.6 dBc/Hz.

Signal to Noise Degradation of FM Signals

In frequency and phase modulated signals, information is carried in the phase
of the carrier signal. When this signal is down-converted in a receiver using
an oscillator, the oscillator phase noise is superposed on the wanted signal and
degrades the SNR. For example, consider an FM modulated signal Vzr =
chrrier COS[2JT (fcarrier + Af COS(anmt))t] with fcarrier equal to 1 GHZ’ Af
is 50/+/2 kHz and modulation frequency f,, is 1 kHz. Assuming an oscillator
phase noise spectrum which has a 6 dB per octave (or 20 dB per decade) slope,
(6.16) relates the rms frequency deviation §f resulting from phase noise and
L(fn) in a noise bandwidth NBW [15].

L(fn) = —101og ( f2 NBW) (6.16)

2
8f*(fm)

If a system requires a signal-to-noise ratio of 80 dB after frequency conver-
sion, a maximum §f of 3.5 Hz rms is allowed. This results in £(1kH z) equal
to -89 dBc/Hz using (6.16) with a NBW equal to 5 kHz.

Spurious Emission

A transmitter of a telecom transceiver will emit power at unwanted frequencies
in addition to the wanted output signal, due to the phase noise of the used os-
cillator. This is why maximum permitted emissions are specified in telecom
standards. For example, in the type-approval template of a GSM system, the
spurious emission at 20 MHz offset (GSM RX-band) from the 915 MHz car-
rier (worst case location in TX-band) must be -79 dBm down in the 100 kHz
bandwidth relative to the +33 dBm carrier. This means that £L(20MHz) must
be better than -162 dBc/Hz3.

3 Filtering in the power amplifier and in the duplex filter of a transceiver may ease the oscillator specification.
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6.2.5 Harmonics

In practice, even a harmonic oscillator will generate more frequencies in ad-
dition to the wanted fundamental frequency. Due to implementation aspects,
there will always be some power at harmonics of the fundamental frequency.
These harmonics can be specified relative to the carrier in dBc. In many cases,
nonlinear operation of an oscillator improves the phase noise, but also generates
harmonics. When an oscillator is used to drive mixers, these harmonics may
improve the switching of the mixer and thus the mixer noise figure. However,
unwanted channel power or noise power located at harmonics may fall into the
wanted channel when the oscillator-mixer combination is used for frequency
conversion. Care must be taken to ensure that the conversion products of the
oscillator signal are sufficiently low relative to the wanted channel which was
mixed with the fundamental. Second order harmonics can be suppressed to
some extent (typically 40 dB) by a balanced design.

6.2.6 1/Q Matching

Many receiver architectures which allow a high degree of integration require
quadrature signals. An example is the zero-IF architecture. In this architecture,
the RF signal is mixed with an I/Q oscillator signal and the resulting baseband
signals are processed further in the in-phase and quadrature branches. Quadra-
ture errors (both in phase and amplitude) in the branches or in the quadrature
relation of the I/Q oscillator will reduce the SNR at the output of a receiver
front-end.

Consider the simplified zero-IF receiver from Figure 6.3, for example. The
in-phase signal provided by the tuning system can be written as cos(wqsct).
When allocating all imperfections to the quadrature signal, this signal can be
expressed as (1 + A,) sin(w,sct + ¢.). The amplitude error is A, in this ex-
pression, and the phase error ¢, is in radians. The resulting SNR in dB due to
non-zero A, and ¢, is

4
(A + A,) cos(ge) — )2 + ((1 + A.) sin(g,))?

S
N 1010g< ) 6.17)

Figure 6.19 shows the allowable amplitude error and phase error for 50, 40
and 30 dB SNR.

Equation (6.17) can be approximated by (6.18) for small A, and small ¢,.
The inverse of this approximation also describes the image rejection ratio (IRR)
of image-reject architectures, such as the Hartley architecture [16], as a result
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Figure 6.19. SNR resulting from imperfect quadrature signals of the local oscillator in a Zero-IF
architecture.

of imperfect quadrature signals.

S 4
N IOIOg(AZ+¢Z> (6.18)
Quadrature signals can be generated by using multi-stage oscillators (RC or
LC) with an even number of stages. An example is the two-integrator oscillator
from Figure 6.15. Such an oscillator provides “correct-by-construction” I/Q
signals. The symmetry dictates a 90° phase shift per section. Practical I/Q
matching is limited by the device matching and the symmetry of the layout.

6.2.7 Technology and Chip Area

The technology plays an important role in the performance and cost of an oscil-
lator. For example, the inductor quality is much better on high-ohmic substrates
compared to low-ohmic substrates. It is therefore much easier to realize high-
performance LC oscillators on high-ohmic substrates. The availability of good
varactors is also of importance for sufficient tuning range and low phase noise.
Technology parameters (see Chapter 1) such as fr, fin,. and transistor para-
sitics like the collector (or drain) capacitances give an indication of how big the
influence of parasitics will be on the LC or RC oscillator design, at a certain
target oscillation frequency. If chip area minimization is important, then the use
of a large number of coils should be avoided. RC oscillators are usually much
more compact than LC oscillators, but are also much noisier and consume more
power.
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noise-out t!carrier-rms

Figure 6.20. LC oscillator model tunable with varactor Cy ..

6.3 LC OSCILLATORS

Many properties of LC oscillators can be investigated using a feedback model.
This section starts with a linear feedback model of an LC oscillator which will
be used to gain insight into important LC oscillator properties. These properties
are frequency, tuning range and phase noise to carrier ratio. Nonlinear modeling
is needed to understand all phase noise generation mechanisms. Although an
in-depth quantitative analysis of phase noise inducing mechanisms is beyond
the scope of this chapter, most important theories will be outlined briefly. The
final part of this section highlights some LC oscillator topologies.

6.3.1 Frequency, Tuning and Phase Noise

Figure 6.20 shows the linear LC oscillator model which will be used to inves-
tigate LC oscillator properties. All noise sources are modeled by noise current
source i,. Varactor Cy,,., fixed capacitance C;;.q and parasitic capacitance
Cpar together form the total tank capacitance C,. The output noise current is
Lnoive—ous and the rms carrier current is denoted by i.yrrier—rms- The carrier cur-
rent is shown in the small-signal model for clarity, but it can only be determined
assuming one of the amplitude stabilization mechanisms described in Section
6.1.5. For example, if transconductance g,, is implemented with a transistor,
self-limiting will determine the amplitude of i 4rricr—rms-

In Figure 6.20, all losses are lumped in resistor R,,. This includes the series
resistance of practical coils and capacitors (see also Chapter 1) as shown in
Figure 6.21(a).

Using the component quality factors of an inductor Q) = wL,/R,, and
of a capacitor Q.; = 1/(wCR.), Rp, L, and C,, can be expressed with the
circuit elements from Figure 6.21(a) as denoted in (6.21), (6.19) and (6.20),
respectively.
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Figure 6.21. A simple model of a practical resonator (a) and the resonator with losses lumped
in Rp (b).

_ R (1+0%) Ry (1+0F)
P R, (1+0%) + Ry (1+02)

1 2
L, = L, +2Q“ (6.19)
Ql.\'
0?2
C, = C, —< 6.20
P+ 0} ©20

Note that for high component quality factors Qj; and Qc¢;, L, and C; are
accurately represented by L, and C,,, respectively.
Frequency

The oscillation frequency of the behavioral model in Figure 6.20 is equal to:

1
\/ Lp (Ctune + Cfixed + Cpar)

Woye =

(6.21)

Both L, and C, (the sum of all three capacitances) can be used to tune the
oscillator. Inductor L, is usually fixed. Cfy;y.q is an intentionally added ca-
pacitor, to improve the quality factor of C,,,., for example (fixed capacitance
normally has a better quality factor than a varactor). If this capacitor and C,,,,,
are made zero, the maximum frequency 1,/L, Cp,, is reached. Cp,, consists
of several contributions: the active oscillator part, parasitic capacitance in the
resonator (for example, from the inductor), capacitance of cascaded circuits and
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inter-connect capacitance. Clearly, L, and C,,, must be made small for a high

maximum frequency.
The frequency for the practical tank circuit in Figure 6.21(a) is equal to:

vLs—Cs R, '
6.22
VG, L /L, —C, R, ©22)

For high quality factors, this reduces with reasonable accuracy to 1/4/C; L;.

Wyse =

Tuning

In general, tuning of LC oscillators can be performed by varying L, or C,,.
in (6.21). Discrete tuning can be accomplished by switching between different
inductors [17]. In practice , L, is a (balanced) coil on the silicon die, with a
fixed value and tuning is realized by changing C;,,.. The maximum capacitance
Cnax to minimum capacitance C,,;;, ratio of varactor C,,,. can be expressed as
a function of maximum and minimum frequency (fiuqx and fin, respectively)
and Cp,r and Cp;,. The formula for this ratio is shown in (6.23). If C),, is
zero, Ratio,,, is simply the squared ratio of f,,x OVer fu;,. However, if Cp,,
is substantial compared to C,,;,,, the required Ratio,,, to realize the required
tuning range increases.

Cmux max 2 C ar max 2
Ratioy,, = — (2 + =2 5 -1 (6.23)
Cmin fmin Cmin fmin
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Equation (6.23) shows that at high frequencies, where parasitics start to domi-
nate, a higher Ratio,,, is needed to realize a certain tuning range compared to
low frequencies. This trend is shown graphically in Figure 6.22.

Typical Ratio,,, values are smaller than two for a PN-junction type ( e.g.
one junction of a transistor) and smaller than three for a MOS-type varactor
(MOSEFET with source and drain connected). In practice, due to the presence
of Cpyr, a tuning range of more than 30% is difficult to achieve. If more
tuning range is required of an LC oscillator, one possibility is to switch between
different oscillators at the expense of more chip area. A second possibility
for tuning range extension is the use of several bands defined by switched
capacitors, and using a continuous varactor to reach the frequencies within one
band.

Phase Noise to Carrier Ratio

Linear Modeling: Single-Phase LC Oscillators

One of the first phase noise models for oscillators was proposed by Leeson in
1966 [18]. Leeson’s formula includes many characteristics of real oscillators,
such as the 6 dB per octave decay of the phase noise sidebands close to the
carrier. Since no formal proof was given by Leeson, and his formula includes a
noise figure as “fit”-factor, this formula is generally considered to be heuristic.
Since Leeson, many publications and phase noise theories have brought the
understanding of phase noise generation mechanisms to a mature level. Nev-
ertheless, many of the insights provided by recent phase noise theories, which
include nonlinearity and time-varying aspects, can be calculated and explained
using a linear and non time-varying oscillator model. Hence, the phase noise to
carrier ratio of LC oscillators will be calculated using a linear model followed
by a discussion of neglected nonlinear effects.

In general, the phase noise sidebands of oscillators can be divided into three
regions with different slopes as indicated in Figure 6.23. The phase noise with
a 6 dB/octave slope will be considered first. This region, with a 1/f? slope is
normally the biggest part of the oscillator sideband. The 1/f-noise part with
a 1/f3 slope will be explained in the nonlinear modeling part of this section.
The white noise floor usually arises from circuits, such as buffers which are
connected to the oscillator.

The oscillator in Figure 6.20 can be modeled with a linear feedback model.
The transfer function around oscillation frequency w,,. of a general feedback
system shown earlier in Figure 6.7, can be approximated by (6.24), assuming
oscillation conditions are met and the offset frequency Aw is much smaller than
Wosc [19]
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Figure 6.23.  The three main phase noise regions of an oscillator sideband.
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in which Q is defined as:

Wpse sA 2 3¢ 2 :
o= T‘/(%) + (g;) (6.25)

with A = |H;(jw)| and ¢ = arg(H(jw)).
Since § A/8w is zero for the LC resonator in Figure 6.20 at resonance, the

quality factor Q¢ of a single phase LC oscillator can also be expressed as:

% =R CI’

= =L 6.26
S WL, (6:20)

2 1 w()TC 2
U @+ A0))| = o5 (22) 6.24)

Wose

2

Qrc =

The first expression for Q¢ with 8¢ /8w is particularly interesting, because
it provides intuitive insight into phase stability. Consider the example when
the phase condition for oscillation in Figure 6.20 is momentarily not met due
to some perturbation, for example due to noise source i,,. If 6¢/dw is large,
then the frequency change required in the oscillator need only be very small in
order to once again comply with the phase condition. Therefore, §¢/éw is a
direct measure of the phase stability. Equation (6.26) can also be derived from
the classical quality factor definition in (6.27).

- Maximum stored energy in one period

0=

6.27
Dissipated power ( )
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Knowing the stored energy in Figure 6.20, which is C Vout, with V,,, in rms
voltage and the dissipated energy V?2,/R p» the second expression for Q¢ in
(6.26) can be derived using (6.27). Since the dissipated energy in an oscillator
must somehow be restored by noisy energy from the active part, it is clear
that the quality factor of an oscillator is an important parameter and should be
maximized.

Now the quality factor Q; ¢ has been deﬁned we can apply (6.24) directly

to get the squared output noise current 2 Y2 ) of the LC oscillator in

noise—out (

Figure 6.20 resulting from 12 (X2):

n

[ 1 f). g T
lr%()i.\‘e—out = @- : < ];,:IC) : l,% (628)

Equation (6.28) shows that noise current E is shaped by the transfer function
of the oscillator.

In order to derive the phase noise to camer 1atio L(fm)s i2)ire—pue DEEAS tO
be divided by the squared signal current i2 ;.. _,...- Anextra factor of 1/2 also
has to be included, since L(f,,) only takes into account the phase noise at the
output, whereas i2, _ includes both phase and amplitude noise [15]. The
resulting expression is given in (6.29).

11 A i2
L(fm) = 3 . (f ) . lTl'— (6.29)

2
4 QLC fm carrier—rms
At this point, it is instructive to see whether we can rewrite (6.29) into
Leeson’s equation for the phase noise of an osci]lator [18]. Indeed if the noise

factor F is defined as 12/(4kT/R ) and Prr @S i2,ir—ms * Rp, Leeson’s
equation appears:

11 e\ FkT
Lfm)=7"—5" (f) : (6.30)

2 Q LC f m P RF
where k is Boltzmann’s constant and 7 is the absolute temperature in Kelvin.
The terms 12 and i, ;.. ms i (6.29) can be expanded if we assume an

implementation of the transconductance g, (the active oscillator part) in Figure
6.20. Since a cross-coupled differential pair is often used as the active oscillator
part, this circuit is used as an example. The cross-coupled differential pair has
a tail current /,,;; and a total transconductance of —g,,¢/2, as shown in Figure
6.24.
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Figure 6.24. A cross-coupled bipolar (a) and MOS differential pair (b).
= i 4kT 4kT 1
2 g RBipolar — - 1 631
i2 > + R, R, ( 2“ +1) ( )
— i 4kT 4kT 2
2 ny 1MOS = - 1 6.32
i 2 + R, R, (3 a+1) - (632)

In(6.31)and (6.32), 2 the total noise current in the LC oscillator, is expanded
for a bipolar and a MOS cross-coupled differential pair, respectively. In order
to assure start-up of the oscillator, the transconductance —g,, /2 is always
larger than the value required to compensate all losses. This is taken into
account in (6.31) and (6.32) by defining gm—sarrup = 1/Rpand gy, = gmo/2 =
O - gm—startup- The factor o is one or larger and, in practice, in the range of two
to five for self-limiting oscillators. Alternatively, « can be close to unity when
an AGC-loop is used to stabilize the oscillator amplitude. Parameter « is in fact
the open loop gain of the oscillator.

Equation (6.31) is an approximation. Assuming that the bipolar transistor
can be scaled to make the base resistance noise small compared to the collector
shot noise and 8 > 1, the noise generated by the base resistance and base
current can be neglected. The factor 2/3 in (6.32) is only accurate for long-
channel devices and can be significantly higher in short-channel devices {20].
Furthermore, (6.32) only holds when the differential pair is operating in the
strong inversion region [21]. This equation is also an approximation since
noise sources such as gate and bulk resistive noise are neglected.

As can be seen from (6.31) and (6.32), the noise sources of a bipolar and
MOS cross-coupled LC oscillator differ only by a small factor when using
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first order modeling. In the following formulas, only the MOS cross-coupled
pair will be considered, but adaptation to a bipolar oscillator implementation is
straightforward.

Equation (6.32) can now be substituted in (6.29). The signal current in the
oscillator, igurrier—rms» can also be replaced. The maximum peak output current
of the differential pair is 4/7 - I,;;. Note that this is 21,,;; for a Colpitts oscillator
[22]. The differential pair will no longer switch at high frequencies, and the
current is better approximated by I,,;;. This value will be used in the following
expressions. The following first order formula for the phase noise to carrier ratio
in an LC oscillator with MOS cross-coupled differential pair is now obtained:

11 _(f,,xc)z.kT(%a+l) 633)

L(fmIMos = 5 —5—
2 Q%C f m R p 1 tZail
Alternatively, n.c, the efficiency of converting DC power to RF power for
an LC oscillator, can be introduced:
Prr R, IZ

P “carrier—rms
= 6.34
Ppc Ly VCC 634

NLc =

Therefore, L(fn)mos can also be denoted as:

11 .<fosc>2.kT(§oz+1) 635

L(fm)Mmos =5+ —5—
" 2 Qic \fu nLc Poc

After several pages of phase noise calculations, it is time for some conclusions
and remarks:

m Equation (6.35) models the 6 dB per octave slope (proportional to 1/f 3 of
an oscillator. This slope continues for large offset frequencies until it hits
the white noise floor of the physical resistors R, and R, in Figure 6.21.
In practice, the white noise floor is determined by buffers cascaded after
the oscillator. Hence, the point where the oscillator sideband hits the white
noise floor is dependent on the buffer design. The measurement equipment
used to characterize an oscillator can also introduce a dominant white noise
floor.

= Assuming the offset frequency of an oscillator is in the range where the
oscillator sideband has a 1/f? slope, extrapolation is possible. For example,
if the £(10kHz) is -80 dBc/Hz, £(20kHz) will be -86 dBc/Hz and L(2MHz)
will be -126 dBc/Hz.
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m From (6.33) it is clear that a doubling of the Q¢ in principle gives 9 dB
improvement in £L(f,;). The term Q%c contributes 6 dB, but R, is also dou-
bled, which accounts for 3 dB improvement. In practice, the improvement
can also be 6 dB as indicated by (6.29). If 2 is dominated by device noise,
the reduction by a factor two of the tank noise source 4kT/Rp caused by
the doubling of R, will be negligible, and L( f,,) will improve by 6 dB if
the quality factor is doubled.

= As one would intuitively expect, the phase noise becomes 3 dB lower if
the power is doubled (see (6.35)). Conceptually this can be understood
by putting two identical oscillators in parallel. In such a case, properties
like tuning range and center frequency remain unchanged, but the power is
doubled. Since the signal will add voltage-wise and the noise power-wise,
a 3 dB improvement in signal-to-noise is obtained.

s From the latter two conclusions and (6.35), it is clear that the quality factor
and the signal power should be maximized for a minimum L(f,,). This
means that both the inductor and varactor should be optimized for minimal
losses.

» Inpractice, the quality factor Q| ¢ is the loaded quality factor. The unloaded
quality factor is the quality factor of the tank circuit as defined in (6.26). In
an oscillator circuit, the resonator is “loaded” by the impedances of the active
oscillator part (such as the input impedance) and by any buffer connected
to the oscillator. This loading can be taken into account by incorporating
the resistive losses into loss resistance R, thus forming the loaded quality
factor Q1 c. The capacitive part of circuits loading the tank effectively adds
to capacitor C), of the resonator.

Linear Modeling: Multi-Phase L.C Oscillators

It was pointed out earlier that many modern transceiver architectures require
quadrature signals. Some architectures may even require more than two phases.
There are several methods of generating quadrature signals. An LC oscillator
can be used together with a divider. If the oscillator has a 50% duty cycle,
quadrature signals are obtained. In this case, the oscillator operates at a fre-
quency of twice the wanted output frequency. Poly-phase networks are another
means of generating quadrature signals. For example, an RC-network can be
used together with limiters to obtain reasonable phase and gain matching. For
good matching, the input signal to the poly-phase network should have low
harmonic distortion. A third possibility is the use of even-stage RC oscillators.
As will become clear in the next section on RC oscillators, L.C oscillators have
superior phase noise performance compared to RC oscillators. For this reason,
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Figure 6.25. Multi-phase LC oscillator model.

if multi-phase signals are needed in combination with a low phase noise to
carrier ratio, the use of multi-phase LC oscillators can be the best option for a
transceiver. In the paragraphs that follow the phase noise of a multi-phase LC
oscillator will be analyzed using linear modeling.

Figure 6.25 shows the multi-phase oscillator model which will be used to
calculate £(f,,). The model is constructed using N identical LC oscillators.
A phase shifter with phase shift 6 is included in each section in addition to a
single phase oscillator. Phase shift 6 can be zero, which means that the block
¢an be omitted. However, in the following paragraphs it will become clear that
it is best to make 6 deliberately non-zero.

The quality factor for a multi-phase oscillator can be derived using the general
quality factor definition from (6.25):

Q LCoutti—phase @) = N - Q1 - cos(@) (6.36)

where ¢ is the LC resonator phase shift, N is the number of LC oscillator stages
and Q¢ is the quality factor of the LC resonator in a stage as defined in (6.26).
Equation (6.36) is an approximation of a more complex expression, but has an
error less than 1% for ¢ ranging from 0 to 70° [23]. At 80° and 89° the error
is 3.8% and 70%, respectively. Equation (6.36) reaches its maximum when the
phase shift ¢ of the resonator in each stage is zero. In that case, the maximum
quality factor of an N-stage LC oscillator is:

QLCmMIIi—phaxe—max = N ' QLC (637)

Intuitively this result could be expected, since an LC resonator has its maxi-
mum phase slope 8¢ /8w at zero phase shift. Now the importance of the phase
shifter with phase shift 6 in Figure 6.25 becomes clear. The quality factor of
an N-stage multi-phase LC oscillator can be maximized by incorporating a
phase shift 9 in each stage, with 0 equal to £180°/N. The value +180°/N
follows from the phase condition for oscillation. The phase shift & can be de-
liberately implemented by a phase shifter, but can also be partly or completely
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implemented by parasitic phase shift of active devices, especially at high fre-
quencies.

Applying (6.24) and making the same assumptions as were made for the sin-
gle phase LC oscillator, the phase noise of a multi-phase oscillator implemented
by MOS differential pairs can be calculated:

Ewos = 5 rigrmar J’os%)z NETGa+cost@)
N2Qi - cos(¢) Jm nLc cos(¢) £ac
(6.38)
with:
—tan($) + /4 03¢ + tan2(g) |

(6.39)

fnsc¢ = 2QLC . e Cp Lp

In addition to the conclusions regarding phase noise in a single phase LC
oscillator, the following remarks and conclusions can be made for a multi-phase
LC oscillator: £

®= From the quality factor definition in (6.36) and from (6.38), it follows that
the resonator phase shift must be minimized for a minimum £( f,,). This can
be achieved by making the phase shift 6 equal to +180°/N for an N-stage
LC oscillator. Note that (6.38) is also valid for N = 1. Equation (6.38) with
N =1 is identical to (6.35) if the resonator phase shift ¢ is zero. It follows
that for a single phase oscillator, the phase shift of the active part should be
minimized in order to minimize £(f;,).

= Figure 6.26(a) shows the Q1. ... 25 @ function of the resonator phase
shift ¢ and the related degradation in £(f,,) for a quadrature LC oscillator
(N = 2). As mentioned in the discussion of the phase noise of a single phase
oscillator, L( f,,) can be proportional to 1/ Q%c orl/ Q3Lc- Both cases are
plotted in Figure 6.26(b). At around 45° and less, the degradation is still
smaller than 5 dB. For large phase shifts, the degradation amounts to more
than 25 dB. Hence, the phase shift 6 in Figure 6.25, which takes care of
the required phase shift per section (£180°/N) to obey the phase condition
for oscillation, is needed for optimal performance. At high frequencies,
where the parasitic phase shift of the active devices is relatively large, part
of the required phase shift per section can be already implemented by these
devices.

= When £( f,,) is normalized for total power dissipation, £( f,,) is independent
of the number of stages. This is made explicit in (6.38) which takes the total
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power Ppc into account. The number of stages N falls out because N 2
cancels out in the numerator and the denominator.

s In the behavioral model of Figure 6.25, an additional amplifier with posi-
tive feedback can be introduced in each section to partly compensate loss
resistance R,,. This provides a control input which, together with transcon-
ductance g,,, can be used to control the oscillator output voltage. This new
behavioral model is readily obtained (e.g. for two stages) by coupling two
single phase oscillators with two additional transconductances. The derived
quality factor Q¢,.,.- . a0d conclusions for optimum coupling are also
valid for this architecture.

» The phase shifters with phase shift & = £180°/N lower the risk of spurious
oscillation in a multi-phase L.C oscillator. If the LC resonators in each stage
are not operating close to zero phase shift, more than one oscillation mode
may exist which can cause multi-oscillation and can hamper the operation
of the circuit. If and when this phenomenon occurs depends on the value of
the coupling current and the degree of nonlinearity in the multi-phase LC
oscillator.

Nonlinear Modeling

At very high frequencies, relative to the cut-off frequency of a process an
LC oscillator can operate in the linear region. In general, however, most active
devices in the oscillator core operate in the (strongly) nonlinear region. In
principle, all conclusions outlined using linear modeling are still valid, but the
results cannot be used for accurate quantitative predictions concerning L(f)-
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Figure 6.27.  Up and down-convertedmnoise add to the total £(fi,).

Additional nonlinear phase noise mechanisms can increase the phase noise
significantly. On the other hand, some nonlinear effects, like modulation of
noise sources, can reduces the phase noise. The most important mechanisms
and considerations are the following.

= Up-conversion of noise: The 1/f-noise of the devices in the oscillator core
contribute to L(f,) via up-conversion. This is illustrated in Figure 6.27.
For example, in the case of an LC oscillator with a cross-coupled pair, the
transistors may be fully switching on and off and will mix the low frequency
noise to w,,. and higher harmonics. As discussed later, the 1/f-noise corner
of the devices in the oscillator does not have to coincide with the 1/f-noise
corner wyy of the oscillator spectrum (see Figure 6.23).

= AM-PM conversion: The easiest way to visualize this mechanism is
to consider an LC oscillator with tail current ,,;. The transistor which
implements the tail current source has 1/f-noise. In the first instance,
this 1/f-noise only causes AM-modulation. However, nonlinear junction
capacitance and especially varactors with high tuning slopes convert the AM
noise into PM noise. The L(f,,) as a result of AM to PM conversion can be
expressed using modulation theory:

K2, 2.
E(fm) — 1010g tail—rms “n—tail (640)
(2 fm)?

in which K 4j;_,n, is the sensitivity of the frequency for tail current variations

in Hz per A rms, and 3_ta ;1 18 the noise of the tail current source in A/+/ H z.
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Every oscillator control or power supply node can be modeled with a certain
(parasitic) K., or K .. This constant can be used in (6.40) to calculate
the maximum noise that can be allowed (on the power supply or tuning
input, for example) given a certain L(f,,) specification. If AM to PM
conversion is dominant, the contribution of this effect can be lowered by
adding fixed linear capacitance and lowering L or the varactor capacitance.
Lowering the varactor capacitance will also lower the available tuning range.
Alternatively, the tuning range can be divided into multiple bands which
lowers the varactor slope within one band.

Down-conversion of noise: Similar to up-conversion the noise at higher
harmonics of w,,. contributes to the total phase noise at w,;. due to down-
conversion or inter-modulation between the carrier and the wide band noise
at multiples of the oscillation frequency (Figure 6.27). This mechanism is
also referred to as noise folding. The number of harmonics that should be
taken into account for an accurate estimation of this mechanism to the total
L(fn) depends on the bandwidth of the active devices and the frequency
of operation. In practice, if noise contributions up to the fifth harmonic are
included, results are sufficiently accurate.

Tail current noise in L.C oscillators at 2w,,. also contributes to the phase
noise at w,;. [24]. An useful technique to reduce this contribution is to filter
the tail current noise at 2w, by connecting the output of the tail current
source via a series inductor to the VCO core, and at the same time with a
capacitor to ground [25, 26]. In this way, the noise has a low-ohmic path to
ground and a high-ohmic path to the oscillator core without disturbing the
DC conditions.

Modulation of noise sources: In contrast to noise generated by resistors,
which is stationary, the channel noise of a MOS transistor and the shot
noise (base and collector) of a bipolar transistor are cyclo-stationary. The
amplitude of the noise of the latter two sources will vary, since the current
through devices varies significantly every oscillation period. This must be
taken into account for accurate L£( f,,) predictions.

Saturation effects: The oscillator designer usually tries to maximize the
carrier level in order to maximize L(f,,). This results in a large voltage
swing across the varactors and active devices in the oscillator. Phase noise
performance can degrade by many dBs if the oscillator enters the voltage
limited region during the oscillation period, or, in other words, if the oscil-
lation amplitude is no longer tail current limited. One possible cause can
be junctions in a bipolar (e.g. base-collector junction) or MOS transistor
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which are no longer reversed biased and which start to contribute additional
shot noise. In addition, if tuning diodes are used, these should be used
in the reverse region only in order to minimize leakage currents and noise
contribution.

m Carrier level: If a self-limiting oscillator is used, the amplitude is deter-
mined by nonlinear mechanisms, and can only be calculated by taking the
nonlinearities of the active devices in the VCO core into account. Alterna-
tively, the carrier can be simulated using transient analysis. Since the rms
carrier level is a parameter in L(f,,), it must be determined accurately for
predictions.

There are several theories which take into account the discussed nonlinear
‘phase noise mechanisms, and allow accurate quantitative predictions of L(f,)
of oscillators working (strongly) in the nonlinearregion. A detailed discussion is
beyond the scope of this chapter. Instead, a brief overview and some references
will be given.

A general theory on phase noise in electrical oscillators is described in [27,
28, 29]. It takes the time-varying nature of oscillators into account and also
accommodates cyclo-stationary noise sources such as the MOS channel noise
and bipolar shot-noise. The theory assumes that the noise current to phase
transfer is linear, that is, if the noise current is doubled then the phase change
also doubles. The heart of this model is the impulse sensitivity function (ISF)
denoted by I'(x). I'(x) is a dimensionless function with a period 2w which
describes how much the phase of the oscillation signal varies when a unit pulse
is applied. Since itis a periodic function, it takes the variation in bias conditions
during one cycle into account, which is neglected using linear modeling. The
effective I'(x) can be used to describe both the 1/f-noise region as well as
the white phase noise region of L(f,,). For each noise source I'(x) must be
calculated (or simulated), and output phase noise powers can then be added
power-wise if they are uncorrelated. An interesting design insight derived by
this theory is that the w, /s (see Figure 6.23) can be made significantly smaller
than the 1/f-noise corner of the active devices in the oscillator. In order to
minimize w; ¢, the waveform of the oscillator should be made as symmetrical
as possible. For example, the rise and fall times should be as similar as possible.
As the symmetry is important for each noise source, every half-circuit, and not
only the differential circuit, should be as symmetrical as possible.

A different approach which is illustrated by the calculation of phase noise in
a CMOS Colpitts oscillator is outlined in [22]. Without making assumptions
about the amplitude level or the existence of AGC control, both the carrier level
and the phase noise as a result of the various noise currents are calculated,
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Figure 6.28.  LC oscillator with complementary cross-coupled differential pair.

taking into account the nonlinearity. This approach can also be generalized for
multiple noise sources.

The last approach mentioned studies the differential cross-coupled LC oscil-
lator, and takes into account resonator noise, tail current noise, noise folding of
the differential pair noise, and 1/ f -noise up-conversion [24]. Relatively simple
closed-form expressions are obtained. A detailed analysis of noise folding is
also presented in [30].

6.3.2 Topologies

The topology which is most often used in integrated circuits, the cross-coupled
differential pair, has already been introduced. Single-ended oscillator structures
are rarely used since the oscillator signal is then present in the ground and
supply lines, and introduces spurious signals in other circuits on the chip. Many
different resonator circuits are used in combination with the cross-coupled pair,
using one or more of the tuning methods already described. Capacitive tapping
can be used to give a high voltage swing over the tank, and only a certain ratio of
this voltage over the cross-coupled pair. This can be very useful for low voltage
circuits, but can also improve L(f,,) by providing a noise match between the
resonator and cross-coupled pair [31].

A few more topologies will be described in this section but it should be noted
that this is just a selection of some of the interesting topologies. A multitude of
other LC oscillator topologies exists and it is the application which determines
which one is best.

The complementary differential topology in Figure 6.28 has a maximum
amplitude (4/7 - I, R, With R, the effective tank impedance) which is twice
the amplitude of an NMOS differential pair [32, 33]. Due to the push-pull
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Figure 6.30.  Quadrature LC oscillator with phase shifters.

structure, the oscillator waveform can be made more symmetrical by tuning
the W/L ratios of the PMOS and NMOS transistors. As mentioned earlier,
this symmetry can lower w;,s of the phase noise spectrum. Compared to the
NMOS-only implementation, the PMOS adds additional parasitic capacitance
which will decrease the tuning range.

If there is sufficient voltage room, the AC-coupled cross-coupled bipolar pair
in Figure 6.29 can be used, which allows a large voltage swing. The collector-
base junction limits the maximum voltage swing without AC-coupling. Once
this junction comes into forward bias, the oscillator enters the voltage limited
region and the phase noise performance becomes poor. By biasing the bases of
the transistors lower than the collectors, the maximum allowable voltage swing
can be increased.
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Animplementation of a quadrature LC oscillator with phase shifters is shown
in Figure 6.30 [23]. The capacitors and the bottom transistors implement a
differentiator which provides the 90° phase shift for optimal phase noise. At
high frequencies the coupling differentiators will provide less than 90° phase
shift, and emitter followers (not shown in the figure) can be added to compensate
for this. The followers will add some parasitic phase shift. The carrier level can
be controlled with tail current I;.,.;. As mentioned earlier, parasitic phase shift
can replace the need for intentionally added phase shift in optimally coupled
N-stage multi-phase LC oscillators, provided that the parasitic phase shift is
+180°/N per stage.

6.4 RC OSCILLATORS

RC oscillators, such as ring and relaxation oscillators are especially known for
their ease of integration and large tuning ranges. The feedback model discussed
in the previous section, will be used to shown why RC oscillators are normally
much noisier than LC oscillators, given a certain power budget. Relaxation os-
cillators will not be discussed as they have in principle no particular advantages
at high frequencies compared to ring oscillators. Analysis of relaxation oscil-
lators and some implementations can be found in [34, 35, 36, 37, 38, 39, 40].
Analogous to the discussion of LC oscillators, frequency, tuning and phase
noise to carrier ratio of RC oscillators will be analyzed first. Finally, two high-
performance RC oscillator topologies are highlighted.

6.4.1 Frequency, Tuning and Phase Noise

During the discussion of phase noise of RC oscillator, it will become clear that
a minimum number of stages is optimum for low phase noise given a certain
power budget. Hence the two-integrator oscillator is interesting since it has
only two stages and also provides quadrature signals.

The behavioral model of the two-integrator oscillator was shown in Figure
6.15 and is repeated in Figure 6.31 for convenience. In this model, losses in
each stage are modeled by resistor R. If these losses are exactly compensated
(gm = 1/R), then each stage is a perfect integrator and the phase condition for
oscillation is fulfilled for all frequencies. The model in Figure 6.31 will be used
to analyze the properties of the two-integrator oscillator. All noise sources in
each stage are combined in noise current source i,. Note that if a differential
implementation is assumed, the inversion in the behavioral model is simply a
cross-coupling of wires.

Figure 6.32 shows a general model for a multi-stage ring oscillator. This
model will be used to analyze the properties of ring oscillators of three stages
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Figure 6.31.  Behavioral model of a two-integrator oscillator.

Figure 6.32.  Multi-phase ring oscillator model.

and more. In order to comply with the conditions for oscillation for a finite
oscillation frequency, the minimum number of stages N is three. In Figure
6.32, all noise sources in a stage are combined in noise current source i,,.

Frequency

The RC oscillators discussed in this chapter, the two-integrator and ring oscil-
lator, consist of two or more stages. The oscillation frequency is determined
by the large signal delay 7,,,,, in each stage. Each half period, the oscillator
signal propagates through the stages and forces a signal inversion. If the propa-
gation delay 74,14y is equal for all parts of the propagating signal, the oscillation
frequency is equal to:

1

05Clarge—signal — AT o
_f(. [la,,&e__uyml 2Nrdelav ( )

Alternatively, the oscillation frequency can be determined by looking at the
open loop transfer of the RC oscillator, calculating the gain and phase char-
acteristics, and seeing at which frequency the oscillation conditions are met.
This linear analysis can accurately predict the actual oscillation frequency if the
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oscillator works in the linear region. For oscillators with active devices work-
ing in the moderate or strongly nonlinear region, linear analysis will predict a
higher oscillation frequency than the actual (large signal) oscillation frequency.
Nevertheless, linear analysis is a convenient starting point and provides insight
into the basic parameters determining the frequency.

The frequency of the two-integrator oscillator is determined by the amplitude
condition of oscillation. Provided that the losses modeled by R in Figure 6.31
are completely compensated by g, the phase condition for oscillation is met
for any frequency. Calculating the amplitude condition for oscillation gives:

Eme
C
Unlike the two-integrator oscillator, the oscillation frequency of the N-stage
ring oscillator in Figure 6.32 is determined by the phase condition of oscilla-
tion. The transconductances g,, should be large enough to meet the amplitude
conditions for oscillation. For N > 3 it holds that:
tan(;t /N)

osc — — 6.43
o RC (643)

The maximum frequency of operation of RC oscillators is determined by
technology parameters such as fr or whatever time constant is dominant (for
example input or output bandwidth) in the active devices. The topology also has
a significant influence. In general, more components mean more inter-connect
and device capacitance, and therefore a lower maximum oscillation frequency.
Since the degree of nonlinearity determines how much the large signal oscil-
lation frequency drops compared to linear analysis, the carrier amplitude (and
therefore the L( f,,) specification) also has a significant influence.

(6.42)

Wyse =

Tuning

Tuning of the two-integrator oscillator can be realized by varying the transcon-
ductance g, or the capacitance C as indicated by (6.42). The g,, is normally
varied. If the transconductances are implemented by bipolar differential pairs,
the frequency will vary linearly with the tail current. If MOS differential pairs
are used in saturation, the frequency will be proportional to the square root of
the tail current. Figure 6.33 shows the tuning behavior of a bipolar implemen-
tation (see Figure 6.36) and the effect of transistor parasitics. A large part of
the nonlinearity is determined by the diffusion capacitance part of C;, which is
current dependent. Since g,,; can be varied over a large range, the tuning range
can easily be made more than an octave, and can even be made larger than a
decade.
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Figure 6.33.  Tuning characteristic of the two-integrator oscillator.

Ring oscillators can be tuned in four different ways. The first two are in-
dicated by (6.43). By changing resistance R or capacitance C, the oscillation
frequency  changes. The third method is to change the delay in each stage by
changing the transconductance g,, in Figure 6.32. The fourth possibility is to
use two signal paths per stage with different delays, and summing the outputs
of the separate paths with a controllable weighting factor. This last techmque
is called delay interpolation.

Capacitive tuning can be realized using the techniques described on page
208. The tuning range will then be rather limited and nonlinear compared to
the other available techniques of tuning RC oscillators. Capacitive tuning will
also limit the maximum oscillation frequency, since a varactor with a certain
minimum capacitance must be added. For these reasons, capacitive tuning is
rarely used in combination with ring oscillators. If the transconductances in
Figure 6.32 are implemented by differential pairs, the parasitic delay (controlled
by the tail current) can be used for tuning. The tuning range will be very small,
especially when the dominant time constant is the output bandwidth formed by
R and C.

Large linear tuning ranges are possible when employing resistive tuning. Two
examples are given in Figure 6.34. The capacitors should be omitted in these
circuit diagrams, for a maximum oscillation frequency. In Figure 6.34(a), the
cross-coupled pair implements a negative resistance which is in parallel with the
collector resistors and input resistance of the next stage. Therefore, by varying
I1une the total resistance and thus the frequency is varied. A second possibility is
shown in Figure 6.34(b). The PMOS transistors operate as variable resistances
controlled by V,,,, in the triode region. Since it is not only the frequency which
varies with both methods but also the gain in each stage, the amplitude level
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Figure 6.34. Examples of resistive tuning in a stage: using a negative controllable resistance
(a) or MOS transistors in the triode region (b).

VCC

Figure 6.35.  Bipolar implementation of a delay interpolation stage.

varies significantly over the tuning range. This means that £( f,,) will also vary.
By increasing I, in Figure 6.34(b) when V,,,,, decreases, the swing variation
across the tuning range can be decreased [41].

Figure 6.35 shows an example of ring oscillator tuning applying delay inter-
polation [42]. The differential pair controlled by Vi, determines the ratio of
the output current of the fast and the slow path. The slow path has one additional
delay compared to the fast path implemented by a differential pair.
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Phase Noise to Carrier Ratio

Linear Modeling

For the analysis of phase noise in RC oscillators the same route will be
followed as for LC oscillators. First, the phase noise to carrier ratio will be
analyzed using the transfer function for an oscillating feedback system shown
in (6.24) and its accompanying quality factor formula in (6.25). In the second
part of this section on phase noise in RC oscillators, nonlinear effects will be
discussed.

Using (6.25) and the oscillation conditions, the quality factor for the ring
oscillator model in Figure 6.32 can be derived:

LN sin(Z 6.44
Cre =3 N sin () 644

Equation (6.44) is also valid for the two-integrator oscillator shown in Figure
6.15. For N = 2, Qgrc = 1. When N goes to infinity Q,. reaches its maximum
which is 7 /2. .

Now that the quality factor Qgc has been derived, derivation of L(f,,) for
ring oscillators is straightforward. The quality factor Q; ¢ in (6.29) has to be
replaced by Qrc, and E has to be multiplied by N to account for the noise in

every stage:
11 > Ni2 |
L) = 5+~ (f—) gt (6.45)
2 4 QRC fm Learrier—rms

Equation (6.45) is valid for N > 2. That s, it is also valid for the two-integrator
oscillator. By choosing an RC oscillator topology, i2 in (6.45) can be expanded
in a similar way as was done in Section 6.3.1.

A number of conclusions and remarks can be made about the derived equa-

tions for RC oscillators:

= Equation (6.45) models the 6 dB per octave slope (proportional to 1/f2) of
an RC oscillator. This slope continues for large offset frequencies until it
hits the white noise floor. In practice, this white noise floor is determined
by buffers cascaded after the oscillator.

» In a similar way as for the LC oscillator, the phase noise becomes 3 dB
lower if the power is doubled. If two identical RC oscillators are combined,
the phase noise lowers 3 dB, since the carrier adds correlated and the noise
adds uncorrelated.

= The quality factor can be slightly improved by increasing the number of
stages N. However, when N is increased, also the number of noise sources
and the power dissipation are increased.
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m Since Qrc = 1 for N = 2 and is maximally 7/2, it is clear that LC
oscillators have superior phase noise for a given power budget. In practice,
Q¢ can be made significantly larger than 10, and depends on the resonator
technology, whereas Q g¢ is technology-independent. In other words, given
a certain L( f,,) specification, the power dissipation in an RC oscillator will
be much higher than in an LC oscillator.

Nonlinear Modeling

In general the same nonlinear phase noise mechanisms which are present in
LC oscillators contributing to the total £(f,) in RC oscillators. The general
phase noise theory outlined in on page 220, on nonlinear phase noise modeling
in LC oscillators can also be applied to RC oscillators. Application of this
theory on differential ring oscillators, shows that a minimum number of stages
is optimum for a minimum L( f,,), given a certain power budget [29].

Instead of analyzing the phase deviations of an oscillator in the frequency
domain, [43, 44] describe and model the phase deviation in the time domain
(jitter). This results in a figure of merit for ring oscillators, which is independent
of the number of stages N and links circuit noise to the total jitter performance.

In [19], phase noise is analyzed using linear theory and several contributions
originating from nonlinear phase contributions, such as noise folding, are added
to the linear results. The assumption here is that the oscillator works in the
weakly nonlinear region. Modulation of the noise sources is not taken into
account, for example.

A final remark on the phase noise of RC oscillators involves (6.40). Since the
tuning range of an RC oscillator is usually large, and since maximum supply
voltages are becoming lower and lower, the tuning constant K, is usually
very large. Equation (6.40) shows that this implies that the RC oscillator is
very sensitive to modulation by external noise sources. One measure which
can be taken is to divide the tuning range into a coarse tuning range which uses
low noise switchable current sources, and a fine tuning range which interpolates
between the bands. The K., of the fine tune input is reduced in this way.

6.4.2 Topologies

In this section two RC oscillator circuit implementations will be highlighted. A
number of topologies have already been introduced in Section 6.4.1. A number
of references to interesting topologies is also given in the following section,
which describes an RC oscillator design example.

An implementation of the two-integrator oscillator is shown in Figure 6.36.
The cross-coupled pair in each section implements the negative resistance which
is needed to compensate all losses (g, in Figure 6.31). The integration capaci-
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Figure 6.36.  Bipolar implementation of the two-integrator oscillator.
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Figure 6.37.  Low voltage ring oscillator stage with high supply rejection ratio.

tance consists of device parasitics and interconnect capacitance. The differential
pair at the bottom implements g, in the behavioral model from Figure 6.31.
At high frequencies, the cross-coupled pair controlled by I;,,.; does not need
to compensate all losses, since the differential pairs have some parasitic phase
shift. The lowest frequency of operation is determined by the ratio between I,,,,,
and I,y,;. If I,,,, approaches Ij,,.;, the circuit will start to act as a flip-flop, and
latch-up will occur. The ratio at which this occurs depends on the mismatches
in the circuit. As with all symmetric oscillators, symmetry in the layout is very
important in order to obtain accurate quadrature signals from this oscillator.
Figure 6.37 shows a ring oscillator stage which has a good supply rejection
ratio due to the cascoded current sources [45]. Only one stage is shown. The
bias voltage for the current sources are most easily generated by a cascode
current mirror. The minimum supply voltage of this architecture is one gate-
source voltage plus two drain-source saturation voltages. Replacing the cascode
current source by one device will save on saturation voltage, but at the expense
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Figure 6.38.  Simplified schematic of the LC oscillator.

of decreasing the supply rejection ratio. Two diode-connected transistors limit
the voltage swing and keep the current sources in the saturation region, which
improves the speed.

6.5 DESIGN EXAMPLES

In the last section of this chapter, an LC oscillator and an RC oscillator design
are highlighted. '

6.5.1 An 830 MHz Monolithic L.C Oscillator

In Chapter 1 the technology Silicon-on-Anything was discussed. This design
example of a fully integrated LC oscillator exploits this technology and its
high quality passives in order to realize a low phase noise to carrier ratio at a
dissipation level below 1 mW.

Circuit Design

A balanced oscillator topology was chosen for the oscillator design, to maximize
rejection of common mode disturbances. The design is shown in Figure 6.38.
Common mode rejection is particularly important if the VCO is integrated with
other sub-systems, like in a transceiver system. The disadvantage of a balanced
LC oscillator design with integrated coils is a substantial increase of the chip
area, since the inductor area often dominates.

The value of the on-chip inductors was 29.8 nH with a Q,,,, of ~ 17.3 at
1 GHz. The total parasitic capacitance of this coil was 150 fF. Seven varactor
sections in parallel, each of 240 fF (zero bias) have been used.The capacitance
ratio Coux/ Cmin for a bias voltage V,.yerye ranging from O to 5 volt, was ap-
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Figure 6.39.  Circuit diagram of the output buffer.

Figure 6.40.  Micrograph of the LC oscillator.

proximately 1.7. The quality factor of the PN-junction varactor is around 26
at 1 GHz. The total current consumption of the VCO consists of twice 1, (40
uA) plus I, (80 £A). Nominal supply voltage was 5 volt to have a maximum
tuning range. Dissipation of the VCO can be lowered by lowering VCC at the
expense of a slightly reduced tuning range.

An open collector output buffer is implemented, in cascade with the VCO and
emitter followers, delivering -30 dBm in 50 €. The schematic of the differential
buffer is shown in Figure 6.39. Without special measures in the output buffer,
a multi-oscillation would occur as discussed in Section 6.1.4 of this chapter. In
this VCO design, one of the two simultaneous oscillations was introduced by
loading of the VCO core due to the buffer. This resulted in a severely distorted
VCO output signal. The feedback in the second stage of the buffer substantially
reduced the loading on the VCO circuitry, and eliminated the multi-oscillation
phenomena. The total dissipation of the output buffer was 7.2 mW.
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Figure 6.41.  Frequency and CNR(100 kHz) versus Viye.

Measurements

A micrograph of the monolithic LC oscillator is shown in Figure 6.40. The two
inductors occupy a dominant part of the 1940 m x 1280 pm active chip area.
On the left two output buffers can be seen. One was used to measure the buffer
characteristics. ,

Frequency and CNR measurements were performed using an HP8562E spec-
trum analyzer with pre-amplifier. Frequency versus tuning voltage V;,,. mea-
surements are presented in Figure 6.41. The measured tuning range is 668
MHz to 830 MHz when V,,,, is varied from 5 to 0 volt, which is more than
21%. Phase noise measurements are also plotted in Figure 6.41. For the tuning
voltage range from 5 to O volt, CNR(100 kHz) varies between 98.1 and 100.4
dBc/Hz.

The power spectrum of the oscillator with V},,,. equal to O volt is shown in
Figure 6.42.

6.5.2 A 10 GHz I/Q RC Oscillator with Active Inductors

The two-integrator oscillator discussed in this chapter can have a very large
tuning range. Implementations of the two-integrator oscillator were realized
with a CNR of 106 dBc/Hz at a 2 MHz offset (using 100 mW), with a wide
tuning range from 0.9 GHz to 2.2 GHz [7]. However, when an RC oscillator
implementation has to work at very high frequencies, for example at 1/3 of
the fr of an IC technology, other topologies are more suitable. The topology
in this design example outperforms the two-integrator oscillator with respect
to the phase-noise to carrier ratio and maximum oscillation frequency at the
expense of tuning range reduction [46].
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Figure 6.42.  Power spectrum of the SOA oscillator.
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Figure 6.43.  Circuit implementation of the I/Q RC oscillator.

Circuit Design

The circuit diagram of the I/Q RC oscillator is shown in Figure 6.43. It is
one possible circuit implementation of the multi-phase L.C behavioral model
shown in Figure 6.25. However, the inductors are implemented with active
devices which gives this circuit the phase noise properties of an RC oscillator.
Conceptually, this can be regarded as using an inductor with a quality factor
close to unity.

The I/Q RC oscillator was realized without lumped capacitance: all capac-
itance consisted of device and interconnect parasitics. Differential pairs g,,4
with tail current I,,,; provided the gain to comply with the amplitude condition
for oscillation. The inductors in Figure 6.25 were implemented using transis-
tors g, When the base and collector of a bipolar transistor are shorted, this
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Figure 6.44.  Simplified schematic of the implementation of Ryyne.

two-terminal device becomes an active inductor for high frequencies [47]. The
inductance can be varied by controlling the base resistance or by varying the
current through the transistor. By adding load resistance R, in the collectors of
transconductance g, , this transistor not only realizes the active inductor, but
also provides cascode buffering. This means that circuits with low impedance
levels can be connected to the collectors of transconductance g, ., without load-
ing the oscillator core. Tuning was realized using variable resistor R;,,. which
is added in the base of g, .

The implementation of Ry, is shown in Figure 6.44. R,,,. was realized us-
ing a diode-connected transistor (dimensioned to have little inductance), which
was AC-coupled to the base of transistor g,,;, (point P in Figure 6.43 and 6.44).
The current of this transistor was controlled by a linearized differential pair.

Measurements

The RC oscillator from Figure 6.43 was realized in a 30 GHz fr BiCMOS
process. The IC micrograph of the realized I/Q RC oscillator is shown in Figure
6.45. The internal oscillator signal swing was set to 250 mV,, by setting Jj.y
to 12 mA, which was found to be the optimum for a maximum CNR. Making
I}, smaller would result in a higher oscillation frequency but a smaller CNR.
The active chip area of the RC oscillator with V/I-converter was less than 0.13
mm?. The total chip area including bond pads was 1.5x1.5 mm?. The power
dissipation of the total IC was 230 mW of which 75 mW was dissipated by the
VCO core. The power supply voltage was set to 2.7 V.

Measurements were performed on packaged samples (16 pin HTSSOP pack-
age). On-chip 50 Q I/Q buffers provided the quadrature output signals with -20
dBm output power. The measured frequency and CNR versus differential tuning
voltage V,,,. are shown in Figure 6.46.

The tuning range is 9.8 GHz to 11.5 GHz, which is 16 %. The CNR was
measured using a spectrum analyzer, and results were verified using HP3048
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Figure 6.45. Micrograph of the IC.
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Figure 6.46.  Frequency and CNR (2 MHz) versus differential tuning voltage.

phase noise measurement equipment, which has an accuracy of £2 dB. The
measured CNR at 2 MHz offset was better than 94 dBc/Hz over the complete
tuning range. Best case CNR was measured at 9.8 GHz and was 98 dBc/Hz.

The power spectrum of the ring oscillator at maximum frequency is shown
in Figure 6.47.

In the literature, reported ring oscillators are realized in various IC tech-
nologies, ranging from CMOS, BiCMOS and SiGe to InP and GaAs imple-
mentations. In Table 6.2, these oscillators are compared with the presented
quadrature oscillator design. At high frequencies, relatively close to the fr,
both the CNR and oscillation frequency should be benchmarked as they are
exchangeable: lowering the oscillation frequency would increase the internal
signal swing (because the gain per stage increases), and would thus improve
the CNR. This effect is in addition to the first order dependence of the CNR on



Oscillators

ATTEN 10dB aMKR -S54 . 24dB-Hz
RL BdBm 18d B~ 2. 00MHz
*
AMKH
2.80 MHz2
-94 |34 dB/H{

CENMTER 11.439175GHz

SPAN 18. DOMHz

PRU OOk Hz URW 1 ARk H>Z SWP S5A Bms

Figure 6.47.

Oscillator power spectrum at 11.5 GHz.

Table 6.2.  Ring oscillator benchmarking.
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Ref. fosc Ppc | I/Q | Process/ fr fosc/fr | CNRporm
GHz | mW -/ GHz [dBc/Hz]
This 11.5 {75 Yes | BiICMOS/ 0.38 150.4
Design 30
[48] 10 250 | No InP HBT/ 53 | 0.19 153
[49] 6.5 - Yes | AlGaAs, 0.3 -
GaAS/ 22
[50] 9 850 | Yes Si Bipo./25 | 0.36 130
[51] 2.2 1.3 No BiCMOS/ 0.13 140.7
18
[52] 10 - Yes SiGe/ 45 0.23 -
[19] 2.2 11.8 | No 0.5 um | ~0.15 | 150.2
CMOS/ ~15
{53] 543 | 40 Yes | 0.25 um [ ~0.14 | 157.2
CMOS/ ~40
[54] 1.8 22.5 | Yes Bipolar/ 18 0.1 153.5
{71 2.2 100 | Yes | BiCMOS/ 0.2 146.8

11
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the oscillation frequency (CNR ~ 1/f2 ).
The CNR is benchmarked using the figure of merit (FOM) in (6.46). The
theoretical argumentation for the applied normalizations originates from (6.45).

2
P
CNRuorm = CNRyeasured — IOIOg |:<fm > lnf‘;/:l (6.46)
osc

The FOM CNR,,,,, neglects second order effects (e.g. increased influence of
parasitics at high frequencies), thus making it difficult to realize a high CNR at
high f,./ fr ratios, in practice. It does normalize for first order dependency of
CNR on power dissipation Ppc (normalized to 1 mW), CNR offset frequency
Jm and f,.. The comparison in Table 6.2 shows that a high f,./fr ratio can be
combined with a high CNR,,,,, using the I/Q RC oscillator architecture with
active inductors.
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Chapter 7

Frequency Synthesizers

Frequency synthesizers are used to generate the local oscillator (LO) signal in transceiver
systems. The frequency of the LO signal determines which RF channel will be received
and to which RF channel the base-band information will be transferred, before being
transmitted by the PA-antenna combination. In other words, the frequency synthesizer
operates as the transceiver’s tuning system; in practice, the frequency synthesizer is
based on a phase-locked loop (PLL) control system. Important design aspects which
need to be taken into account are the spectral purity of the PLL output signal and the
power dissipation of the PLL building blocks. This chapter focuses on the spectral purity
performance of PLL frequency synthesizers, and on the circuit implementations of low-
power programmable frequency dividers and high operation frequency phase-frequency
detector/charge-pump combinations.

7.1 INTRODUCTION

Modern frequency synthesizers for high-frequency applications invariably con-
sist of a voltage controlled oscillator (VCO) which is incorporated in a feedback
control loop. If the controlled variable is the phase of the oscillator then the
combination of the VCO with the control system is referred to as a phase-locked
loop (PLL) frequency synthesizer. The block-diagram of a single-loop PLL fre-
quency synthesizer is presented in Figure 7.1. For the design of the VCO the
reader is referred to Chapter 6. The main points of this chapter are the design of
programmable frequency dividers and phase-frequency detector/charge-pump
combinations, and the spectral purity of the PLL output signal. We start with a
review of the single-loop PLL architecture, which is followed by a description of
the main specification points of tuning systems employed in modern transceiver
products. We then proceed with a discussion of the system-level aspects of the
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Figure 7.1. Block diagram of a single-loop PLL frequency synthesizer using a tri-state phase-
frequency detector/charge-pump combination (PFD/CP).

different PLL building blocks. After that, the concepts of open-loop bandwidth
and phase margin are introduced, and design equations for a type-2 third-order
PLL are derived.! We continue with an analysis of the spectral purity perfor-
mance of a single-loop PLL, namely spurious reference breakthrough and phase
noise performance; the section is concluded with a design procedure for the loop
filter components which leads to compliance to spectral purity requirements.
The remaining of the chapter presents architectures and circuit implementations
of building blocks for PLL frequency synthesizers: a truly-modular architec-
ture for low-power fully programmable frequency dividers and an architecture
for high operation frequency phase-frequency detector/charge-pump combina-
tions.

7.2 INTEGER-N PLL ARCHITECTURE

Single loop PLLs are by far the most used synthesizer architectures in the
industry. This is partly because of their simplicity in terms of external compo-
nents and ease of application, but also because they can be produced with high
reliability and occupy a small chip area.

A single-loop Integer-N PLL, as depicted in Figure 7.1, consists of a voltage
controlled oscillator (VCQ), a programmable frequency divider with a divider
ratio N, a phase-frequency detector/charge-pump combination (PFD/CP) and
a loop filter [1, 2]. In addition, the architecture also comprizes a reference
crystal oscillator and a reference frequency divider of ratio R. When the loop
is locked the phase 6,;, of the divided output signal f,;, accurately tracks the
phase 6, of the reference signal f,.r. The phase-lock process therefore forces

YThe “type” of a PLL indicates the number of perfect integrators in the loop, and the order of a PLL indicates
the total number of poles in the open- and closed-loop transfer functions.
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the frequencies of fy;, and f,.; to be equal. Relating F,,; to fy;, and f,.; one
readily obtains

Fou=N-frof =N f;“’. (7.1)

If the division ratio N is programmable in steps of 1, then the frequency of
the LO signal F,,, can be stepped with a minimum step size equal to f,.s.
If the transceiver needs to receive and/or transmit in another RF channel then
a different division ratio N is programmed in the frequency divider, and the
feedback loop adjusts the frequency of the VCO to the new value.

The basic limitation of the Integer-N PLL is that the reference frequency
frer is equal to the minimum step size of the frequency synthesizer (see Sec-
tion 7.3.2 below). This property can result in a very small value for f,.; in
some applications. Such a situation is undesirable, as small f,.; values can
lead to high values of spurious reference breakthrough and to a high phase
noise contribution from the “PLL blocks”, as will be presented in Section 7.6.
The Fractional-N PLL architecture decouples the reference frequency from the
minimum realizable step size [2]. Fractional-N techniques have received ex-
tensive attention in the recent literature {3, 4, 5, 6, 7, 8, 9], yet they will not
be treated in this chapter. Instead, we will concentrate on system aspects and
building block architectures which are equally valid and applicable to Integer-N
and to Fractional-N PLL architectures.

7.3 TUNING SYSTEM SPECIFICATIONS

This section describes the main specification points of tuning systems which are
employed within modern receiver and transceiver products. The specification
points determine important parameters of a PLL frequency synthesizer imple-
mentation. Furthermore, the concept of base-band phase noise power spectral
density is introduced in Section 7.3.5.

7.3.1 Tuning Range

The tuning range denotes the range of frequencies to be generated by the syn-
thesizer, see Figure 7.2 and Section 6.2.1. The tuning range is a function of
the RF input frequency range in receiver applications, and of the input and
output frequency ranges in transceiver systems. It is usual to classify a tuning
system as being either a narrow-range or a wide-range (or large-range) tuning
system. Cordless and cellular telephones are examples of narrow-range sys-
tems, whereas terrestrial TV and AM broadcasting are systems which operate
with wide tuning ranges.
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Minimum tuning step:
Minimum tuning step

(frequency resolution) System kHz
Gy AM 1

PAGER 12,5

v 62.5

FM 100

fi f2 T3 f GSM 200

- — — — — o — — - SAT. TV 1000

tuning range Biuetooth 1000

DECT 1728

Figure 7.2.  Tuning range and minimum frequency step.

7.3.2 Minimum Step Size

The minimum step size f,;,, also known as frequency resolution, is the mini-
mum frequency difference between two successive output frequencies that can
be provided by the synthesizer. Figure 7.2 depicts the concept.

The required step size is dependent on the application, and it is very often
equal to the frequency difference between two successive RF channels. With
this situation, stepping the frequency of the synthesizer changes the received
channel. Other applications require a minimum step size smaller than the chan-
nel width, for performing e.g. automatic frequency control (AFC) functions.
For example, an undesired frequency offset can be detected between the fre-
quency of the receiver input signal and the frequency generated by the synthe-
sizer. The offset can then be decreased by generation of an output frequency
which has a smaller offset with respect to the input frequency.

The required minimum step size value varies widely with the application. A
few examples are given on the table inserted in Figure 7.2.

7.3.3 Settling Time

The settling time is the time necessary for the tuning system to settle within a
frequency window delimited by =+ f,,,,, from the desired frequency fj,., after
a “change frequency” command has been received.? The settling time must be
smaller than a certain locking time ., which is a specification point defined by
the intended application. The locking time #;,.; is often defined for the largest
frequency step, which is equal to the tuning range. An analysis of the settling

2That is, the division ratio N of the main divider in Figure 7.1 is reprogrammed.
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behavior of a type-2 third-order PLL as a function of its open-loop bandwidth
and phase-margin can be found in [10, 11].

The required locking time is a function of the application. For example,
performing inaudible signal quality checks in a FM receiver equipped with
Radio Data System (RDS) requires a synthesizer with a locking time smaller
than 1 ms, defined as a residual settling error of 6 kHz for a 20 MHz frequency
step [12]. Telecommunication systems which employ a combination of Time
Division Duplex (TDD) and Frequency Division Duplex (FDD) techniques
have the down-link frequencies (base station to hand-sets) placed in different
bands as compared to up-link frequencies. In order to save cost and decrease
the size of the hand-set, it is desirable to use the same frequency synthesizer to
generate up-link and down-link frequencies. The settling requirements are that
the tuning system has to switch between bands and settle to another frequency
within a predetermined time (~ 1 ms for GSM and DCS-1800 systems [13]).

7.3.4 Spurious Signals

Spurious signals are undesired spectral components which appear at the output
of the tuning system, in addition to the carrier signal with frequency fLo.
Figure 7.3, a typical output spectrum from a PLL frequency synthesizer, clearly
shows the presence of spurious signals. In general, these signals originate either
from unwanted coupling of signals present elsewhere in the PLL to the output
node, or by modulation of the local oscillator by deterministic baseband signals.

Next, we will investigate the relationship of RF spurious signals to the phase
modulation (PM) properties of an oscillator signal. The output signal S,, of
an oscillator can be generically expressed as follows

Sueo = A(t) cos (27 frot +0(1)), (1.2)

where A(t) is the amplitude of the VCO signal and 6(¢) is the “excess phase”,
or the phase deviation with respect to the “ideal” phase of the signal, namely
27 f1ot. In most applications, the amplitude A(t) of the VCO signal can be
considered constant, i.e. free of undesired amplitude modulation. We consider
next a signal with constant amplitude Az o which is phase-modulated by a sine
wave of frequency f,

Suco = Ao c0s (27 frot + 0 sin 27 fut) , (1.3)

where 6, is the peak phase deviation, also known as the modulation index f
[14]. When 6, < 1, thus fulfilling the narrow band FM condition, S,., can be
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Figure 7.3.  Frequency source imperfections: spurious signals and phase noise sidebands.
approximated by [2, 14, 15]

6 )
Sveo = ALo(cOs 2 fr ot — 3" cos 27T (fro + fu)t + 3” cos 277 (fLo — fu)t)
(7.4)

We see that the modulation process by a sine-wave of baseband frequency f,,
generates a pair of frequency components — the spurious signals, in the present
consideration — at a distance =+ f,, from the carrier frequency f1o (as seen,
for instance, in Figure 7.3). Therefore, the offset frequency from the carrier
equals the frequency of the modulating signal Jm- Equation (7.4) shows that the
amplitude Ay, of the spurious signals is related to the amplitude of the carrier
signal Ay o and to the peak phase deviation 6, by
0

Ay =Aro 7’ (7.5)

Conversely, we can conclude that the peak phase deviation 6, associated with
a pair of (PM) spurious signals with amplitude A, is given by

A
6, =2x 2L (7.6)
d Aro
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Equation (7.6) shows that the peak phase deviation 6, does not depend on the
absolute magnitude of the spurious signals A;,. Instead, the peak deviation is
determined by the ratio of the magnitudes of the spurs and the carrier signal.

The relative magnitude of undesired signal components in relation to the
magnitude of the carrier is often expressed in dBc. Equation (7.6) can be
modified to relate the peak phase deviation 6, to the relative magnitude of a
pair of spurious signals, each of magnitude ay, (in dBc):

6, =2 x 10%2/%, (7.7)

Spurious components which arise from undesired coupling of signals to the
output node do not necessarily appear in pairs around the carrier, as they are not
generated by a baseband modulation process. Nonetheless, it can be demon-
strated that a “single” spurious signal produces AM and PM modulation of the
carrier signal {15]. ‘

7.3.5 Phase Noise Sidebands

Phase noise sidebands is the common denomination given to the energy present
in the power spectrum of (locked) oscillators, in addition to the carrier and to
deterministic spurious signals, see Figure 7.3. Phase noise sidebands represent
unintended phase modulation of the carrier signal [15], similar to the spurious
signals described in the previous section; the phase modulation due to the phase
noise sidebands is however an stochastic process.

In order to quantify the effect of the phase noise sidebands, the spectral
components can be represented as a multitude of spurious signals (or sinusoids),
each having the same average power as the phase noise — measured in the unity
bandwidth — at the corresponding offset frequency from the carrier [15, 16].
A thorough discussion of the statistical assumptions and implications behind
this model can be found in [15].

We have seen in Section 6.2.4 that the ratio of the power of a single-sideband
(SSB) phase noise component at offset frequency f,,, measured in a 1 Hz
bandwidth, to the total signal power is denoted £(f,). In practice, the power
of the carrier is taken as an approximation for the total signal power, so that
L(f) can be written as

Vs (fn) :
L(fm) = 10log —75——, with L(fy) in dBe/Hz, (7.8)

c,rms

where v, yms (fin) is the rms value of the sinusoid representing the phase noise
sideband at offset frequency f,, and V., is the rms value of the carrier signal.



250 CIRCUIT DESIGN FOR RF TRANSCEIVERS
Conversely, the ratio of v, ;s (f,,) and Ve.rms can be expressed as

Un,rms (fm) _ 10(:(]',,,)/20‘ (7.9)

Vc,rm.\‘

The sinusoidal representation for the phase noise sidebands enables a rela-
tionship between the (baseband) phase modulation of the carrier and the RF
phase noise sidebands to be obtained. Applying the same reasoning as used for
(7.6) and (7.7) leads to an equation describing the peak phase deviation Vo (fin)
caused by phase noise sidebands at offset frequencies of = f,, from the carrier.
Similar to (7.6),

Uo(f) =2 x 2rmsUmd _ o octmm (7.10)
c,rmsy
Note that ¥, (f,,) is the average peak phase deviation due to the RF phase
noise sidebands at = f,,, which are expressed by their rms value. We see that
¥, (fm) is a continuous function of f,,, and that the RF offset frequencies =+ f,,
are converted to the baseband variable f,, in a phase domain representation.
Phase noise calculations often require the phase noise power density O*(fm)
and its rms value ¢,(f,,) to be known. Equation (7.10) provides instead the
average peak phase deviation due to the RF phase noise sidebands. With the
peak phase deviation ¥y (fm) related to the rms value as Y (fm) = V2% @0 (fm)
[15], we arrive at the following expression for ¢, ( fm):

1
Go(fn) = ﬁwp(fm)

= /2 x 105U/ rad/\/Hz]. (7.11)

The baseband phase noise power spectral density ¢>( f,,) is therefore related
to L(f,x) (in dBc/Hz) as follows

2 (fn) = 2 x 105Um/10 [raq? /T, (7.12)

and consequently
2
L(fn) = 10log (@) [dBc/Hz]. (7.13)

Equations (7.12) and (7.13) are of fundamental importance for the treatment,
calculation and simulation of phase noise in PLLs and tuning systems. These
relationships provide a direct conversion between RF and baseband represen-
tations as depicted in Figure 7.4. Furthermore, (7.12) enables calculation of
integrated residual phase deviation over a given (baseband) bandwidth.
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Figure 7.4. Conversion of given RF power spectrum to and from baseband phase noise power
densities.

74 SYSTEM-LEVEL ASPECTS OF PLL BUILDING BLOCKS
7.4.1 Voltage Controlled Oscillators

The voltage controlled oscillator (VCO) generates the output signal of the PLL.
As discussed in Chapter 6, the frequency of the VCO signal is dependent on the
voltage Vi, atits tuning input. The relationship between the output frequency
F,,; and the tuning voltage Viune can be written as F,,; = feenter + Kvco(Viune) -
Viune, Where Koo (Vi) is the VCO gain factor in [Hz/V] and foepser is the
output frequency when the tuning voltage is 0 Volt.

The control action of the loop is based on a phase error signal, namely the
difference of the 6,;, and 6,.; signals in Figure 7.1. The relationship of the
phase 6, of the VCO signal with the tuning voltage Vi, can be derived as
follows

9()(t)=/2ﬂF(1ut(t)dt

= / 27 ( feenter + Koco(Veune) - Veune (1)) dt. (7.14)

Dropping the first term of the integral, which is not dependent on Vi, results
in -

9{)(t) = /27‘[ KUC()(VHIN(’!) ) Vtune(t) dt' (7'15)

Equation (7.15) shows that the phase of the VCO signal represents a perfect
integration of the control signal Vj,..

After phase—and frequency—lock is achieved, the DC value of V. is
(nearly) constant, so thatthe dependency of Ky, on Vi, can be neglected.
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Taking the Laplace transform of (7.15) yields

ervco - Vtune(s)

90(3) = 2 (716)

7.4.2 Frequency Dividers

Digital frequency dividers are responsible for frequency scaling in the loop
(see main div and ref. div in Figure 7.1). For example, the frequency fy;, of
the output signal of the main divider equals the frequency f;, of its input signal
divided by an integer number.> The effect of the frequency division on the
phase relationship between input and output signals is derived next. We will
calculate the effect of frequency division on a signal which is phase modulated
by a sine wave of frequency f,,. From this information we may derive a model
‘for the frequency divider in the phase domain.

The phase 6;,, of the input signal is given by

Oin(t) = 21 fint + 6, sin 27 fiut, (7.17)

and the instantaneous frequency of the input signal is

1 d9i71 (t)

inst(t) = —
Sinst (1) o dr

The frequency of the output signal, after division by an integer N, can be
expressed as

= fin + 0, fin COS 27 fnt.

Jinst _ fin | Op fin COS 27 fint
N N N

and the phase of the output signal can now be found as

fdiv =

’

Burn(t) = / 270 Fuin (0) dit

= 27'[&1 + —q’isin 27 fiut, (7.18)
N N
which can also be expressed as
6;,(t)
Ouin (6) = ==, (7.19)

with 6;, (t) as defined in (7.17).

3 Frequency dividers that can divide by half-integer numbers have recently been reported [17]. The draw-back
of the proposed implementation is high power dissipation, due to the increased complexity of the circuitry
in the high frequency part of the divider.
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Equation (7.18) has twoterms. The first term represents the frequency scaling
of the “average” input frequency f;, to fi,/N. The second term shows that the
peak phase deviation 6, is reduced (“divided”) in proportion to the division
ratio N. The modulation frequency f,, on the other hand, is not affected by
the division process. An important conclusion from (7.18) is that the frequency
divider’s phase transfer function 6,;,,(¢) /6, (t) is simply a gain factor with value
1/N.

7.4.3 Phase-Frequency Detector/Charge-Pump Combination

The phase detector compares the phase of the f,. s and fy;, signals and generates
an error signal which is proportional to their phase difference, see Figure 7.1.
Nowadays the most commonly used topology, within the context of PLL fre-
quency synthesizers, is the sequential phase-frequency detector (PFD). The
sequential phase-frequency detector (PFD) ensures frequency and phase-lock
by itself, irrespective of the initial frequency error of the VCO. Besides, the out-
put of the PFD is only active during a small fraction of the reference period (this
behavior is elucidated in more detail in the next sub-section.) The small duty-
cycle effectively attenuates the PFD noise contribution to the loop. A further
advantage is that the spurious breakthrough generation of the phase-frequency
detector is minimal, as it only delivers the amount of energy necessary to com-
pensate for leakage currents in the loop filter or at the input of the op-amp, when
an active loop filter configuration is used (see, for example, Figure 7.10).

The block diagram of a common implementation of the phase-frequency
detector is presented in Figure 7.5. It consists of two D-type flip-flops (D-FF)
which have their D inputs connected to the active level.*

The upper D-FF, which is clocked by f,.r, generates the up signal. The
lower D-FF is clocked by fy;,, and generates the down signal. The AND gate
monitors the up and down signals, and generates the reset signal for the D-FFs
at the moment both outputs become active. The up and down signals are used to
switch the current sources in the charge-pump CP. When up is active, a current
with magnitude of 1., is sourced by the charge-pump; conversely, when down
is active, current is sinked into the charge-pump. When both up and down are
inactive, no current flows into or out the output node of the charge-pump. The
output is a high impedance node, under all circumstances.

4There are many circuit implementations of a PFD which provide the same functionality [1, 18, 19, 2]. The
main advantage of the D-FF based implementation is its compactness.
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Figure 7.5.  Sequential phase-frequency detector combined with single-ended charge-pump.

Polarity of the Feedback Signal

The polarity of the output pulses of the charge-pump must be such that negative
feedback in the loop is insured for each specific combination of VCOs, PFD/CPs
and loop filter topologies. For example, the configuration depicted in Fi gure 7.5
suits a loop with a loop filter which does not invert the polarity of the input
signal, and where the VCO has a positive K, gain (i.e., the oscillator frequency
increases with an increased tuning voltage). The use of the configuration as
depicted in Figure 7.5 with a negative gain oscillator or with an inverting loop
filter (e.g. an active integrator) results in a latch-up situation, as the polarity of
the resulting control-signal will in fact pull the loop out-of-lock. Alternately,
the combination of a negative gain oscillator and an inverting loop filter again
requires the configuration of Figure 7.5 to be stable. There are situations where
the polarity of the oscillator gain or the type of loop filter are not a priori
known. In that case, two (programmable) switches in between the PED and the
frequency dividers provide an elegant solution to the problem. The switches
can be used to interchange the connections from the dividers to the PFD as a
function of the polarity of the VCO gain in each specific situation.

Time-domain Operation

The time-domain operation of the PFD/CP combination will be elucidated with
help of Figure 7.6. On the left side of Figure 7.6 we see the situation where
the active (rising) edges of fy;, and frep arrive simultaneously at the PFD.
The input signals cause the up and down signals to become active at the same
moment. The AND gate reacts to the simultaneous presence of up and down
by generating the reset signal for the D-FFs, whereupon up and down become
inactive again. We notice that there is no output current /,,, from the charge-
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Figure 7.6.  Operation of sequential phase-frequency detector.

pump in this situation, as (ideally) the current sourced in response to the up
signal is perfectly compensated by the current sinked in response to the down
signal. This is a desirable behavior for an “in-lock™ situation, as the absence
of an output signal from the charge-pump avoids spectral purity degradation of
the VCO. '

It is important to remark that the up, the down and the reset signals do have a
minimum width when the loop is phase-locked. In fact, the frequency-detection
characteristics of the PFD for high-frequency input signals are determined by
the width of the up, the down and the reset signals in phase-lock [18]. This
aspect will be treated in more detail later in this section.

A large portion of Figure 7.6 is marked as “frequency jump”. This part of the
diagram represents the situation where the frequency of f;;, becomes smaller
than the frequency of f,.r. This might happen due to e.g. an increase of the
division ratio N in the feedback loop, whereupon the PLL must react in such
a way as to increase the frequency of the VCO, so that eventually frequency
and phase lock between f,.; and fy;, are restored. We see that the rising edge
of f,.r, which sets up active, arrives earlier than the rising edge of fy;,. The
up signal stays active until the next rising edge of f;;,. Now there is a net
output current from the charge-pump. This current can be used to build up a
VCO control voltage which at last will bring the frequency and phase of fy;,
to match those of f,.; again.

We observe, in the example of Figure 7.6, that the duty-cycle of the up and
I, signals grow in proportion to the phase difference A8 = 6,.; — 6,;, of the
input signals. The relationship of the duty cycles 8,, and 84,u, to the phase
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Figure 7.7. Duty cycle of the up and down signals as a function of the phase difference at the
input of the PFD. The lower curve is the phase-to-current transfer of the PFD/CP combination.

difference 6,.y — 6;;, is shown in Figure 7.7. The duty cycle grows linearly
with A8, reaching a value of 1 for an absolute phase error of 2. The average
current /,,, is also depicted in Figure 7.7. 1,,;: reaches the nominal value of
the charge-pump currents £/, when A¢ equals £27 rad. The relationship
between 1,,; and A can therefore be written as follows

AG
2

Lo = Icp

The gain K ,; of the PFD/CP combination, defined as the average charge pump -

output current for a given phase difference at the input of the PFD, can then be
simply expressed as

]out ]Cp
Kyg=—=— [A/rad 7.20
P=7p = gy 1A/ (7.20)

Equation (7.20) suffices to describe the behavior of the PFD/CP in a linearized
time-continuous model, for the time being. In Section 7.8 we will find out that
these blocks add parasitic poles to the loop transfer function. The effect of the
parasitic poles is the largest in PLLs with large loop bandwidth.

High-Frequency Limitations of the Phase-Frequency Detector

The effect of the finite reset time for the logical elements composing the PFD
leads to an upper-limit for its frequency discrimination capability. It has been
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Figure7.8. High-frequency phase-to-current transfer of a sequential phase-frequency detector.

demonstrated in [18] that the maximum frequency f,esmax at which the fre-
quency difference of the input signals can be discriminated is related to the
reset time AR of the D-FFs when the loop is in phase-lock, as

1

fref,max = ZA- R’ (7.21)

Equation (7.21) is somewhat un-practical because the reset time AR includes
the propagation time inside the flip-flops and the delay of the logical elements.
A simpler way to evaluate f,. max is with help of the (high-frequency) phase-to-
current transfer of a given PFD/CP circuit implementation. Figure 7.8 depicts
the concept schematically. The effect of the finite reset time is to set an upper
limit to the maximum phase-difference A6y, which can be detected before the
PFD/CP output erroneously switches polarity. The maximum phase-difference
ABy¢(fin) can be expressed as a function of the period of the input signals
T, = 1/f;, as follows:

in

AR
A (fin) =21 |1 — - ) (7.22)
Combining (7.21) and (7.22) with T;,, = 1/fref.max Shows that

Ath(fref,max) = *m, (7.23)

which means that the phase-frequency detector must have a linear phase detec-
tion range that goes beyond £180° at the highest operation frequency of interest.
Practice shows that failure to comply to this requirement often translates itself
in situations of permanent frequency-lock at wrong frequencies.’

5This phenomenon is sometimes referred to as a “false-lock” condition.
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Spectral Components of the Charge-Pump Qutput Signal

Let us now calculate the spectral components of the output signal I,,,, as a
function of the phase error A6 between f,.r and fy;,. In the following analysis
it is assumed that the output of the charge-pump consists of current pulses of
amplitude /.,, and that there is no mismatch between the current sources of
Figure 7.5. Mismatch in the current sources is discussed in Section 7.6.1.

The duty cycle 8., of the output pulse equals A8/27w, as depicted in Fig-
ure 7.7. Conversely, §., can be written as t/T,.r, where 7 is the active time
of the charge-pump output, and 7, is the period of the reference signal. The
Fourier series expression for a periodic train of pulses of amplitude /., and
duration 7 is [14]:

It 21,1 N sin(nmwt/Trer) 2w nt
P P f
cos

Iout(t) = (724)

Tref Tref =l nnr/Tref Tref

The equation above can be expressed as a function of the phase error A9

A A = sin(nrr?—e 2w nt
L (2) = ICPE + ZIC,,E Z — MH cos T (7.25)
n=1 27
and also as a function of the duty cycle 8.,
N sin(nr dep) 2 nt
Tous (1) = Lepbep + 2epbep ) — ——2=cos T (7.26)

n=1 cp

For small values of duty cycle 8, the sinc function sin(nw 8¢ep)/(nmd.p) can be
approximated as unity. This results in the following, simplified expression for

I()ut:

o0
Louit(t) = LepSep + 2epbep Y cOS (21 frest), (7.27)

n=1

which shows that the amplitude of the spectral components of I,,,, namely
the reference frequency f,.; and its harmonics, are twice as large as its DC
value I.,8.,. Therefore, if 8., = A6/27 equals zero the charge-pump output
theoretically contains no DC or AC signal components whatsoever.

7.4.4 Loop Filter

The loop filter provides the current-to-voltage conversion from the charge-pump
signal to the tuning voltage input of the VCO. The purity of the tuning voltage
determines to a great extent the spectral components of the output signal F,,,;.
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Equation (7.25) shows that the output of the charge-pump vanishes when the
phase difference between the input signals of the PFD is zero. This is the ideal
locking position for the loop: there is no current injection into the loop filter,
and therefore no degradation of spectral purity performance of the VCO. Phase
lock with zero phase error, for all possible output frequencies, requires a loop
filter with infinite DC gain [1]. In other words, the loop filter must perform an
integration operation on the charge-pump output signal. As the pump output is
a node with an ideally infinite output impedance, a simple capacitor suffices to
realize the integration function at the loop filter.

On the other hand, the loop “already” contains a perfect integrator—the
VCO. So, the addition of another perfect integrator in the loop’s transfer func-
tion leads to instability and oscillatory behavior, unless further measures are
taken. In order to increase the loop’s phase margin, very often a resistance
is placed in series with the integrator capacitor. This adds a zero to the trans-
impedance function of the loop filter Z +(s). Hence, the RC combination causes
a phase advance in the PLL open-loop response, potentially solving the stabil-
ity problem (provided that the open-loop bandwidth f, is located in the region
with the phase advance, as depicted in Figure 7.12). The RC combination is
the simplest loop filter topology which yields a stable PLL output signal.

Very often the PLL has to cope with DC leakage currents in the tuning line of
the VCO. The loop reacts to the leakage current by increasing the duty cycle §,,
of the charge-pump output signal 1,,,,. Equation (7.27) shows that the magnitude
of the AC signal components of I,,,; grow in direct proportion to the duty cycle.
These undesired signal components are converted to the voltage domain by the
loop filter, and the resulting voltage ripple on the tuning line generates spurious
signals at the output of the VCO. As a consequence, the minimum loop filter
configuration found in practice includes an additional capacitor in parallel to
the RC section (or in parallel to the resistance R). The purpose of this extra
capacitor is to decrease the loop filter trans-impedance for higher frequencies,
and therefore to decrease the magnitude of the ripple voltage for a given value
of DC leakage current.

Based on the exposition of the previous paragraphs, we can write the tran-
simpedance transfer function of the loop filter asS

kl+s T2
Zf(S) o ; 14513
_ k 1+sp

T s1+sn/b’

(7.28)

6The notation for the time constants is consistent with [20].



260 CIRCUIT DESIGN FOR RF TRANSCEIVERS

LF1 LF2
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Figure 7.9. 'Two common passive loop filter topologies, and corresponding relationships be-
tween design parameters and component values.

where k is a gain factor which depends on the specific configuration of the loop
filter, 1, is the time constant of the “stabilizing” zero, 3 is the time constant of
the pole which is used to attenuate the reference frequency and its harmonics,
and b is the ratio of the time constants 7,/13.

FPassive Loop Filters

Two passive loop filter configurations which comply to (7.28) are shown in
Figure 7.9. The trans-impedance functions Z s (s) and Z ¢, (s), for loop filters
LF1 and LF2 respectively, are given below:

L+ s(Ri(Cy + C2))
sCi(14+sR)Cy)

Zfl(S) =

1+ s(R;Cy)
s(Ci 4+ C) (1 + s R £5%)

Zsa(s) = (7.29)
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Figure 7.10.  Active loop filter implementations.

Configuration LF2 is preferable for fully integrated loop filter applications, as
the bottom plates of C; and C; are both grounded. This property eliminates the
possibility of substrate noise coupling into the filter’s output node through the
parasitic capacitance of C; to the substrate. The tuning voltage for the VCO is
therefore cleaner, and the risk of phase noise degradation due to substrate noise
is minimized.

Active Loop Filters

A counterpart for the passive loop filters are active filter implementations, which
are displayed in Figure 7.10 (a) and (b). The use of active loop filters results
in increased complexity and power dissipation, and introduces additional noise
sources in the loop. On the other hand, there are situations where active loop
filters are either unavoidable, or where they lead to a smaller chip-area for fully
integrated loop filters.

The active loop filter configuration displayed in Figure 7.10(a) is often used
when the charge-pump output can not directly provide the required voltage
range for tuning of the VCO. For example, wide tuning range applications,
such as terrestrial TV and satellite reception, often require tuning voltages of
up to 33 V [21]. Such voltages are incompatible with charge-pumps built in
standard IC technologies, so that a (partly external) active loop filter is used to
isolate the charge-pump output from the VCO tuning input and to generate the
high tuning voltages {22].



ULAUUILL UL 1 LBULL 1,10 \U), WL UWaUSTLUIPLUALILG LULIVUULL 11aD @ £4ULU (1] L2) at a
frequency of =~ 1/(BR,C;), where B is the ratio of the output currents of two
charge-pumps, the one connected to the active integrator built around C, and
the other to the parallel combination of R; and C,. Therefore, the physical size
of C; can be traded-off against the value of B. The added design freedom can
be advantageous in applications where the loop filter is fully integrated.

The main draw-back of an active loop filter is the additional noise added
to the loop. Its noise contribution can be designed to be non-dominant, yet at
the cost of increased total power dissipation. This consideration is especially
important for low-power applications, because the loop filter’s circuitry can
become the dominant source of power dissipation [24].

7.5 DIMENSIONING OF THE PLL PARAMETERS — BASIC
CONCEPTS

7.5.1 Open- and Closed-loop Transfer Functions G(s) and H(s)

The loop considered here consists of a VCO of gain K,., [Hz/V], a pro-
grammable frequency divider with a divider ratio N, a phase-frequency
detector/single-ended charge-pump combination (PFD/CP) with a combined
gain K 4 of I.,/27 (where I, is the nominal charge-pump current), and a loop
filter with a trans-impedance transfer function Z ¢ (s). When the loop is locked,
the phase of the divided output signal 6,;, accurately tracks the phase of the
reference signal 6,.r. A linear, phase domain model for the loop is shown in
Figure 7.11. The model can be obtained by combination of (7.16), (7.19) and
(7.20), with Z ;(s) the (trans)impedance of the loop filter.
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Figure 7.12.  The open-loop bandwidth f. and the phase margin ¢y, .

The open-loop transfer function G(s) = 64i,(s)/6,.s (s) is expressed as

2w Ky 1
G(S) = Kdef(S) 5 N
Icp 27 cho 1
=7 —, 7.30
STy (7.30)
and the closed-loop transfer function H (s) = 60,y (5)/0res (s) as
G(s)
H()= ——
() 14 G(s)
2 K 0 Z 1 (s)Kyeo /N
TR pd j(s) v / (731)

= s+ ZNKdef'(s)cho/N,

which shows that H (j27 f,,) has a low-pass transfer character.

7.5.2 Open-loop Bandwidth f. and Phase Margin ¢,,

For the design of the loop parameters we shall adopt the concepts of open-loop
bandwidth f. and phase margin ¢,,. The open-loop bandwidth is defined by
the condition

IG(G2mfo)l = 1.

Note that f is also known as the 0 dB cross-over frequency. The phase margin
is defined as

Om = arg (G(j21f,)) + 7.

These concepts are depicted graphically in Figure 7.12.
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The open-loop gain equation G (jw) can be written as

I, Kyeok 1+ jor,

Now? 1+ jonr
- _ Icl’ chok 1 +.]’(DT2 ’ (732)
Nw? 14 jotr/b
where & is a function of the of the loop filter used, see Figure 7.9.

The condition for having an open-loop bandwidth of w, is that |G (jw,)| = 1.
The open-loop transfer function from (7.32) yields
Icpcho Il + ja)ct2| -1

kNw? |1+ jw,1s)

Gjw) =

1G(jwc)| =

(7.33)

Solving (7.33) for I.,, and incorporation of the constant k£ and of the time
constants 7, and 73 from Figure 7.9 provide expressions for the charge-pump
current as a function of the open-loop bandwidth w. = 2xf, in {rad/s], with
K., in [Hz/V1: '

s for loop filter LF1:

_CiNw? 14 (0.RiCy)*

I, = :
P Kuc() \/1 + (a)CRl (Cl + CZ))Z

(7.34)

m for loop filter LF2:

L+ (0cRs §52 )2
_ (C1+ C)Nw? cB1T+C,

& Kyeo V1+ (w.R1Cy)?

The phase of the transfer function G(jw) from (7.32) will be denoted as
V(jw)

I

(7.35)

V(jw)= —m +arg(l + jot,) —arg(l + jowts)
= — m + arctan wt, — arctan wts, (7.36)

and the point of zero derivative of the phase response will be called w,,,;.
This frequency corresponds to the maximum value of the W (jw) function, and
therefore to the maximum (potential) value of phase margin for given values of
7, and 73.7 The frequency wy,, can be found by differentiation of (7.36), and

TIn reality, the finite output impedance of the charge-pump causes the phase of the transfer function at near
DC to be —90°, and not —180° as obtained with the assumption of an infinite output impedance for the
CP. In this sense, the frequency wy;qx corresponds to a local maximum in the phase of the transfer function
G(jw).
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Figure 7.13. Value of the ratio of the time constants b = 72/73 as a function of the maximum
phase advance of G(jw). The curve is asymptotical to 90°. '

by equating the resulting expression to zero. These operations provide

/ 1
Opax = ] —- (7.37)
7713

So, the frequency of maximum phase advance lies at the geometrical average
of the inverse of time constants 7, and t3. The value of the maximum phase
advance ¢pux = W (jwpmax) + 7 at @ = wy,, can be calculated as a function of
T, T3 and b = 1, /73 by inserting (7.37) in (7.36)

& ¢ T,— 13
max = arctan
2. /T2T3
an 2= (7.38)
= arctan . .
2/b
Solving (7.38) for b as a function of @y, yields
1
(7.39)

b=
(_ tan ¢max + 1/ Cos ¢max)2

The numerical values of b as a function of ¢,,,, are plotted in Figure 7.13.

If w, is dimensioned to be equal to Wy, then the phase margin ¢,, equals the
value of ¢, given by (7.38) above. In the following derivations it is assumed
that @, = wpa, and therefore ¢, = ¢pn.. Now we can find 7, and 73 as a
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function of b and w,. Equation (7.37) with @, = w, directly results in

Vb
wC

1
3 = 7.40
3 N (7.40)

The PLL open-loop bandwidth frequency w, = 2x f. under the condition
that . = Wy, is expressed below. Replacement of the time constants as given
by (7.40) into (7.33) yields

Ty =

= for loop filter LF1:

Ry (7.41)

= for loop filter LF2:

(7.42)

The next step is to calculate the value of the loop filter components as depicted
in Figure 7.9. Theresults of the calculations are given in (7.43) and (7.44) below:

= for loop filter LP1:

_ 2nNw. b-1
" 1,2mKy, b
Cl ='L'2 — T3
R
C, =2 (7.43)

TR
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Figure 7.14. Open-loop frequency transfer for different values of phase margin ¢p,. The table
shows the relationship of ¢, to b = 13/73 and to Vb
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Figure 7.15. Closed-loop frequency transfer for different values of phase margin ¢,,. The table
shows the peaking (in dB), and the ratio of the 0 dB and -3 dB frequencies to f.

= for loop filter LP2:

_ 2n Nw, b
127Ky b — 1
X
1
Cy =228
Rinn—1

1
Gy

(7.44)

The calculated magnitude and phase transfers of the open-loop transfer func-
tion G(jw) are plotted in Figure 7.14, for different values of phase margin ¢,
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and normalized to the value of the open-loop bandwidth f,.. The inserted table
shows the relationship of ¢,, to & and to +/b.

Figure 7.15 shows the magnitude of the closed-loop transfer function H (jw),
for different values of ¢, ranging from 30° to 80°. The table shows the value
of the closed-Joop peaking, and the values of the closed-loop 0 dB and -3 dB
frequencies, normalized to the value of the open-loop bandwidth f,.

7.6 SPECTRAL PURITY PERFORMANCE
7.6.1 Spurious Reference Breakthrough

The nature of the sequential phase-frequency detector determines that correction
pulses occur at discrete moments in time, This means that the correction signal
contains the fundamental and the harmonics of the reference frequency f,.;.
This was already demonstrated by (7.27), whichis repeated below. The equation
shows that the amplitude of the spectral components of 7,,, are twice as large
as its DC value 1,8,
oo
Tous(8) = depBep + 21580, Y cos (2mnf,.sf). (7.45)
n=i
The effect of these components on the output spectrum of a VCO can be seen in
Figure 7.3, which clearly shows spurtous reference breakthrough up to values
ofn =2

During the lock-in process, the loop builds up a tuning voltage for the VCO
which results in frequency and phase lock of the signals at the input of the
PFD. This voltage is “stored” in capacitor C; of the loop filters displayed in
Figures 7.9 and 7.10.

In an ideal situation the phase of the VCO would stay perfectly locked to the
phase of the reference signal and the duty cycle 8., of the charge-pump output
signal would be zero. In that case there would be no signal components at the
reference frequency nor its harmonics coming into the loop filter, and therefore
there would be no spectral degradation of the oscillator’s output signal. In
practice, however, there are two main effects which can generate reference
spurious breakthrough, namely:

m Jeakage currents in the loop filter,
® mismatch in the charge-pump up and down current sources [16, 25].

We start by considering the effect of leakage currents in the loop filter, with
the assumption that the current sources are perfectly matched. The treatment
leads to equations which are applicable to the effect of mismatch in the current
sources as well.
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Figure 7.16. The locking position is such that the average charge-pump current is equal to the
average leakage current.

Effect of Leakage Currents

Leakage currents in the tuning line alter the voltage stored in capacitor Cj.
There are several sources of leakage currents which may shift the voltage in C;:
the capacitor C; itself, the input of the VCO, the charge-pump output and the
input biasing current of the op-amp, when an active loop filter configuration is
used (in that case, the leakage at the input of the VCO does not lead to a change
of the C; voltage).

Phase-lock requires the average voltage on the tuning line to be constant over
many periods of the reference signal. This is only accomplished if the average
charge-pump current /,,,, equals the (average) value of ;... In other words, the
loop reacts to the DC leakage current I, by restoring the charge lost during a
reference period to the loop filter, at the next correction moment.

The “in-lock” situation is depicted in Figure 7.16, which shows that the loop
locks with a phase difference A at the input of the PFD which satisfies the
condition 1,,; = I.a. The duty cycle 8¢p of the charge-pump output signal
becomes a function of the nominal charge-pump current I, and of Ip... It
follows that 1,,; = I.p8c, = Ijear, and therefore

Scp = Ileak/lcp (7.46)

Inserting (7.46) into (7.45) gives

Lous(t) = Diea + 2lieat Y _ €08 (200 frest), (7.47)

n=1

from which we may take two important conclusions. First, the amplitude of
the spectral components of 1,,, are twice the value of the DC leakage current
I.ax. Second, the amplitudes are not dependent on the nominal charge-pump



270  CIRCUIT DESIGN FOR RF TRANSCEIVERS

current 1., [26].% The next step is to link the leakage current to the magnitude
of the spurious components at the output of the VCO. We know from standard
modulation theory [14] that the relationship of the peak phase deviation 0, (fin)
to the peak frequency deviation Af(f,) and the modulation frequency f,, is
given by

Af(fm)
fn

The peak frequency deviation is the product of the magnitude of the spectral
components Vypp.(n - fror) of the ripple voltage at the tuning line with the
VCO gain K, in [Hz/V]. The spectral components of the ripple voltage at the
reference frequency f,.; and its harmonics can be expressed as follows, with
help of (7.47):

ep(fm) =

(7.48)

Vripple (I’l ' fref) = 2ljeux I Zf (j2”nfref) [, (749)

with n ranging from 1 to oo, and |Z;(j2mnf,.r)| the magnitude of the trans-
impedance function of the loop filter at the corresponding frequency.

The peak phase deviation 8, (n- f,. ) due to each of the frequency components
n - frey of the ripple voltage can therefore be written as

_ Af(l’l. . fref)

T on Jref

_ Vripple (l’l ) fref)cho

- n- fref

- leeak|Zf(j2nnfref)|cho
- n- fref ’

9[)(” : fref)

(7.50)

Each of the baseband modulation frequencies n - f,.; generates two RF
spurious signals, which are located at offset frequencies & n - f,,; from the
carrier frequency f1o. The amplitude of each spurious signal A,, is related to
the magnitude of the carrier Az and to the peak phase deviation 6, by
Op(n - frer)

Agp(fLo £ n - fref) = ALO%
Ileaklzf(jznnfref) | Kuco
0
n- f ref

8Except when the leakage current itself is proportional to the charge-pump current, for example when the
charge-pump is the dominant source of leakage current and its output impedance is a function of the nominal
output current.
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Figure 7.17. 'The locking position is such that the average charge-pump current is zero.

'so that

A.\'p(fLO tn- fref) — Ileaklzf(jznnfref)lcho

7.52
ALO n- fref ( )

It is common to express the magnitude of (undesired) signal components in
decibel with respect to the magnitude of the carrier. In that case, (7.52) becomes

A, 0,(n - frer
ArLo JgBe 2

Ileak|Zf(j2nnfref)|cho
n- fref

= 20log [dBc]. (7.53)

Animportant conclusion to be drawn from (7.53) is that the relative amplitude
of the spurious signals is not dependent on the absolute value of loop bandwidth
or on the nominal charge-pump current /.,. Instead, they are determined by the
trans-impedance of the loop filter, by the magnitude of the DC leakage current,
by the VCO gain and by the value of the reference frequency. Theoretically, if

1. = 0 there are no spurious reference breakthrough signals in the spectrum
of the oscillator signal.

Effect of Mismatch in the Charge-pump Current Sources

The next step is to look at the effect of mismatch in the current sources. Mis-
match, in the present context, originates in the different type of devices used
to implement the N-type current source, which sinks current from the output
node to ground, and the P-type source which sources current from the positive
supply to the output node. Besides, the nominal current supplied by the N-type
and P-type sources is likely to be a function of the voltage at the output node of
the charge-pump. With a passive loop filter, this voltage is the tuning voltage
Viune to the oscillator, and therefore it is a function of the output frequency of
the loop.
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The assumption is made that there are no leakage currents in the loop filter.
With this assumption, phase-lock occurs with a given phase difference at the in-
put of the PFD which results in an average output current from the charge-pump
of zero. The concept is depicted graphically in Figure 7.17, which represents
three possible locking situations for three different values of the tuning volt-
age Viun.. Nevertheless, phase-lock always occurs at a phase difference which
results in an average output current of zero. With this knowledge, the circuit
designer can search for the locking position by means of transient simulations
(perhaps for different values of the tuning voltage), and then perform a Fourier
analysis on the output signal of the charge-pump in the “locked condition.”
The spectral analysis should provide the magnitude of the spectral components
Tous(n - frer) at the fundamental and harmonics of the reference frequency Jref
With this information, the magnitude of the spectral components of the ripple
voltage due to current-source mismatch can be found

Vmi.vmatch(n . fref) = Iout(n : fref) ) lZf(jijnfl’ef)Ia (754)

with n ranging from 1 to oo, and |Z;(j2mn frer)| the magnitude of the trans-
impedance function of the loop filter at the corresponding frequency.

Using a similar approach as applied to the effect of leakage currents provides
the following expression to the magnitude of the reference spurious break-
through, expressed in decibel with respect to the carrier:

l:ASP(I’l . fref)] —90 log Iaut(n : fref)IZf(jZ”nfref)|cha
ALO dBc 2-n- fref

[dBc].
(7.55)

7.6.2 Phase Noise Performance

The phase noise generated by the PLL building blocks can be modelled with
the help of additive (phase) noise sources [27]. Figure 7.18 shows the noise
sources of a single loop PLL with a passive loop filter. The dependency of the
(phase) noise sources on the modulation/offset frequency f,, is not explicitly
shown in the figure, for convenience of notation. In the present treatment the
oscillator is assumed to be free of amplitude (AM) noise.

The rms phase noise power density of the main and reference dividers are
represented by ¢y(fn) and @,.r(fin), respectively.” The phase noise of the
phase detector is represented by ¢,,( f,,), and the phase noise of the reference
crystal oscillator by ¢, (f,,). The dimension of the phase noise sources is

9More information on modeling and practical aspects of frequency divider phase noise can be found in
[28, 29, 30].



Frequency Synthesizers 273

¢VCO

O h I
L |
MAIN DIV «-| phase noise
]
1) LOOP
Oy 9 PFD/CP FILTER |
@_’ Kpd 4 Zs) | 4
REF. DIV . Iy
@ R 46?? ¢ o -
I
I]:'_'| o pd currer%t noise voltage noise
ref

Figure 7.18.  Noise sources of the PLL.

[rad/+/Hz]. The charge-pump noise is taken into account with the noise current
source L, (fm) [A/+/Hz], and the noise of the loop filter (resistive) components
is represented by the noise voltage source v, ( fi) [V/«/I-E]. Finally, the phase
noise of the free-running VCO is modelled by ¢,.,(f») With dimension of
[rad/\/IE]. ‘

The rms phase noise power density of the loop’s output signal is denoted
G0 (fim) [rad/\/I-E]. It consists of the noise contribution of all noise sources,
modified by the action of the feedback loop upon them. The output phase noise
power density ¢2( f,,) will be expressed as a function of two components

B2 (fn) = B2 (fin) + Gy (fin) (7.56)

where ¢3l])( fn) stands for the phase noise power density generated by (phase)
noise sources which are subjected to a low-pass transfer function when trans-
fered to the output node; ¢3hp (fm) represents the effect of the (phase) noise
sources which are subjected to a high-pass transfer function.

Phase noise Originated on Dividers, PFD/CP and Crystal Reference Source

The transfer function of the noise sources ¢4 ( f), Pres (fm) and ¢,qa( fin) to the
output node output node is the same, namely

_ G(s)
transfer = N 152G TG0 (7.57)
= N - H(s), (7.58)

with G(s) and H (s) as given in (7.30) and (7.31), respectively.
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The scaled contributions from the charge-pump inp(fm)/ Kps and from the
crystal oscillator ¢, ( f,,)/ R are also subjected to transfer function (7.58). There-
fore, the “low-pass” phase noise power component qbflp( fm) Of §2(f) can be
expressed as follows, with s replaced by j27 f,, in (7.58):

Gop () = N2 LH G270 ) P (D3 (fon) + OP (fon) + D2y (Fin)
+ 2 (fa)/ K2y + @2 (fu)/RY).  (1.59)

We see that the loop transfers the power spectral density of the noise sources
within brackets to the output with a multiplication by N? and by the squared
magnitude of H (j2r f,,), which is presented in Figure 7.19(a). It follows from
(7.59) that the contribution from individual building blocks can not be readily
evaluated from measurements on a closed-loop configuration.

To proceed, we define a function called the equivalent synthesizer phase

noise floor at the input of the phase detector, which is denoted here as ¢e2q (fm):

02, () = BF(fn) + Bp (fm) + B2g (fn) + i2,(fin)/ K2y + $2(fn)/R%
(7.60)

Substitution of (7.60) in (7.59) gives

Gop () = N2 H (G271 f) P92, (fin), - (7.61)

which conveniently expresses the influence of several noise sources on the
“low-pass” component ¢le( fm) of @2(fm).

The Dependency of the Equivalent Phase Noise Floor on the Reference Fre-
quency

The magnitude of the noise sources ¢, ¢,, ¢pa and i,, are dependent on the
offset frequency f,, and on the loop’s reference frequency f,.r [31]. Itis argued
in [31] that the phase noise power densities of the above mentioned sources may
present a 0 dB/octave, a 3 dB/octave or a 6 dB/octave dependency on the loop’s
reference frequency f;.r. The dependency is determined mainly by the spectral
distribution of the dominant sources of thermal noise, and by the type of wave-
form which drives the circuit elements. In practice, the equivalent synthesizer
phase noise floor of low-noise synthesizers is often dominated by a 3 dB/octave
dependency on the reference frequency f,.r. Let us investigate this behavior
in more detail. We start with the charge-pump contribution.

The magnitude of the charge-pump current noise power density i,%p (fm) 18
proportional to the duty-cycle of the charge-pump output pulses when the loop
is locked; in simplified form this dependency can be expressed as i,%p (fm)
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tep/ Trer, With £, the active time of the charge-pump current sources at each
reference period and T,y = 1/f,.s; t.p is linked to AR, the reset time of the
phase-frequency detector, and it is not a function of the reference frequency
Jrer- Replacing f,.r = 1/T,,.y into the above expression gives

l,%p(fm) 0.8 tcpfref’

which expresses a 3 dB/octave dependency of the charge-pump contribution to
the equivalent synthesizer noise floor on the reference frequency.

Now let us consider the effect of wide-band noise sources in the frequency
dividers and in the phase-frequency detector. During transitions of the logic
gates and flip-flops a sampling action is performed on the noise from the wide-
band sources. This results in aliasing of wide-band noise into the Nyquist
bandwidth. Let us focus on the phase-frequency detector contribution qb]z) a(fm)
to the equivalent synthesizer noise floor. The aliased voltage noise power will
be denoted v? ,,(fin). It can be demonstrated that v2 ,,(fn) o 1/f.s [31]. The
next step is to translate the voltage noise power spectral density ”3,(; (fm) into
the phase noise power spectral density ¢12, 4 (fm). The voltage noise power will
cause time jitter in the logic transitions, which when converted to the phase
domain provides the following dependency: ¢2,(fm)  vs ,(fu) f2;. With
the knowledge that v?2 1 (fm) o< 1/fr.r the “overall” dependency of the phase

n,a

noise power spectral density ¢]2) 1 (fm) on the reference frequency is of the form

(b[z;d(fm) x fref,

which expresses a 3 dB/octave relationship to the reference frequency. The same
reasoning can be applied to the phase noise contribution from the frequency
dividers.

Phase Noise due to Loop Filter and Free-running VCO Phase Noise

Oscillator. The free-running spectral purity of an oscillator has been discussed
in Chapter 6. In this chapter the free-running VCO phase noise power density is
modelled with help of phase noise source ¢,.,( f,,) in Figure 7.18. If the phase
noise power density of the free-running VCO is assumed to have a pure 1/f2
dependency on the modulation frequency f,, (i.e., a -6 dB/octave dependency
on f,) then we may write ¢3co( fm) as a function of the phase noise power
density at an offset frequency f, as

f2
e
Note that f, is a pre-defined offset frequency at which the free-running VCO
phase noise power density ¢2.(f,) is specified. Equation (7.62) can be eas-

b2 (fn) = 02, (F7) (7.62)
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ily modified to include the region with the 1/f> dependency — i.e., at small
modulation frequencies f,, — and the flat phase noise floor at very large offset
frequencies:

7 f
d’vcn(fm) = d)vca(fr Yl ‘ + d)vco nf (763)
fo f
where f is the corner frequency of the 1/f> dependency and ¢ cons 18 the VCO

phase noise floor power density.

Loop filter. Thermal noise voltage originated in the loop filter resistor causes
unintended phase modulation of the VCO. The noise from the loop filter is
modeled as v,y in Figure 7.18. The open-loop phase noise power density
d),zf( fin) due to v,¢(f,n) can be expressed as

2
brr (fn) = vps(fm) f2 [rad®/Hz], (7.64)

with K, the gain of the VCO in [Hz/V].

Influence of the loop. The influence of the feedback loop on the free-running
VCO phase noise power density ¢2, (f,) and on the open-loop phase noise
power density generated by the loop filter elements ¢,2f( fm) will be expressed
with the transfer function 7, (s),

1
T, =— 7.65
hp (S ) 1+G (S) ( )
where the subscript hp expresses the high-pass transfer character of
Thp (] 2 f m
The “hlgh pass” phase noise component ¢0hp( fm) of qﬁf( fm) can therefore
be written as

02 (Fn) = Ty G2 fu) P (620, (i) + 17 (f)) - (7.66)

The squared magnitude of T}, (j 27 f,) is depicted in Figure 7.19(b), normalized
to the open-loop bandwidth f,.

Total Phase Noise at Output of the PLL

Substitution of (7.66) and (7.61) in (7.56) provides the following expression for
the total phase noise power spectral density ¢2( f,u):

B2 (fn) = N2, (fu) | H (j27 f) 7
+ (@20 () + 85 () | Tup (G270 fu) |2 [rad?/Hz].  (7.67)
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Figure 7.20. Simulated SSB phase noise power density depicting the contribution from the
different phase noise sources.

Figure 7.20 shows the simulated closed-loop SSB phase-noise spectral
density of a PLL frequency synthesizer which has an open-loop bandwidth
fe = 1 MHz. In the simulation model the free-running VCO phase noise
power density ¢2,, ( f,,) has a -6 dB/octave dependency on the offset frequency
Jfm» and the equivalent synthesizer noise floor ¢fq (fm) has a flat spectral dis-
tribution. The phase noise contribution from the dividers and PFD/CP (“PLL
blocks™) dominates at modulation frequencies smaller than the open-loop loop
bandwidth f.. At these frequencies, the free-running VCO phase noise and the
contribution from the loop filter are attenuated by the loop’s feedback action.
At offset frequencies larger than the loop bandwidth the noise from the “PLL
blocks” is attenuated by the closed-loop transfer function, and the phase noise
is virtually equal to the free-running VCO phase noise.

Estimation of the equivalent synthesizer noise floor from closed-loop mea-
surements. The magnitude of the equivalent synthesizer phase noise floor ¢62q
can be assessed from measurements on a closed-loop PLL. We know that, close
to the carrier, the phase noise power density can be attributed to ¢Zq and to the
multiplication factor N? as expressed by (7.59).

For example, in Figure 7.20 the multiplied noise floor leads to a phase noise
level of ~ —100 dBc/Hz at small offset frequencies from the carrier. With a
division ratio N = 200 the equivalent phase noise floor (in dB¢/Hz) can then be
readily estimated as £,, = —100 — 201log 200 = —146 dBc/Hz. Sometimes,
the closed-loop phase noise level close to the carrier is specified in the data-
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sheets [32]; this value must then be added to —201log N if the equivalent noise
floor in dBc/Hz needs to be calculated. In other cases, the equivalent phase
noise floor at a given reference frequency is directly specified [22].

7.6.3 Spectral Purity and the Dimensioning of the PLL Loop Filter

Next, the dimensioning of the loop filter components will be investigated. We
have seen the PLL dimensioning concepts of open-loop bandwidth f. and phase
margin ¢,, in Section 7.5. Basically, the choice of a certain open-loop bandwidth
f. fixes the product of the charge-pump current I, and the value of the loop
filter resistance R;, as expressed by (7.41) and (7.42). This means that the
magnitude of the charge-pump current can be “traded-off” against the value of
the loop filter resistor R, for a given value of f.. The phase margin ¢,, fixes
the ratio of the loop filter time constants b = 1,/73. With 1, = R; - C; and
73 &~ R, - C, then b & C/C,. These results show that there are, in principle,
an infinity of values for I.,, Ry, C; and C, which satisfy a given choice of f,
and ¢,,. To establish the value of the loop filter elements one needs further
knowledge of the loop spectral purity specifications and requirements.

In a practical situation the design targets are twofold. First, one wants to
decrease I, to its lowest acceptable level,'® in order to decrease the power
dissipation and to simplify the design of the charge-pump circuitry. Second,
the impedance level of the loop filter should be maximized, for the chip-area
of fully integrated loop filters to be minimized. High impedance level means
small capacitors C; and C,, a relatively large R; and a small value for the
charge-pump current I.,. However, a high impedance level leads to a higher
noise contribution from the loop filter.

The analysis will be focused on loop filter LF2 of Figure 7.9. Configuration
LF2 is preferable for fully integrated loop filter applications as the bottom
plates of C; and C, are both grounded. This property eliminates the possibility
of substrate noise coupling into the filter output node through the parasitic
capacitance of C, to the substrate. However, there are no qualitative differences
between LF1 and LF2 from a “system” point-of-view, so that the considerations
presented in this section are equally valid for LF1 and LF2, although the exact
mathematic formulation can be slightly different for each configuration.

10The noise contribution from the charge-pump must remain within acceptable/specified levels, see Equa-
tion (7.59).
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Spurious Reference Breakthrough

In a given application, there are specifications for the maximum value of the
spurious signals maxspurious (in dBc) and for the maximum value of the
leakage current /.. The design problem is to dimension the loop filter’s trans-
impedance level | Z¢(j2mnf..r)| to meet the spurious reference breakthrough
specifications, as discussed in Section 7.6.1. Manipulation of (7.53) results
in the following expression for | Z;(j2n Sref)|, with n = 1 as the worst case
situation:

122 frep)l < L rt (7.68)
1 leak * Kuco

With loop filter LF2 of Figure 7.9, the impedance of the capacitor C, can be taken
as an approximation for |Z¢(j27 f,.f)|, if fre 3> 1/(2mw73). This condition
is satisfied when f, <« f,.r, which is the case in many practical applications.
Substitution of | Z s (27 fr.r)| = 1/ (27 Srer C2) into (7.68) leads to the smallest
value for C; that satisfies the reference breakthrough specification,

Ie . KUL‘() _ maxspurious
C2.min = la_kz_lo 20 . (7.69)
2 ref

We observe that C; ,;, is directly proportional to /., in [A] and K, in [Hz/V],
and inversely proportional to the spurious level specification in [dBc] and to the
second power of the reference frequency f.;.

We have seen in Section 7.6.1 that the effect of leakage currents in the loop
filter is equivalent to the effect of mismatch in the charge-pump. If the leakage
current is much smaller than the expected amplitude of the spectral components
Lour(n - frer) due to mismatches, then we should use a slightly modified variant
of (7.69), where C3 i, is given as a function of the magnitude of the spectral
component I, ( fr.r) at the reference frequency:

I{)ut (fref) * ch(; 10_ max.\‘gzgriaus .
4 f?

ref

2.min =

(7.70)

Phase Noise Contribution from the Loop Filter Resistor

We have seen in Section 7.6.2 that (thermal) noise voltages originated in the loop
filter elements cause phase modulation of the VCO. These noise sources are
modelled with help of v,£(f,,) in Figure 7.18. In the loop filters of Figure 7.9,
the source of thermal noise is the resistor R; . Forloop filter LF2, the relationship
of v2,(fn) and Ry is

b—1\? 4kT R,
(7.71)

2 = .
Unf(fm) - < b Il +].27ffmT3|2’
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In (7.71) b and 73 are as defined on the table inserted in Figure 7.9, k =
1.37 x 102 J/K is the Boltzmann constant, and T is the absolute temperature
in K. The expression shows that the thermal noise power from R; is “shunted”
at modulation frequencies f;, larger than ~ 1/(27 13) by capacitor C;.

Use of (7.64) provides the following expression for the open-loop phase
noise power spectral density ¢,2f( fm), due to the loop filter resistor

b— 1)2 4kTR, K2, a7
b 1+ j2nfmtsl? f2 '
To proceed, the relative degradation in phase noise power spectral density at
the output of the VCO will be calculated as a function of the relative magnitude
of ¢ff( f.u) with respect to the free-running VCO phase noise spectral density

2 (fm). A function oy (f,,) will be defined as

b7 (fm)
oy (fn) = —Lff(fm (7.73)

so that oy (fi») can be used to relate ¢12f( fm) to &2 (fn)

veco

bir (fm) = (

i (fn) = g (fn) - e (F)- (7.74)

Accordingly, the sum of ¢ff( fn) and @2 (fn) can be written as

veo

Bty (Fin) = boeo () (1 + s (f)) (1.75)

where ¢3L_,,‘ i (fm) represents the “combined” open-loop phase noise power den-

sity at the output of the oscillator. The degradation of ¢2,, 1 (fm) with respect

to @2 (f) is thus expressed by the factor (1 + oy ( f,,,)). An equivalent ex-

veo

pression to (7.75) is

‘cvca.lf(fm) = £vco(fm) + A‘CUC()(fm)’ (776)

with the “combined” SSB phase noise power density L., s (fn) expressed in
dBc/Hz, and the degradation AL,.,(fm) = 10log (1 + oy ( fm)) in dB. Fig-
ure 7.21 presents the numerical values of AL,,(f) as a function of ajr(fin)-
As can be expected a small value of o ( f,) corresponds to a small degradation
with respect to the oscillator’s free-running phase noise power density. Itis a
part of the designer’s job to define a function oy (f,,) which satisfies specific
requirements of the intended application.

Let us investigate next the particulars of the function oy (f,) within the
context of the passive loop filters of Figure 7.9. Substitution of (7.62) and
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Figure 7.21.  Degradation in the phase noise power density at the output of the VCO in dB, as
a function of a7 (fin) = $7 (fmn)/S3co(fmn).

(7.72) in (7.73), and simplification leads to

() = b—1\> 4kTR K2, 1 a7
Wi =\"% 2D f2 N+ j2nfuml ‘

This expression shows that a;¢( f,,) has a “low-pass” character with a —3 dB
corner frequency of 1/(2m ;). The “low-frequency” value of oy (frn) Will be
called oy 4., so that (7.77) can be written as

1
o (fm) = Uifde * m, (7.78)
with
b—1\* 4kTR,K2,
Clfdc = b . ORTAY (7.79)

In practice, oy . determines an upper limit for the degradation in the phase
noise of the free-running oscillator. Once a given value for ayr.4c has been
chosen by the designer, for example with the help of Figure 7.21, then the range
of values of R, that results in an acceptable performance can be calculated.
Solving (7.79) for R; gives the maximum value Rj ,,, that can be used in the
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loop filter:

R = s b 2. Ec()(fr)frz
L.max If,dc h_1 akT K2

vco

4kTK? (7.80)

veo

b \? 2-10%%% . f2
= Uifde h—1 . .

A smaller value than Ry ,,, for the loop filter resistor obviously leads to a
smaller oy 4., Which is always an acceptable situation from the point of view
of phase noise performance. We observe that R . is inversely proportional
to the second power of the oscillator gain Ky.,.

Dimensioning of Time Constant t, and Capacitance Ci

With the minimum value of C, determined with (7.69), the maximum value of
R, with (7.80) and with the target open-loop bandwidth f. and phase margin ¢,
known in advance, the parameters which still need to be defined are the values
of the capacitance C; and of the charge-pump current I.,. The value of C;
will be derived from knowledge of the time constant 7, which in combination
with time constant 73 leads to the desired value of the phase margin ¢,, at the
open-loop bandwidth w, = 27 f.. The phase margin ¢y, is defined as

b = W(jor) + 7
= +arg(l + jro) — ag(l + jBe) +7

= arctan T,w, — arctan 73w, (7.81)

where W (jw,) is the phase of the open-loop transfer function G(jw.) as given
in (7.36). Solving for T, gives

Tow, = tan (¢, + arctan 13w.) . (7.82)

The relationship expressed by (7.82) is plotted in Figure 7.22 as a function
of the product 73w, for different values of the phase margin ¢,,. For the product
Tow, to be positive and finite, which is a requirement for the physical imple-
mentation of the passive loop filter, then the argument of the tangent function
in (7.82) must be smaller than 7 /2 and therefore

T3, < arctan (% — d)m) . (7.83)

The limiting values of T3, are clearly seen in Figure 7.22 for the different
values of the (target) phase margin.
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For loop filter LF2 1, = R;C; (see Figure 7.9), so that the value of the
capacitance C; can be calculated from substitution of 1, = R{C| in (7.82)

Ci =

tan (¢, + arctan t3w.) . - (7.84)
Cl)CR 1

We see that the dependency of C on the product 3w, and on the phase margin
¢m 1s of the same nature as that of the product 7w, expressed in (7.82) and plot-
ted in Figure 7.22. Therefore, the size of capacitor C; has a strong dependency
on the product 730, and on the choice of the phase margin ¢,,. It is convenient
to choose a relatively high value of phase margin ¢,,, as this results in a smaller
peaking in the noise transfer functions as can be seen in Figure 7.19. However,
higher values of phase margin demand larger values of C;, what in turn can
generate a chip-area “penalty” if the loop filter is fully integrated. For example,
Figure 7.22 shows that an increase in the phase margin from 50° to 60° leads to
a larger value for 17, and therefore for Cy, by a factor of 2 for 73w, = 0.3 and
by a factor of 4 for T30, = 0.5.

Let us investigate next the time constant 73. In loop filter LF2 13 consists of
the product of R, and the series combination of capacitors C; and C,. Normally
C1 > (), so that in the subsequent discussion 3 will be approximated as the
product R, Cj.

With the minimum value of C, determined with (7.69) and the maximum
value of Ry with (7.80), a time constant 73,5p Can be defined as

T3sp = Rl,maxc2,mim (785)
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with the subscript indicating that time constant 73 4, is determined from spectral
purity considerations. Incorporating (7.85) into (7.84) gives for the value of C,

1
C) = ———tan (¢, + arctan @Ry maxCamin) - (7.86)
W, Rl,max
We have seen that (7.83) expresses an upper limit for the product t3e,. There-
fore, 73sp = Ri,maxC2,min must comply to the following inequality

Ry max Comin < — arctan (5 —n)- (7.87)
we 2
If the condition imposed by (7.87) is not satisfied then the designer needs to
decrease time constant 13 = R;C,. With the minimum value of C fixed
by (7.69), the only possible way to reduce 73 is with a reduction of R; with
respect to Ry n4x. The consequence of reducing R is that the impedance level
of the loop filter decreases, which must be compensated by an increase in
the value of the charge-pump current for a given open-loop bandwidth w.. An
alternative approach to attain enough spurious suppression without an excessive
high charge-pump current is to add an extra pole to the loop filter, whose transfer
function then becomes third-order.

7.7 DESIGN OF PROGRAMMABLE FREQUENCY DIVIDERS
7.7.1 Programmable Divider Architectures

This section describes architectures and circuit implementations of program-
mable frequency dividers. We start with a discussion of the programmable
divider architecture based on a dual-modulus prescaler. Next, the functionality
of the “basic” programmable prescaler is analyzed. The truly-modular “ex-
tended” programmable prescaler architecture, which overcomes the limitations
of the basic programmable prescaler, is then presented in the last sub-section.

The programmable prescaler architectures presented in this section lead to
implementations of fully-programmable frequency dividers, so that the denom-
ination “programmable prescaler” is equivalent to “programmable frequency
divider.” Use of each designation in different parts of the text refers to the same
circuits and architectures.

Architecture Based on a Dual-modulus Prescaler

Figure 7.23 depicts the divider architecture based on a dual-modulus prescaler
[2, 33]. The architecture consists of a dual-modulus prescaler of division ratios
P and P + 1, and of two programmable counters, the “N”’ counter and the “A”
counter. These counters are “down-counters”, i.e. they are “loaded” with a
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Figure 7.23.  Fully programmable divider based on a dual-modulus prescaler.

given number at a certain moment and then count-down by one at each cycle of
their input signal. The counters have an output line which toggles state when
the counter reaches a final count of, let us say, 0. The output of the “A” counter
controls the Modulus Control input of the dual-modulus prescaler. When the
modulus-control signal is high, the prescaler divides its input signal by P + 1,
otherwise it divides by P.

The operation principle of the fully-programmable divider depicted in Fig-
ure 7.23 is as follows. The output signal of the prescaler drives the inputs of the
“N” and “A” counters. When the “N” counter reaches 0, it generates a reload
counters signal for itself and for the “A” counter. At that moment, the counters
are re-loaded with digits N and A respectively, which are stored on local regis-
ters. After being re-loaded, the output line of the counters goes high, the reload
counters signal vanishes, and the counters continue on counting-down from the
programmed values N and A. The dual-modulus prescaler divides by P + 1
until the “A” counter reaches 0, and then switches its ratio to P. Following
this event, there are N — A cycles of its output signal before the “N” counter
reaches 0 as well, whereupon the whole cycle takes place again. So, the period
T4, of the output signal can be expressed as a function of the period T}, of the
input signal as follows:

Taut=(A'(P+1)+(N_A)'P)'Tin
— (N . p+A) - Tin, (7.88)
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where the term within brackets is the realized division ratio of the input signal
frequency Fj,. So when the counter “A” is programmable is steps of 1, the
dual-modulus prescaler based frequency divider realizes integer division ratios
with an unity step size.

The design of the dual-modulus prescaler itself has been extensively treated
in the literature [33, 34, 35, 36]. On the other hand, less attention has been
given to the implications of using the programmable divider architecture of
Figure 7.23.

One readily notices the lack of modularity of the concept: besides the dual-
modulus prescaler, the architecture requires two additional counters for the
generation of a given division ratio. The programmable counters — which
are, in fact, fully programmable dividers, albeit not operating at the full RF
frequency — represent a significant load at the output of the dual-modulus
prescaler, and lead to increased power dissipation. Besides, the time-to-market
of new products is increased, due to the additional design and layout effort
required for the programmable counters. The lack of modularity, the high fan-
out at the output of the dual-modulus prescaler and the extra design effort make
the dual-modulus based architecture a less interesting option, within the context
of high reusability and short time-to-market of new products.

Basic programmable Prescaler

The “basic” programmable prescaler architecture is depicted in Figure 7.24.
The modular structure consists of a chain of 2/3 divider cells connected like
a ripple counter [26]. The structure of Figure 7.24 is characterized by the
absence of long delay loops, as feedback lines are only present between adjacent
cells. This “local feedback” enables simple optimization of power dissipation.
Another advantage is that the topology of the different cells in the prescaler is
the same, therefore facilitating layout work. The architecture of Figure 7.24
resembles the one presented in [37], which is also based on 2/3 divider cells.
Yet there are two fundamental differences. First, in [37] all cells operate at the
same (high) current level. Second, the architecture of [37] relies on a common
strobe signal shared by all cells. This leads to high power dissipation, because
of high requirements on the slope of the strobe signal, in combination with the
high load presented by all cells in parallel.

The programmable prescaler operates as follows. Once in a division period,
the last cell on the chain generates the signal mod,_;. This signal then prop-
agates “up” the chain, being reclocked by each cell along the way. An active
mod signal enables a cell to divide by 3, once in a division cycle, provided that
its programming input p is set to 1. If the programming input is set to O then
the cell keeps on dividing by 2. Despite the state of the p input, the mod signal
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Figure 7.24.  Modular programmable prescaler architecture.

is reclocked and output towards the higher frequency cells. Division by 3 adds
one extra period of each cell’s input signal to the period of the output signal.
Hence, a chain of n 2/3 cells provides an output signal with a period of

Tout =2". Tin + 2”_1 . Tin * Pn—i + 2’1—2 . Tin * Pn-2 +...
+2'Tin 'p1+Tin'p0
= (2’1 + 2’1—1 * Pn—1 + 2"—2 * Pn-2 +...+ 2. Pi + PO) * Tin (789)

In (7.89), T;, is the period of the input signal Fj,, and py, ..., p,—; are the binary
programming values of the cells 1 to n, respectively. The equation shows that
all integer division ratios ranging from 2" (if all p; = 0) to 2"*! — 1 (if all
pi = 1) can be realized. The division range is thus rather limited, amounting to
roughly a factor two between maximum and minimum division ratios.!' This
limitation renders the “basic” programmable prescaler useless for wide-band
and multi-band applications. The division range can be extended by combining
the prescaler with a presettable programmable counter; this approach was taken
during the design of the adaptive loop synthesizer described in [10]. In that case,
however, the resulting architecture is no longer modular. The lack of modularity
leads to longer design time and to decreased reusability of an optimized design.

Prescaler with Extended Programmability

The divider implementation presented in Figure 7.25 extends the division
range of the basic prescaler, whilst maintaining the modularity of the ba-
sic architecture [38, 39]. The operation of the new architecture is based on

p principle, it is also possible to divide by 3", but the gap between this value and the continuous division
range makes it useless in standard synthesizer applications.
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Table 7.1. Relationship between divider ratio, binary programming word and the required
effective length of the divider chain.

Division ratio Ny !?i.nz:yp;;rggb\:v::)d Effective length n’
3 00011 1
4 ‘ 0oo0t1o00 2
8 01000 3
15 01111 3
31 11111 4

a—very convenient—property of the basic prescaler structure: the direct re-
lation of the performed division ratio to the bus programmed division word
Pns Pn—1, .-+ P1, Po-

Letus introduce the concept of effective lengthn’ of the chain. Itisthe number
of divider cells that are effectively influencing the division cycle. Deliberately
setting the mod input of a certain 2/3 cell to the active level overrules the
influence of all cells to the right of that cell. The divider chain behaves as if it
has been shortened. The effective length of the chain can therefore be easily
“adjusted”.

The required effective length n’ corresponds to the index of the most sig-
nificative (and active) bit of the programmed division word. This property is
clarified with help of Table 7.1. Only a few extra OR gates are required to adapt
n' to the programmed division word, as depicted on the right side of Figure 7.25.
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Figure 7.26.  Family of truly-modular programmable dividers.

With the additional logic the division range becomes:
= Minimum division ratio: 2"min
®» Maximum division ratio: 2"t1 — 1

We see that the minimum and maximum division ratios can be set inde-
pendently, by choice of n,,;, and n respectively. Subsequent changes in an
optimized design can be realized with low risk. Decreasing n,,,,, for instance,

can be performed by adding additional OR gates to an existing design.

7.7.2 Low Power Truly-modular programmable Dividers in a Standard
CMOS Technology

The modular structure presented in Figure 7.25 allows an existing design to be
easily adapted to different input frequency requirements, simply by adding or
removing divider cells in the high frequency part of the chain.

The concept of Figure 7.25 was applied in the realization of a family of low-
power fully programmable frequency dividers in a standard 0.35um CMOS
Technology. Three circuits were implemented, an 18-bit “L-band divider”, a
17-bit “UHF divider”, and a low input frequency 12-bit “reference divider.” The
architecture and the division range of the dividers is presented in Figure 7.26.
The L-band divider was used as the basis for the UHF and for the reference
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Figure 7.27.  Functional blocks and logical implementation of a 2/3 divider cell.

divider. The UHF divider consists of the same circuitry as the L-band divider,
except for the first 2/3 cell, which was removed. The reference divider is simply
the L-band divider stripped off its 6 high frequency cells. The divider output
signal is indicated by F,,;.

The UHF divider and the reference divider were designed to be used in a low-
power, PLL-synthesized CMOS pager receiver operating in the UHF frequency
range. Therefore, low-power dissipation and low-interference generation were
the main goals of this work. The L-band divider, on its turn, could be applied
in low-power tuning systems for dual-band applications. For example, in the
receiver concept described in [40], where the tuning frequency lies in the middle
of the GSM-DCS1800 bands (i.e., at 1.35 GHz).

Logic Implementation of the Divider Cells

A 2/3 divider cell contains two functional blocks, as depicted in Figure 7.27.
The prescaler logic block divides, upon control by the end-of-cycle logic, the
frequency of the F;, input signal either by 2 or by 3, and outputs the divided
clock signal to the next cell in the chain. The end-of-cycle logic controls the
momentaneous division ratio of the cell. The division ratio depends on the
state of the mod;, and p signals. The mod;, signal becomes active once in
a division cycle. At that moment, the state of the p input is checked, and if
p = 1, the end-of-cycle logic forces the prescaler to swallow one extra period
of the input signal. In other words, the cell divides by 3. If p = 0, the cell stays
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in division by 2 mode. Regardless of the state of the p input, the end-of-cycle
logic reclocks the mod;,, signai, ana outputs it to the preceding cell in the chain
(mod,,, signal).

Circuit Implementation of the Divider Cells

The use of standard rail-to-rail CMOS logic techniques makes the integration of
digital functions with sensitive RF signal processing blocks difficult, due to the
generation of large supply and substrate disturbances during logic transitions.
Source Coupled Logic (SCL), often referred to as MOS Current Mode Logic
(MCML), has better EMC properties, because of the constant supply current
and differential voltage switching operation [36, 41]. Besides, Source Coupled
Logic has lower power dissipation than rail-to-rail logic, for (very) high input
frequencies [42].

The logic functions of the 2/3 cells are implemented with the SCL structure
presented in Figure 7.28. The logic tree combines an AND gate with a latch
function. Three “AND_latch” circuits are used to implement Dlatchl, Dlatch3,
Dlatch4 and the AND gates of the 2/3 cells (see Figure 7.27). Therefore, 6
logic functions are achieved at the expense of 3 tail currents only. Dlatch2 is
implemented as a “normal” D latch (without the differential pair connected to
the b-bn inputs).
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Figure 7.29.  Transient simulation of optimized L-band divider.

The nominal voltage swing is set to 500 mV in the high frequency (and high
current) cells, and to 300 mV in the low current cells (Id < 2 pA). The voltage
is generated by the tail current, set by the current source /d, and by the load
resistances Rd. The W/L of the transistors is 3/0.35.

Power Dissipation Optimization

The modular structure of the programmable prescaler architecture (see Fig-
ure 7.24) enables fast and reliable optimization of power dissipation. There are
no complicated delay loops, as feedback lines are only present between adjacent
cells. This leads to a relatively simple and fast optimization procedure, because
simulation runs can be done for clusters of two cells each time.

The critical point in the operation of the programmable prescaler are the
divide by 3 actions [26]. There is a maximum delay between the mod and the
clock signals in a given cell that still allows properly timed division by 3. The
maximum delay is T,,,, = 1.5 - T;,, where T}, is the period of the cell’s input
signal. The input frequency for each cell is scaled down by the previous one.
As a consequence, the maximum allowed delay increases as one moves “down”
the chain. Because the delay in a cell is inverse proportional to the cell’s current
consumption (which is a property of current mode logic circuits), the currents
in the cells may be scaled down as well.

The results of a transient simulation with the optimized high frequency cells
of the L-band divider are presented in Figure 7.29. The influence of current
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Table 7.2.  Scaling of currents in the 2/3 divider cells.

Nominal Nominal load
Cell current Iid res. Rd
(nA) (kQ)
2 GHz 100 5
1 GHz 50 10
500 MHz 25 20
250 MHz 12.5 40
125 MHz 6.25 80
62 MHz 3 150
32 MHz 2 150
16 MHz 1 300

consumption on the slope of the digital signals (and hence on the time de-
lay) is clearly observed. Layout optimization took about three iteration cycles.
Transient simulations, including extracted parasitics, showed that layout para-
sitics caused a decrease of about 30% in the highest operation frequency, when
compared to the original simulations.

Table 7.2 presents the tail current and the resistance values of the optimized
divider cells. It has been demonstrated in the literature [42] that, for (very)
high input frequencies, CMOS Source Coupled Logic (SCL) has lower power
dissipation than standard CMOS rail-to-rail logic. On the other hand, rail-to-
rail logic is much more compact than SCL logic operating at low-current levels,
because of the absence of the large load resistances required in a low-frequency
SCL gate. Furthermore, rail-to-rail logic has no DC current flow, and does not
require an analogue biasing signal (e.g., node Vcs in Figure 7.28).

The main draw-back of a rail-to-rail gate at lower operating frequencies re-
mains the “spiky” nature of its supply current, which leads to signal components
in the supply line with much higher frequencies than the switching frequency of
the gate. Besides, charge injection in the substrate also needs to be considered
in some applications. These effects may lead to interference into other circuits,
such as the highly sensitive input of a receiver’s low-noise amplifier (LNA), and
therefore to a decrease in the receiver’s sensitivity. Based on these considera-
tions, the dividers described here were fully implemented with Source Coupled
Logic techniques.
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Input Amplifier

A low power dissipation frequency synthesizer requires a frequency divider with
high input sensitivity. The input sensitivity determines the minimum VCO sig-
nal level that must be applied to the divider, so that correct division is performed.
High input sensitivity enables the divider to be directly coupled to a wide range
of VCO’s, without the need for external (discrete) buffers. The total power
dissipation of the frequency synthesizer is therefore (much) lower. For this
reason, the L-band and UHF dividers contain integrated input amplifiers.

The input amplifiers provide the required amplification of the VCO signal to
“digital” levels, determined by the sensitivity specifications and by the divider
circuitry. Moreover, the input amplifiers perform other functions, which are
listed below: '

= to provide single-ended to differential conversion of the (very often) single-
ended VCO signal

» to enable the VCO to be AC coupled to the divider function, and to provide
a signal to the first divider cell with the proper DC level

m to provide reverse isolation, to prevent the divider activity from “kicking-
back™ and disturbing the VCO

Figure 7.30 presents the circuit implementation of the UHF amplifier. The
required amplification, set by sensitivity requirements (-20 dBm) has been split
into two differential stages. Each differential pair operates with 50 4 A nominal
current, so that the total circuit draws 125 pA from the power supply, including
the input reference current.
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Figure 7.31.  AC small signal gain of the UHF and L-band input amplifiers.

The amplifier of Figure 7.30 is designed to be driven by a relatively low-
impedance (voltage) source. The negative feedback, implemented with the
50 k2 resistances, provides DC biasing to the first stage, and allows AC cou-
pling of the VCO signal to the first differential pair. Furthermore, the negative
feedback improves the input sensitivity at high frequencies. Without feedback,
mismatch in the differential pairs can lead to a large offset in the output voltage
of the amplifier, due to the high DC gain. The offset is particularly harmful
for the divider sensitivity at high frequencies, because the amplifier is subject
to the usual gain roll-off (see Figure 7.31). As the input frequency increases,
“more” input signal is required to overcome the DC offset, which means that
the sensitivity at high frequencies is decreased. In applications where the VCO
is AC coupled to the amplifier—which is very often the case—, the feedback
decreases the DC gain of the amplifier, hence suppressing the amplification of
the differential pair offset voltage. For high frequencies, the feedback does not
decrease the amplifier gain, if the output resistance R, of the source driving
the amplifier is much smaller than the feedback resistors Rs;. A small ratio
R, /R s} also ensures stability of the amplifier, as the effect of the feedback at
higher frequencies becomes negligible.

The L-band input amplifier is a scaled version of the UHF input amplifier.
The tail currents were doubled, and the drain resistances were halved. The AC
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Figure 7.32. Sensitivity of the UHF divider, for different divider current settings. Division
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gain of the amplifiers is presented in Figure 7.31. The simulations include the
first cell of the dividers, so that nominal load conditions are taken into account.

Input Sensitivity Measurements and Maximum Operation Frequencies

The supply current flowing into the amplifier and dividers can be set externally
by means of control currents I, and I;,. The internal biasing current /..y of the
input amplifier (see Figure 7.30) is controlled by current I;¢, and the current
in the divider cells are controlled by current I;,. The curves presented in this
section were obtained with the nominal supply voltage of 2.2 V, except where
otherwise noted.

Figure 7.32 presents sensitivity curves of UHF divider test chip for different
current settings of the divider control current I, . The curve shows the minimum
amplitude of a sine-wave input signal which is properly divided by the frequency
divider, as a function of the input signal frequency.’? The nominal value of I, is
10 £A. The “flat” portion of the curves show that the circuit is highly sensitive
over a large frequency range. Hence, itis well suited for multi-band applications
in the VHF/UHF range. Figure 7.33 displays the effect of the input amplifier
current on the input sensitivity. One sees that the amplifier current influences
mostly the sensitivity on the “flat” part of the sensitivity curve. The nominal
value of I, is 12.5 LA, corresponding to a total current in the input buffer of
125 pA.

12The power of the input signal is expressed in dBm, i.e. dB with respect to 1 mW, dissipated into a 50 £
load; 0 dBm = 223.6 mVrms.
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settings. Division ratio = 1023.

Figure 7.34 presents measured sensitivity curves of the L-band divider, for
different current settings in the divider and input amplifier. Such as the UHF
divider, the L-band divider is highly sensitive over a large frequency range
(>1GHz). The dividers were driven with a differential input signal, carried over
PCB microstrip lines with a characteristic impedance of 50 2. The microstrip
limes were loaded with discrete resistances of 50 €2 to ground, which were set
close to the input leads of the input amplifiers.

The maximum operation frequencies of the UHF and L-band dividers, as a
function of the current consumption, are plotted in Figure 7.35. We see that the
17-bit divider operates correctly at frequencies in excess of 800 MHz, using not
more than 0.5 mA. Setting the nominal current to 0.7 mA enables operation up
to 900 MHz. It is interesting to note that the current consumption of the L-band

—
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Figure 7.35. Maximum operation frequency of the UHF and L-band dividers, as a function of
the current consumption (excluding input amplifiers).
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Figure 7.36.  Sensitivity of the UHF and L-band dividers on the “flat” portion of the sensitivity
curve, expressed in mVrms, as a function of the input buffer current consumption.

divider is about a factor 2 higher than the UHF divider’s consumption, which
means that the first 2/3 cell of the L-band divider consumes as much power as
the whole 17-bit UHF divider. This property follows from the current scaling
strategy described on page 293.

The effect of the input amplifiers current consumption on the input sensitivi-
ties is displayed in Figure 7.36. We see that the sensitivity on the “flat” portion
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of the curve can be readily traded-off against the input amplifier power dissi-
pation. Setting the UHF amplifier current to 230 pA yields a sensitivity value
in excess of 10 mVrms (-27 dBm). This is, to the best of the author’s knowl-
edge, the highest sensitivity value for CMOS frequency dividers published in
the literature (outside the typical self-oscillation region of divider circuits, of
course).

The influence of the supply voltage on the maximum operating frequency
was found to be small (= 5% for Vdd decreased from 2.2 V down to 1.8 V).
It is interesting to mention that MOS Current Mode Logic circuits have been
demonstrated to operate with supply voltages as low as 1.2 V without significant
loss of speed [42].

7.8 DESIGN OF HIGH FREQUENCY PHASE-FREQUENCY
DETECTOR/CHARGE-PUMP COMBINATIONS

The phase-frequency detector/charge-pump (PFD/CP) combination is the most
widely used phase detector configuration within the context of PLL frequency
synthesizers. Nevertheless, the PFD/CP circuitry poses some challenges to the
circuit designer:

® in practice, many charge-pump circuits create a dead-zone in the combined
transfer function of the PFD/CP, which results in a decreased spectral purity
performance when the loop is (nearly) phase-locked.

» usual PFD implementations require a more complex circuitry than e.g.,
the double-balanced mixer, which in turn limits the maximum operation
frequency. Some techniques used to solve the dead-zone problem limit the
maximum operation frequency as well.

These two aspects are dealt with in this section. The architecture and circuit
design of a PFD/CP combination that operates well into VHF frequencies will
be described.

7.8.1 The Dead-zone Phenomenon

The dead-zone is the region of the transfer curve of the PFD/CP combination
where there is no output from the charge-pump in response to the phase error
at the input of the PFD. The dead-zone phenomenon is schematically depicted
in Figure 7.37.

Within the dead-zone the loop is essentially open and the VCO is effectively
“free-running;” as a consequence, no reduction of the oscillator phase noise
can be performed and leakage currents in the loop filter will lead to a chaotic
behavior of the PLL output frequency. In an ideal situation, without leakage
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Figure 7.37. The dead-zone region of the PFD/CP combination is marked by a non-linear
relationship of the output current to input phase error.

currents, the oscillator frequency would be stable and the phase error A might
stay indefinitely within the dead-zone. In practice, however, leakage currents
are always present. Leakage results in a drift of the tuning voltage of the VCO,
and eventually the phase error will reach a boundary of the dead-zone. At that
moment, a correction pulse from the PFD/CP will “push” the phase error back
into the dead-zone. The phase error then may or may not reach the other end of
the dead-zone, where it will be “pushed back” towards the center of the dead-
zone, and so on. Irrespective of the exact phase error behavior, the irregular
pattern at the output signal of the PFD/CP will seriously disturb the spectral
purity of the VCO.

The usual cause of the dead-zone is the impossibility of the (slow) charge-
pump current switches to react to the narrow up and down signals coming from
the PFD when the loop is (nearly) in-lock, see Section 7.4.3 and Figure 7.7. The
usual way of eliminating the dead-zone is by increasing the minimum width of
the up and down signals from the PFD when the phase error is close to zero.
This can be done by adding a fixed delay element is series with the AND gate
which generates the reser signal to the D-FFs [24]. A second possibility is to
monitor the output of the current switches and to delay generation of the reset
signal until the current switches deliver current to the output node. Use of these
techniques implies that PFD/CPs implemented in standard IC technologies are
limited in their high frequency operation by the slow switching speed of the pnp
or P-MOST transistors used in the charge-pump. For example, in the circuit
that will be described in this section the fr of the pnp transistor was about 200
MHz.
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Figure 7.38.  Structure of a 300 MHz phase-frequency detector/charge-pump.

7.8.2 VHF PFD/CP: Architecture

The problem of combining high speed operation with the absence of a dead-
zone can be solved with the architecture presented in Figure 7.38. The phase-
frequency detector consists of two D-FFs and an AND gate, as described in
Section 7.4.3. To avoid the dead-zone the switching part of the charge-pump is
implemented with fast npn-transistors. These fast switches can follow the nar-
row up and down signals from the PFD when the loop is in-lock. (The speed of
the transistors which compose the PFD is the same as the speed of the switching
part of the CP.) The current switches are succeeded by two high-performance
matched current mirrors using, in the present case, slow pnp transistors with
fr ~ 200 MHz. The operation of the current mirrors may distort the shape of
the pulses at their output, yet it keeps the average charge intact. In order to
realize a single ended charge-pump function an additional npn current mirror is
added in the down-branch. In principle this function introduces an asymmetry,
but due to the large difference in the cut-off frequencies of the transistors its
influence is negligible. The charges provided by the current mirrors are sub-
tracted in the output node of the charge-pump before reaching the loop filter, As
the phase error information is, in fact, present on the average charge difference
the combination presents no dead-zone. The equivalent low-pass filtering op-
eration performed by the slow pnp current mirrors on the up and down current
signals can be incorporated in the loop transfer function as an additional pole
in the loop filter.
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Figure 7.39.  Circuit implementation of wide band charge-pump.

7.8.3 VHF PFD/CP: Circuit Implementation

The PFD circuit design has been optimized for high speed and low power dis-
sipation by using dedicated emitter-coupled logic (ECL) circuit design. The
PFD optimization criteria was to achieve a linear static transfer for phase dif-
ferences up to +180° at the highest operation frequency of 307 MHz; this is
a requirement for frequency discrimination at the highest operating frequency,
or—in other words—to guarantee that the loop locks at the correct frequency
under all circumstances, see Section 7.4.3 and Ref. [18].

The circuit implementation of the charge-pump is shown in Figure 7.39. The
two high performance pnp current mirrors dominate the dynamic transfer func-
tion of the PFD/CP. The pnp current mirrors are designed to combine maximum
DC accuracy with maximum bandwidth. Each pnp mirror has base current com-
pensation and a compensation capacitor C, for stabilizing the feedback loop of
the base current compensation.

The resulting (simulated) magnitude and phase transfer of the precision mir-
ror is shown in Figure 7.40, with and without the compensation capacitor of
2 pF. In the simulations, the back-plate parasitic capacitance of C. was taken
into account. The bandwidth of the mirror with compensation capacitor is about
40 MHz, which is large enough to ensure stable closed-loop operation in the
intended application (i.e., with a closed-loop bandwidth in the order of 2 MHz).
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Figure 7.40. Simulated magnitude and phase transfer of the precision PNP current mirrors;
with and without compensation capacitor C.

A micrograph of the realized PFD/CP combination test-chip is shown in
Figure 7.41. The IC included input buffers, a stabilizer, the high-frequency
phase-frequency detector and three charge-pumps, two with a nominal output
current level of 200 #A and a third charge-pump with an output current level
of 10 uA.

7.8.4 VHF PFD/CP: Measurement Results

Figure 7.42 shows the measured static transfer function of the PFD/CP vs.
phase error for two different reference frequencies. This measurement was
performed with a pulse generator which provided two output signals with a
programmable time delay between them. From Figure 7.42 it can be seen that
the PFD/CP works correctly within £160° at 200 MHz and within £60° at 300
MHz. Furthermore, it shows that the PFD/CP has no dead zone, although none
of the usual dead zone compensation techniques, which would prevent operation
in the VHF frequency range, were used. It was expected that the linear region of
operation would extend to 180° at the maximum operation frequency of 307
MHz. The disagreement between measurements and simulations was traced
to an additional 1 ns delay in the reset line of the DFFs, which originated in
a parasitic capacitive loading of the reset line. The problem can be solved by
decreasing the physical length of the reset line and by a slight increase in the
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Figure 7.41. Micrograph of the 300 MHz phase-frequency detector / charge-pump test-chip.
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Figure 7.42.  Measured static transfer of the VHF PFD/CP.
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Figure 7.43.  Measured dynamic transfer (gain) of the PFD/CP at a reference frequency of 300
MHz, as a function of the modulation frequency fy,.

AND gate current level. The PFD operated correctly as phase detector up to
380 MHz, with a nominal power dissipation of 10 mW (5 V, 2 mA).

Figure 7.43 shows the dynamic transfer function of the PFD/CP. The curve
shows the (scaled) magnitude of the output current of the charge-pump as a
function of the modulation frequency of the phase error at the input of the PFD.
The measurement was performed as follows: the 300 MHz output signal from
a sine-wave signal generator was split into two paths. One of the paths was
applied directly to the f.; input of the PFD/CP test-chip. The signal on the
second path was added, with a power combiner, to the sine-wave output of the
tracking generator of a base-band spectrum analyzer. The output of the power
combiner was then applied to the f;, input of the PFD/CP. The output level
of the tracking generator was kept much smaller than the level of the signal
generator. As the input buffers of the PFD perform a limiting operation on their
input signals, the AM component of the combined signal at the f;,, input was
suppressed. The resulting signal is a 300 MHz phase modulated signal with
a constant phase deviation 8, and with a modulation frequency f,, equal to
the frequency of the tracking generator. The output signal of the charge-pump
was applied to the input of the baseband spectrum analyzer, whose output is
presented in Figure 7.43.
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Figure 7.44. Measured phase noise performance of a wide-band loop implemented with the
test chips described in this chapter, and of a free-running VCO.

The dynamic transfer function is dominated by the slow pnp current mirrors
and by the capacitive load at their input resulting from the Miller capacitance
of the npn current switch. The bandwidth of 41 MHz is independent of the
modulation index, and large enough for the implementation of, for example,
wide-loop bandwidths for suppression of the phase noise of (integrated) VCOs.

The closed-loop performance of the integrated PFD/CP and of a two-bit
bipolar programmable divider is presented in Figure 7.44. To assess the phase
noise floor of the building blocks a good LC VCO and a signal generator were
used. The LC VCO operated at 1.75 GHz. The reference frequency, coming
from the signal generator, was set to 350 MHz with a corresponding division
ratio in the divider of 5. The loop bandwidth, implemented with a discrete loop
filter, was set to 2 MHz, which is much smaller than the internal bandwidth of
the PFD/CP. With this configuration the residual phase deviation of the VCOlor
the square root of the integral of the phase noise power density between 10 kHz
and 100 MHzlwas reduced from 2.7° rms to 0.7° rms. Figure 7.44 shows that the
equivalent phase noise floor L., (fr.r) of the divider and PFD/CP combination
is Log(frer) ~ —120 dBc/Hz (i.e., —106 — 20log 5) at a reference frequency
frey = 350 MHz.
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Appendix A
Behavioral Models

All the behavioral models are written in Matlab language.

MODEL FOR A LOW NOISE AMPLIFIER
The code for the LNA is given below.

function Output_LNA=lna(PcwerGain,NoiseFigure,DIPSdbm,Qs,Input_Signal,Fs);

This program represents a RF LNA model:
Dutput_LNA=lna(PowerGain,NoiseFigure,DIPSdbm,Qs,BH);

PowerGain Gain of LNA in dB

NoiseFigure NoiseFigure of LNA in dB
0IP3dbm Output IP3 in dBm

Qs Quality factor input LNA
Input_Signal (Noisy) Signal at input LNA
Fs=30e9; sampling frequency of Input_Signal

program written by Leenaerts, de Vreede and Sylla
Philips Research Laboratories, 1999
AU bR st hndhUs exDes ined W WU U hALLRARAR LR LA RDAA LA R AL LA

ST ST SISO ST ST SIS

kBoltzmann=1.38e-23;

T=290; %ATemperature in Kelvin
R=50; /%Matching resistance

Fn=Fs/2; %Nyquist frequency

BW=Fn; BT bandwidth

BRBILLRLAAALAIAY, Low Noise AmplifierhUAAAAAANAALAALAALL
% NONLINEARITY

Gain=10" (PowerGain/20); %voltage
IIP3dbm=0IP3dbm-PowerGain;

IIP3=10" ((IIP3dbm-30)/10); Ypower (Watts)
IIP3=IIP3/(Qs"2);

IIP3v=(IIP3*R)"0.5; %voltage
A2=0;

A3=4%Gain/ (3*IIP3v*IIP3v);

Al=Gain;

nonlin=[A3 A2 Al 0];
NunLinearLNA=p01yva1(nonlin,Input_Signal);

% NOISE
% NF=(total output noise power)/(output noise due to input source)
% The mean square noise voltage due to input source is 4xTR#BW with BW the sampled band.

NoiseFactor=10"(NoiseFigure/10); ‘noise ratio in numbers
InputNoisems=4+kBoltzmann*T*BW¥R; %impedance is 50 Ohms
InputNoiserms=InputNoisems~0.5; %rms noise voltage at input
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OutputNoiseDueToInputrms=polyval(nonlin,InputNoiserms); %rms output noise voltage
%due to input noise

OutputNoisems=NoiseFactor*((DutputNoiseDueToInputrms)~2);

OutputNoiserms=OutputNoisems~0.5; %Total output noise root mean square voltage

% OutputNoiserms represents the root mean square noise voltage at the output.
% We have to generate normal distributed noise with a root mean square noise voltage
% equal to OutputNoiserms and add this time signal to NonlLinearLNA

SignalSize=size(Input_Signal);

Noise=randn(1,SignalSize(2)); %normal distribution

NoiseVoltage=OutputNoiserms*Noise; %normal distributed noise at output according
%to NoiseFactor

Output_LNA=NonLinearLNA+NoiseVoltage;

T oo oAk

RAARRALLALALYA End of Low Noise Amplifier%UAA%%ANALAYL

MODEL FOR A MIXER

The code for the mixer is given below.

function Ontput_Hixer=mixer(RFsignal,LDsignal,PowerConversionGain,NoiseFigure,UIPSdbm,Qs,Fs);

This program represents a RF Mixer model:
Output-Mixer=mixer(RFsignal,LOsignal,PowerConversionGain,NoiseFigure,DIPSdbm,Fs);

RFsignal (Noisy) RF signal at the RF input of the mixer
LOsignal (Noisy) LO signal at the LO input of the mixer
PowerConversionGain PowerConversionGain of Mixer in dB
NoiseFigure NoiseFigure of Mixer in dB

0IP3dbm SSB (Single Side Band) Qutput IP3 in dBm

Qs Quallity factor matching network at the input
Fs sampling frequency of RFsignal

program written by Leenaerts, de Vreede and Sylla
Philips Research Laboratories, 1999
RRLRRAARRAAA LA RA AU s exDes ined WU AL UALLARAARLAA LA DALAAR AL LN AAAID

e s )

kBoltzmann=1.38e-23;

T=290; AATemperature in Kelvin
R=50; %/Matching resistance

Fn=Fs/2; YNyquist frequency

BW=Fn; %BT bandwidth

IdealMixSignal=RFsignal.*LDsignal;

WARBRLRLADALAAANY Mixer AAAUALLARIAAAAAALLY
% NONLINEARITY

Gain=10"(PowerConversionGain/20); %voltage
IIP3dbm=0IP3dbm-PowerConversionGain;
IIP3=10"((IIP3dbm-30)/10); Apower (Watts)
IIP3=1IP3/(Qs"2);

IIP3v=(IIP3%R)"0.5; Jvoltage

A2=0;

A3=4%Gain/ (3+%IIP3v*IIP3v);

Al=Gain;



Appendix A: Behavioral Models

nonlin=[A3 A2 Al 0];
NonLinearMixer=polyval (nonlin,IdealMixSignal);

% NOISE
% NF=(total output noise power)/(output noise due to input source)

% The mean square noise voltage due to input source is 4kTR*BW with BW the sampled band.

NoiseFactor=10"(NoiseFigure/10); ’noise ratioc in numbers
InputNoisems=4*kBoltzmann*T+BW+R; ‘impedance is 50 Ohms
InputNoiserms=InputNoisems~0.5; %rms noise voltage at input

OutputNoiseDueToInputrms=polyval(nonlin,Inputhiserms); %rms output noise voltage
%due to input noise

UutputNoisems=NoiseFactor*((OutpntNoiseDueToInputrms)‘2);

OutputNoiserms=OutputNoisems~0.5; %Total output noise root mean square voltage

% DutputNoiserms represents the root mean square noise voltage at the output.
% We have to generate normal distributed noise with a root mean square noise voltage
% equal to OutputNoiserms and add this time signal to NonLinearLNA

SignalSize=size(IdealMixSignal);

Noise=randn(1,SignalSize(2)); %normal distribution

NoiseVoltage=DutputNoiserms*Noise; %normal distributed noise at output
%according to NoiseFactor

Output_Mixer=NonLinearMixer+NoiseVoltage;

L Ll A AL AL LR RLIALL RN DAL ARB A DLW Wb bbb lhhhhs

AAALAALAADAAALAY% End of Mixer WAAAAAAAALAAAALL

MODEL FOR A POWER AMPLIFIER
The code for the PA is given below.

function Dutput_PA=pa(PowerGain,NoiseFigure,OIPSdbm,Qs,Input_Signal,Powsupp,PAE,Fs);

% This program represents a RF Linear PA model:
% Dutput_PA=pa(Power(ain,NoiseFigure,0IP3dbm,Qs,BW,Powsupp,PAE) ;

% PAE Power Added Efficiency of the PA
% Powsupp Supply Voltage

% NoiseFigure NoiseFigure of PA in dB

% DIP3dbm Output IP3 in dBm

% Qs Quality factor input PA

% Input_Signal (Noisy) Signal at input PA

% Fs=30e9; sampling frequency of Input_Signal

% program written by Leenaerts, de Vreede and Sylla
% Philips Research Laboratories, 1999
AIALIAALAAL LA Us exDef ined AU AR AR LAAARARADARIALLARALL AL IN AL LAY

W

kBoltzmann=1.38e-23;

T=290; %Temperature in Kelvin
R=50; %Matching resistance

Fn=Fs/2; }Nyquist frequency

BW=Fn; %BT bandwidth

BRRRDRRIAAIAALAAY, Pover AmplifiexWUANNANNARAALALIALL

Ywe first have to compute the averaged input power. This can be find by integration
%over the input signal over the full time period;

LocalPower=(Input_signal."2)/R; %power in Watts per time unit
[n,m]=size(LocalPower);
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powervector=reshape (LocalPower,1,n*m); %generate vector
Pin_PA=cumsum(powervector); %cumulative power
Pin_PA=Pin_PA(n*m)/(n*m); %averaged power in Watts

% NONLINEARITY

Pin_PAdbm= 10*l0gl0(Pin_PA/le-3); % Input power in dBm

Pout_PA= ({(Powsupp*PAE))+Pin_PA; % output power of the PA in watt
Pout_PAdbm=10*10g10(Pout_PA/le-3); % Output power in dbm
Gain=((Powsupp*PAE)/Pin_PA)+1;

PowerGain=10*1log10(Gain); % Gain in db
IIP3dbm=0IP3dbm-PowerGain;

IIP3=10"((IIP3dbm-30)/10); Jpower (Watts)

IIP3=IIP3/(Qs"2);

IIP3v=(IIP3%R)“0.5; %voltage

42=0;7%0.01;

A3=0;%4*Gain/ (3«IIP3v*IIP3v);

Ai=Gain;

nonlin=(A3 A2 Al 0];
NonLinearPA=polyval(nonlin,Input_Signal);

Il B I R I R R e et A e e L AL L L L L L LY,

e Rl Rl Rl T R e e A e et e AN O L St Ll L o o AL L L L LLLY
% NF=(total output noise power)/(output noise due to input source)
% The mean square noise voltage due to input source is 4kTR*BW with BW the sampled band.

NoiseFactor=10"(NoiseFigure/10); Y%noise ratio in numbers

InputNoisems=4+kBoltzmann*T*BW*R; Jimpedance is 50 Ohms

InputNoiserms=InputNoisems"0.5; Jrms noise voltage at input

OutputNoiseDueToInputrms=polyval(nonlin,InputNoiserms); %rms output noise voltage
#due to input noise

OutputNoisems=NoiseFactor*((OutputNoiseDueToInputrms)~2);

DutputNoiserms=OutputNoisems"0.5; %Total output noise root mean square voltage ’

OutputNoiserms represents the root mean square noise voltage at the output.
We have to generate normal distributed noise with a root mean square noise voltage
equal to OutputNoiserms and add this time signal to NonLinearPA

B

SignalSize=size(Input_Signal);

Noise=randn(1,SignalSize(2)); %normal distribution

NoiseVoltage=OutputNoiserms*Noise; /normal distributed noise at output according
#to NoiseFactor

Output_PA=NonLinearPA;%+NoiseVoltage;

T e Tt

AAUAALLLLLLALY End of Power AmplifierUAA%LAKA%AYY
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Active inductors, 234 oscillation frequency, 194
Adjacent channel power ratio, 150, 156 phase noise calculations, 220
AM-modulation, 218 Compression point, 11
AM-PM conversion, 218 Coplanar strip line, 58
Amplitude noise, 187, 201
Antenna, 43 Dead-zone, see PFD/CP combination, dead-zone
dipole, 44 Delivered power, 3
effective area, 45 DRO, see Oscillator, DRO
monopole, 45 Dual-modulus prescaler, 286
radiation resistance, 45 Dynamic range, 14
Automatic Gain Control (AGC), 198 spurious-free, 14
set-level, 198
Available power, 3 EER, 178
ESD, 60, 93
crowbar, 64

Balanced design, 204, 231

Barkhausen conditions, see Oscillation, Barkhausen ggNMOST. 61
" HBM, 60
conditions
. leakage current, 65
Behavioral model np-diode, 64
LC oscillator, 206 e
oscillator, pn-diode, 64

multi-phase oscillator, 215

RC oscillators, 223

ring oscillator, 223

two-integrator oscillator, 198, 223
Bipolar

current gain, 18

cut-off frequency, 17

double poly, 24

input limited frequency, 22

maximum available bandwidth, 23

maximum oscillation frequency, 21

model, 15

reverse voltage, 66

Feedback correction, 167
Feedforward correction, 167
FM modulation

signal-to-noise ratio reduction, 203
Frequency

cut-off, 17, 19, 26

input limited, 21

maximum available, 23

maximum oscillation, 20, 28
. output limited, 22

output limited frequency, 22 Frequency divider
Blocking, 11 architectures, 285
Bond pad, 59 CMOS technology, 290-300
Bond wire, 46, 161 dual-modulus prescaler, 286
input amplifier, 295

Capacitor, 35 input sensitivity, 297-300
double poly, 35 logic implementation, 291
fringe, 35, 162 power dis. optimization, 293
MiM, 37 programmable prescaler, 287-290
MOS capacitor, 37 transfer function, 252

Cartesian feedback, 180 Frequency synthesizer, see PLL

CCO, see Oscillator, CCO Friis’ formula, 8

Charge-pump, see PFD/CP combination

Closed-loop transfer function, see PLL, closed- Gain, 2

loop transfer function antenna, 44

Colpitts oscillator, 193 maximum, 4
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power, 3, 80
transducer, 4
voltage, 80
voltage gain, 2
GSM
phase noise specification, 202

Hartley oscillator, 193
oscillation frequency, 194
Hartley receiver architecture, 204

1/Q mismatch, 204
1/Q signals, see Quadrature signal generation
Impedance

antenna, 44

characteristic, 5, 50

load, 2

normalized, 10

optimal source, 10

source, 2
Impulse sensitivity function (ISF), 220
Inductor, 37

bond wire, 47

model, 38

planar, 37

substrate, 39
Intercept point

input, 12

n-th order, 12

output, 12, 92

third order, 12

Jitter, 187
time domain analysis, 229

LC oscillator, see Oscillator, LC
LC Tank, see Resonator
Leeson’s formula, 209, 211
LNA, 79
bipolar, 84
CE-CB stage, 85
CMOS, 94
model, 79
Local oscillator, see Oscillator, local

Matching
conjugate, 3
impedance, 3, 79, 100
noise, 9, 10
optimal source, 85
power, 4, 10
Microstrip line, 54
Mixer, 113
double-balanced, 117, 125
Gilbert, 116

noise, 121, 123, 127
passive, 117
power conversion gain, 114, 120
single-balanced, 117
voltage conversion gain, 114, 120
Modulation
cross, 11
inter, 12
MOS, 31
bulk model, 16
cut-off frequency, 19, 30
finger layout, 32, 161
gate resistance, 15
input limited frequency, 22
maximum oscillation frequency, 21, 31
model, 17, 19, 98
NQS effect, 16
output limited frequency, 23
parallel layout, 31
MOS-varactor, see Varactor, MOS-type

Narrow range system, 199
Negative resistance oscillator, see Oscillator
topology, cross-coupled pair

Noise

1/f-noise, 124, 209

DSB, 118

factor, 6, 14, 106

figure, 6, 123

floor, 14, 209, 213

in-band, 14

input referred, 7, 9

minimum noise factor, 9

phase noise, 209

spectral density, 6, 128

spot noise factor, 8

SSB, 118

Open-loop bandwidth, see PLL, open-loop band-
width
Open-loop transfer function, see PLL, open-loop
transfer function
Orthogonal
amplitude control, 198
frequency control, 198
Oscillation
amplitude stabilization, 196
Barkhausen conditions, 191
current limited region, 197
gain condition, 191
multi-oscillation, 195
oscillation conditions, 191
phase condition, 191
saturation effects, 219
start-up condition, 192



voltage limited region, 197
Ogcillation frequency

Colpitts oscillator, 194

Hartley oscillator, 194

large signal, 224

LC oscillator, 207

maximum, 207, 225

practical resonator, 208

RC oscillators, 224

ring oscillator, 225

two-integrator oscillator, 225
Oscillator

amplitude stabilization, 197

applications, 188

bipolar differential pair, 212

classification, 188

crystal, 189

current controlled (CCO), 186

design examples, 231-236

dielectric resonator (DRO), 189

efficiency, 213

feedback model, 191, 209

Figure of Merit, 238

harmonics, 187

ideal, 185

LC, 188, 206-223

local (LO), 188

MOS differential pair, 212

multi-phase LC, 214

open loop gain, 192

optimal LC oscillator coupling, 216

power spectrum, 233, 236

RC, 189, 223-231

RC oscillator benchmarking, 238

relaxation, 191

ring oscillator, 223

three terminal, 193

tuning constant, 186, 200

two-integrator, 190, 223

van der Pol, 197

voltage controlled (VCO), 186
Oscillator specification, 199-205

carrier to noise ratio (CNR), 201

chip area, 205

frequency, 199

harmonics, 204

1/Q mismatch, 204

phase noise to carrier ratio, 201

power budget, 200

process spread, 199

technology, 205

tuning, 199

tuning constant, 200

tuning linearity, 200
Oscillator topology

Index 321

AC-coupling, 222

complementary differential topology, 221
cross-coupled pair, 212

LC, 221-223

quadrature LC oscillator, 223

RC, 229-231

two-integrator oscillator, 229

PFD/CP combination

charge-pump implementation, 303
dead-zone, 300

dynamic transfer function, 306

high frequency operation, 257
high-frequency architecture, 302
implementation, 253

operation, 254

spectral components of output signal, 258
static transfer function, 306

transfer function, 255

Phase correction, 172
Phase noise

1/f noise corner, 220

AM-PM conversion, 218

baseband representation, 250
cyclo-stationary, 219

definition, 201

dependency on Q, 214
down-conversion, 219
extrapolation, 213

improvement by power scaling, 214, 228
impulse sensitivity function (ISF), 220
LC oscillators, 209-221

linear modeling, 209-217, 228-229
measurement, 202

multi-phase LC oscillators, 214-217
noise folding, 221

nonlinear modeling, 217-221, 229
offset frequency, 201

optimum number of stages, 229
prediction, 217

RC oscillators, 228-229

regions, 209

saturation effects, 219

sidebands, 187

single-sideband (SSB), 201

tail current noise filtering, 219

time domain analysis, 229
up-conversion, 218

Phase-frequency detector, see PFD/CP combina-

tion

Phase-locked loop, see PLL
Phase-margin, see PLL, phase margin
Pierce oscillator, 195

PLL
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closed-loop transfer function, 263 multi-phase LC oscillator, 215
equivalent phase noise floor, 274, 278 optimum phase shift, 215, 216
fractional-N architecture, 245 RC oscillator, 228

input amplifier, 295 unloaded, 214

integer-N architecture, 244

latch-up condition, 254 RC oscillator, see Oscillator, RC

loop filter, 258 Reciprocal Mixing, 202
active, 261 Reflection coefficient, 5, 51
passive, 260 Resistor, 34
loop filter design double poly, 34
integration capacitance, 283 model, 34
phase noise contribution, 281 Resonator
spurious ref. breakthrough, 280 capacitive tapping, 221
minimum step size, 245 Iumped losses, 206
open-loop bandwidth, 263, 268 practical, 206
open-loop transfer function, 262 SAW, 190
phase margin, 263, 268 Ring oscillator, see Oscillator, ring
phase noise model, 273 Ruggedness, 151
phase noise performance, 272, 278
settling time, 246 Scatter parameters, 5
spectral purity, 268 Self-limiting, 197
spurious ref. breakthrough, 268 Sensitivity, 14
charge-pump mismatch, 271 _ Signal-to-noise ratio, 6
leakage currents, 269 Signal-to-noise-ratio (SNR), 202
PLL building blocks, see Frequency divider and Spectral purity
PFD/CP combination phase noise sidebands, 249
PN-junction varactor, see Varactor, PN-junction spurious signals, 247
type Spurious emission, 203
Power amplifier, 145 Spurious oscillation, see Oscillation, multi-mode
class A, 146 Stability
class AB, 152, 161 bode plot, 192
class B, 147 root locus, 193
class C, 147 Substrate, 39, 67
class D, 147 bounces, 60, 69
class E, 147 high-ohmic, 76
class F, 147 low-ohmic, 73
efficiency, 146 noise, 69
heating, 149
hot carrier, 165 Tank circuit, see Resonator
PAE, 146 Technology
Predistortion, 168 CMOS, 30
modulation, 169 SiGe, 30
silicon bipolar, 24
Q, see Quality factor Silicon-on-Anything, 26
Quadrature signal generation, 214 Telecom standards
correct-by-construction, 205 tuning range, 199
device matching, 205 Transceiver

layout symmetry, 205
Quadrature signals, 186
Quality factor (Q), 189
capacitor, 206
definition, 210
high-ohmic substrates, 205
inductor, 206
loaded, 214

effects of phase noise, 202
Transceiver architecture, xv
Transmission line, 49, 100

attenuation factor, 51

dispersion, 51

model, 49

propagation constant, 50
Trench



deep, 24
swallow, 25

Tuning

capacitive, 208, 226
capacitor switching, 209
coarse range, 229

delay interpolation, 227
fine range, 229

inductor switching, 208
LC oscillator range, 209
LC oscillators, 208
parasitic reduction, 209
RC oscillators, 225
resistive, 226
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varactor requirements, 208
Tuning constant, 186
Tuning system, see PLL
Two-integrator oscillator, see Oscillator, two-
integrator

Van der Pol Oscillator, 197
Varactor
MOS-type, 200, 209
PN-junction type, 209
VCO, see Oscillator, VCO
VCO gain constant, see tuning constant

Wide range system, 199





