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Preface

The wireless communications revolution has been driven by a confluence of
technological advances, including improvements in communications theory,
very large-scale integration (VLSI) technology, and radio frequency (RF)
microelectronics. The microwave power amplifier represents one of the major
factors in the low-cost and low-power implementation of these systems, since
they are required to deliver tens of watts of power (in the case of a base station)
with exacting standards of linearity and direct current (dc) power efficiency.
The microwave power amplifier in the handset must deliver—at most—a few
watts of power but dissipate very little dc power and sell for only a few dollars
in large quantities. Clearly, these requirements represent an enormous
challenge for the design and implementation of the power amplifier circuit.

This challenge has been met through a variety of creative approaches
over the years, and the linearization and efficiency enhancement of
microwave amplifiers remains an area of active research. Generally speaking,
linearization techniques can be classified under the categories of either
feedback or feed-forward approaches. Both of these approaches have well-
known advantages and disadvantages. Feedback approaches tend to exhibit
stability problems, and feed-forward approaches suffer from matching
limitations. Neither has achieved very widespread application in commercial
communications systems.

A third technique for amplifier linearization is known as the outphasing
approach. This approach also has a long history—dating back to the 1930s
where it was first proposed for amplitude-modulated (AM) transmission—
and uses power-combining techniques to create a /inear output waveform
from two nonlinear input sources. When combined properly, the resulting
waveform is highly linear, but the input amplifiers that create the nonlinear
input waveforms can be designed to be very efficient from a dc power
perspective.

Although this approach has much to recommend it, it has not achieved
widespread use in commercial applications. This is because the intrinsic

Xi



Xii Design of Linear RF Outphasing Power Amplifiers

advantages are offset by some significant disadvantages; in particular, the
matching requirements between the two amplifiers are very stringent, and a
large fraction of the microwave power is typically wasted in the power-
combining network.

However, there has been a flurry of activity recently in this area in an
attempt to solve these problems, and the next generation of outphasing
microwave power amplifiers is poised to solve these historical limitations and
finally find its way into commercial applications. This book aims to provide
the reader with the most up-to-date summary of recent advances in
outphasing microwave power amplifier design and to present the historical
background that led to their development.

Background Information and Guidelines

The book is organized as follows: Chapter 1 begins with a brief introduction
of wireless communication standards and their imposed requirements on
power amplifiers. It also introduces the concept of the outphasing power
amplifier and discusses its historical advantages and limitations.

Chapter 2 discusses outphasing amplifier system linearity performance,
first introducing the typical modulations and baseband filtering techniques.
Then, Chapter 2 describes various schemes for implementing the signal
component separation function. The major sources of imbalance, including
the path imbalance, the quadrature modulator error, the signal component
separator (SCS) quantization, the digital signal processing (DSP) sampling
rate and reconstruction filtering are successively investigated and translated
into the system adjacent channel power regrowth (ACPR) requirements.

Chapter 3 reviews several correction approaches to compensate the
imbalance between the two amplifier paths and improve the linearity
performance of the outphasing system. These include schemes based on
training vectors and those that can operate in background. For broadband
application, channel equalization must be used to balance the responses of
two branches for the entire band. Chapter 3 also discusses unique methods
based on voltage controlled oscillator (VCO)-derived synthesis. These
alternative approaches to achieve signal component separation can
automatically correct the path imbalance; this makes them particularly
suitable for low-power and low-cost integrated circuit implementation.

Chapter 4 concludes the book by addressing the efficiency-linearity
trade-off in the power combiners of the two amplifiers. Traditionally, much
of the advantage of the outphasing approach is “thrown away” in the power
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combining network. The chapter first discusses the limitations of the
traditional approaches and then presents improved techniques. These
techniques fall into the categories of reactive-combining and power-recycling
approaches. Reactive-combining approaches minimize the dc power
dissipation by changing the load impedance to be more highly reactive at
low output powers. Power-recycling approaches reduce the wasted power by
converting the out-of-phase power back to dc and returning it to the power

supply.
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Introduction

1.1 The Role of Power Amplifiers in Wireless
Communication Systems

The tremendous growth of the wireless market, coupled with the fierce
competition of the last few years, has spurred unprecedented interest in the
performance of low-cost and physically compact RF power amplifiers.
Concern for performance was motivated by the significant impact the power
amplifier has on the talk time of the mobile station, which can represent a
substantial marketing advantage if it is well-optimized. In addition, reducing
the power requirements on the base station can have a significant impact on
cost, and the power amplifier has a significant role to play there as well.

Classical power amplifier design techniques frequently ignore signal
characteristics, instead focusing on transistor performance and circuit design
techniques. However, with the emergence of digital wireless communication
systems, an understanding of digital modulation theory is also required to
fully characterize the power amplifier performance with the modulated
carrier for the optimum linearity-efficiency trade-off. This section briefly
reviews the first generation (1G) and second generation (2G) analog and
digital wireless communication systems, with emphasis on the influence of
wireless standards on power amplifier performance requirements. Details on
wireless theory and communication theory can be found in [1-5].

Cellular wireless systems and standards have been in the process of
evolution for decades throughout the world. The advanced mobile phone
system (AMPS), developed by AT&T and Motorola, was the first
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commercial cellular service in the United States and has been available to the
public since 1983. This is known as a 1G analog system. In Europe, several
similar 1G cellular systems have been deployed, including the total access
communications system (TACS), the Nordic Mobile Telephone (NMT),
C-450, the radio telephone mobile system (RTMS), and Radiocom. The
Japanese TACS/narrowband TACS (JTACS/NTACS) are based on the
European TACS system.

Analog wireless systems typically employ frequency modulation (FM)
to modulate a carrier signal with voice information. The constant envelope
feature of the FM signal enables high-efficiency amplification of the signal
prior to transmission, since the power amplifier can be operated in the
“saturated mode” without corrupting the information in the signal
transmission. This advantage is historically exploited to lower the dc
power, reduce the transistor cost, and reduce heat-sink requirements. Several
analog cellular systems are listed in Table 1.1. These systems have FM and
frequency-division multiple access (FDMA) in common.

In FDMA, multiple users are assigned different frequency channels,
partitioned from the available frequency band. The use of FM and FDMA
are the primary limitations on system capacity and user features for analog-
based systems and have led cellular equipment manufacturers to adopt digital
modulation techniques and alternative access methods. These are known as
2G systems. Digital modulation offers increased channel capacity, improved

Table 1.1
Several 1G Analog Wireless Systems

Standard AMPS/NAMPS ETACS JTACS/NTACS
Year introduced 1983/1988 1985 1988/1993
Uplink frequency band (MHz) North America United Kingdom Japan 915-925

824-849 890-915
Channel bandwidth (kHz) 30/10 25 25/12.5
Multiple access FDMA FDMA FDMA
Modulation FM FM FM
Maximum transmit power (dBm) 27.8 N/A N/A
PA voltage (V) 3.6-6.0 3.6-6.0 3.6-6.0
Typical PA quiescent current (mA) 30 30 30
Typical efficiency (%) >50 >50 >50

From: [6].
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transmission quality, secure communication, digital data communication,
and the ability to provide other value-added services not possible with analog
modulation and FDMA.

Time-division multiple access (TDMA) is an access method in which
multiple users share a common frequency band, with each user assigned a
particular time slot. The most popular TDMA-based digital cellular system is
the global system for mobile communications (GSM), which went into
commercial service in 1992 [7]. GSM, which was originally developed as a
Pan-European unified cellular standard to supplant the existing incompatible
analog systems, has now become the most widely accepted wireless standard
around the world. Gaussian minimum-frequency shift keying (GMSK)
modulation has been adopted in GSM, which combines continuous-phase
modulation with Gaussian-shaped filtering. GMSK is indeed a kind of
frequency shift keying (FSK), which naturally results in phase changes of the
carrier, while the carrier’s magnitude remains constant. This technique, like
FM, allows the power amplifier to operate in constant amplitude, or
“saturation mode,” and provides high-efficiency amplification.

In the United States, the Telecommunications Industry Association
(TTA) adopted the IS-54 TDMA standard as an upgrade path for the analog
AMPS to meet the growing need for increased cellular capacity in crowded
areas. This standard later evolved with some improved services and support
for personal communication services (PCS), and it is now referred to as IS-
136. The other remaining TDMA wireless systems are the personal digital
cellular (PDC) system and a microcellular standard—the personal handy-
phone system (PHS) in Japan. These systems use a linear modulation
technique, /4-differential quadrature phase shift keying (PSK) (w/4-
DQPSK) modulation, to provide better bandwidth efficiency and enable non-
coherent detection. w/4-DQPSK belongs to the PSK family of modulation,
and the signal phase is intrinsically discontinuous, which causes the spectrum
utilized to grow dramatically. Square-root raised cosine pulse shaping is used
for band-limiting the resulting signal. The band-limited signal now has a
significant variation in its amplitude, or envelope, which leads to the require-
ment for a linear power amplifier to accommodate the instantaneous envelope
variation with minimal distortion.

For those systems that employ envelope-varying modulation schemes, a
direct trade-off exists between the linearity and efficiency of the power
amplifier. A power amplifier designed for these systems may also require
dual-mode operation to maintain compatibility with any analog system that
may coexist with the digital system.
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While the radio spectrum is shared in the frequency domain in FDMA
and shared in the time domain in TDMA, the code-division multiple access
(CDMA) approach allows multiple users to occupy the same frequency
spectrum at the same time. The separation of the users is based on code
orthogonality; in other words, the separation is based in the code domain.
Each user is assigned a unique identifying code, and, as a result, all
transmitters except the desired user appear as additive white Gaussian noise at
the intended receiver.

CDMA provides a number of advantages over its FDMA and TDMA
counterparts, such as universal frequency reuse, increased capacity, use of a
Rake receiver, different types of handoff, and accurate power control [8]. The
commercial implementation of CDMA was carried out by Qualcomm, with
the first cellular system operation in Hong Kong in 1995. This CDMA
system, called IS-95 CDMA, uses offset quadrature PSK (OQPSK) for the
mobile station transmitter. OQPSK is a variant of QPSK, which operates by
delaying the signal by halfa symbol period in the quadrature channel to avoid
envelope zero-crossing and lessen the dynamic range requirements of the
power amplifier. The band-limiting for the mobile station requires that the
power amplifier for IS-95 CDMA be highly linear. Correspondingly,
the power amplifier typically will exhibit low de-to-RF conversion efficiency
to support the large instantaneous envelope variation of the carrier.
Furthermore, CDMA handset transmitters typically require a wide variation
in the output power, due to the requirement for power control to combat the
“near-far” problem in the network. This “near-far” phenomenon is due to
the dispersion of multiple mobile users in the cell that share the same base
station and spectrum. While the base station may receive differing signal
power from each individual user, the users that deliver higher power
unavoidably create excessive noise to others, and the system capacity is
degraded. The cure to this problem is accurate power control, which equates
the signal power delivered to the base station from each user. Table 1.2 lists
several power amplifier—related features of 2G wireless standards.

1.2 Characterization of Power Amplifiers for Wireless
Communications

In the hierarchy of the modern wireless communications transmitter
system, the microwave linear power amplifier is the final interface between
the baseband signal-processing RF upconversion and the antenna itself.



Table 1.2

Several 2G Digital Wireless Systems

Standard GSM 1S-54 1S-95 PDC PHS
Year introduced 1990 1991 1993 1991 1993
Uplink frequency band Europe North America North America Japan Japan

(MHz) 890-915 824-849 824-849 940-956 1,895-1,907
Carrier spacing (kHz) 200 30 1,250 25 300
Multiple access TDMA/FDMA TDMA/FDMA CDMA/FDMA TDMA/FDMA TDMA/FDMA
Modulation GMSK « /4-DAPSK 0QPSK w /4-DAQPSK w /4-DAQPSK
Duplex mode FDD FDD FDD FDD TDD
Maximum transmit power (dBm) 30 27.8 27.8 33.0 19.0
Long-term mean power (dBm) 21.0 23.0 17.0 28.0 10.0
Peak-to-average power ratio (dB) 0 3.2 5.1 26 26
Transmit duty ratio (% ) 12.5 33.3 Variable 33.3 33.3
PA voltage (V) 3.5-6.0 3.5-6.0 3.5-6.0 35-4.8 3.1-36
ACPR (dBc) N/A —-26 —26 —48 -50
Typical PA quiescent current (mA) 20 180 200 150 100
Typical efficiency (% ) >50 >40 >30 >50 >50

From: [6]. FDD: frequency division duplexing; PA: power amplifier.
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When viewed in this light, the power amplifier’s function appears to be rather
prosaic: a simple amplification of the input signal and delivery of the
resulting power to the antenna. This is shown schematically in Figure 1.1 for
the case of a typical wireless handset transmitter. However, this apparent
simplicity masks the fact that the power amplifier often dominates the power
dissipation in the handset and is the final determiner of the quality of the
transmitted waveform. As a result, a careful analysis of this simple block
reveals a host of interesting problems. Most of the problems are associated
with the quality of the transmitted waveform, and the dc power dissipation of
the amplifier itself.

1.21 Power Amplifier Waveform Quality Measurements

Table 1.2 lists the relevant power amplifier characteristics for several 2G
digital wireless standards. An important distinction between most digital
standards and the analog standards is the inclusion of a transmitter linearity
specification, which specifies the leakage or interference (or both) to the
neighboring channels. This interference specification is required, because the
nonlinear distortion of the amplifier creates an output spectrum that is
broader than the original input signal. This broadening of the transmitted
signal can interfere with users in nearby channels. How is this distortion
created, and how is it affected by the characteristics of the power amplifier
and the characteristics of the signal sent through the power amplifier?

The nonlinear distortion of the amplifier usually results from nonlinear
distortion processes in the transistors that make up the amplifier. Many

I-channel

Duplexer

Power

T VGA  RF|qcal Q-channel
amplifier

oscillator
Reconstruction filter

Figure 1.1 Typical wireless handset transmitter section, showing complete upconversion
path from the baseband.
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high-frequency circuits like power amplifiers can be roughly characterized by
assuming that they exhibit memoryless weak nonlinearities. In this case, they
can be accurately characterized through the use of a power series expansion.
Therefore, the instantaneous output of a circuit can be represented by

5,(8) = ays(t) + aysi(2) + azs) (1) + ... (1.1)

where s,(¢) is the output of the circuit, s;(#) is the input to the circuit, and
ay, a, a5 . .. are the power series coefficients of the output. The quantity 4
corresponds to the linear gain coefficient of the circuit, and 4, . . . @, represent
the nonlinearities of the circuit due to nonideal elements such as power
supply limitations. Figure 1.2 is a general illustration of the nonlinear
behavior of the circuit.

We can immediately see from this expression several different
consequences of the nonlinear behavior of the circuit. A single sinusoidal
input signal at frequency w; will generate outputs at frequencies w, 2wy,
3wy, ... nw; for an nth order nonlinearity. Of course, a typical transmitted
waveform contains a multitude of frequencies, and the frequency generation
that results from this condition is even more complicated. In order to capture
this behavior in a straightforward way, communications engineers have
developed rwo-tone tests to model the behavior of the circuit. In this case, the
input to the circuit consists of two sinusoidal signals, such as

Nonlinear power amplifier

Vin Vnut

» »
> »

Time Time

Figure 1.2 lllustration of general power amplifier nonlinearity characterized by a power
series.
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5;(£) = §) cos (wyt) + S, cos (wy£) (1.2)

Taking only the first three terms of the power series expansion
(a4, as,...=0), and substituting in the appropriate trigonometric identity
will result in the output

5, (1) = aysi(t) + aysi(t) + a35)(2) (1.3)

dc term
(0= 1/ (S} + )
output at desired frequency
1@, S, + B/4)ay(S? + 28,52)] cos (w1 7)

output at desired frequency

F [0S, + (3/4)a5(S2 + 28,52)] cos (w,7)
intermodqugtion term
+ 2,8, 8,[cos (w) + w,)t + cos (w, — w,)z]
intermodu}gtion term

+ 23/4)4351252 cos 2w, — wz);

intermodulation term

+ (3/4)a5 528, cos (2w, — @)1

2 X frequency term

+ (1/2)a[ S cos 2w, 7) + S2 cos (2w, 1)]
intermodulation term
+ (3/4) a3 St S, cos (2w, + wy)t

intermodulation term

+ 23/4)4352251 cos 2w, + wl);

3X frequency term

+ (1/4)a5[S? cos By 1) + 83 cos (B 1)] (1.4)

Further expansion of the power series at higher orders is a
straightforward, if frustrating, procedure; it is best left to a computer in
most cases. A simplified plot of the magnitude and frequencies of these
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output terms appears in Figure 1.3. Fortunately, higher terms of the power
series are usually of little consequence in a practical circuit, and a variety of
very useful results can be seen from this simplified two-tone third-order
result.

Equation (1.4) demonstrates a variety of interesting consequences of
the nonlinear distortion of the input signal. They are listed as follows:

e Change in the bias point of the circuit;

e Gain compression, or expansion, at the desired frequency depending
on the sign of a3;

e Creation of harmonics of the original input frequencies at 2w, 3w,
2w,, and 3w,;

e Creation of frequencies that are linear combinations of the original
input frequencies. These intermodulation frequencies are at 2w, =
Wy, 2wy * wy, and wy * w,.

Note that the output frequencies generated by the nonlinearity are a
linear combination of the input frequencies. In general, this means that

w, = aw; + bw, + cw; + ... dw, (1.5)

where 4, b, ¢, and d are integers from —7. .. n, and 7 is the maximum order
of the nonlinearity—7 = 3 in this case. The input frequencies to the circuit
are wy, , ...y, and the output frequency is w,.

The change in the bias point of the circuit is usually small and is a
consequence of the fact that the second-order (and all additional even-order)

A
= Desired signal Second-order IM
§ and distortion Third-order IM
2 . ird-order
_E' Second-order IM Third-order IM / and distortion
< / /
| T

Frequency (Hz)

Figure 1.3 lllustration of harmonic and intermodulation distortion products in two-tone
amplifier measurements.
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harmonic distortion generators create a dc term in the output. The
compression or expansion of the gain of the linear gain of the circuit is
attributed to the @3 term in (1.1), which has a negative value for a typical
compressive nonlinearity. This effect is usually characterized by the 1-dB
compression point of the power amplifier—the signal level where the gain of
the circuit is reduced by 1 dB.

The magnitude of the 1-dB compression point can be estimated
from (1.4). If we assume that §, is zero then the output signal at frequency w,

will be

5,(8) = [ S + (3/4)a3 S| cos (w; 7) (1.6)
and the relative gain compared to the desired (uncompressed) gain, at the
—1-dB compression point, is

4 S +(3/4)a;S}

—1=20log
)

(1.7)

and solving for §; yields a value for the input —1-dB compression point of

1/2
S = [éﬂ] / Jo11 (1.8)
3

This expression can be used to calculate the 1-dB compression point of
the amplifier if the power series coefficients for the gain are known.

A related aspect of the performance of the power amplifier is AM/
AM and AM/phase modulation (PM) conversion. AM/AM conversion is
the change in the gain of the circuit with changes in the input amplitude.
AM/PM conversion is an aspect of nonlinear circuit behavior where
changes in the amplitude of the input signal as it is applied to a circuit cause
a change in the phase of the signal at the output. This can be especially
detrimental to phase-modulated digital waveforms, where the bit error rate
(BER) can rise as a result of changes in the phase of the received or
transmitted signal. This phenomenon can not be predicted by a memoryless
nonlinearity power-series of (1.1), which intrinsically contains no phase
information.

We can gain a simple understanding of the effect by assuming a single-
tone input signal and by assuming that 4, a,, ... a, are phasor rather than
scalar quantities, each consisting of magnitude |a,,| and phase ,,. This turns
out to be a good approximation to the results that would be obtained from
an exact Volterra-series analysis. Now, the output vector at the desired
frequency is [from (1.6)]
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5, (1) = (|¢z]|ej9151 + (3/4)|¢3|ej03513)cos (1) (1.9)

Clearly, the overall output phase of this result will vary along with the output
amplitude as the amplitude of the input signal §; increases, resulting in AM/
PM conversion. Thus, AM/PM conversion is a consequence of the phase
relationships between the power series coefficients.

Although they both arise from the same phenomenon, engineers have
developed a distinction between harmonic distortion, which generates output
frequencies at integral multiples of the input frequencies, and intermodula-
tion distortion, which generates output frequencies at linear combinations of
integral multiples of the input frequencies. In this way, two input signals are
said to intermodulate. It is this second set of distortion products that is
particularly insidious in communications systems, since the distortion
product is often in the same frequency band as the desired input signals and
is therefore indistinguishable from an actual signal. It is clear from (1.4) that
the magnitude of the harmonic and intermodulation distortion terms are
related.

Intermodulation distortion is typically characterized with a two-tone
test, at conditions where S; = S,. As a result, the second-order intermodula-
tion products are

s,(r) = alez[cos (w; + wy)t 4 cos(w; — wy)z] (1.10)
and the third-order intermodulation products are
s5,(8) = (3/4)413513[cos (2w; — wy)t + cos 2w, — w;)z] (1.11)
and we can define the fractional second-order intermodulation (IM,) as

IM, = amplitude of the second-order intermodulation output
, =

amplitude of the fundamental output

_ |ﬂz|512
|41|51

_ |ﬂ2|51

- |ﬂ1|

(1.12)

and the fractional third-order intermodulation (IM3) is
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IM. = amplitude of the third-order intermodulation output
5=

amplitude of the fundamental output
_ 3las) S}

 4alS,

3l St

B 4lay|

(1.13)

Notice that the value of IM, rises linearly with the inputsignal, so a 1-dB
increase in ) results in a 1-dB increase in IM,. Similarly, the value of IM3
rises linearly as the square of the inputsignal, so a 1-dB increase in §; resultsina
2-dB increase in IM3.

Now, in the performance of a two-tone test, with only second- and
third-order nonlinearities present, the desired output signal is at frequencies
w; and w,, and the undesired output frequencies occur at w; + w, and
w; — w, (for second-order intermodulation) and 2w, — w, and 2w, — w; (for
third-order intermodulation). We can plot the relative value of the desired
output, the second-order intermodulation output, and the third-order
intermodulation output for any given nonlinearity as a function of input
signal amplitude, as shown in Figure 1.4. Note that these quantities are
typically plotted on a log-log scale to make the quantities linear functions of
the input. In this case, the desired signal amplitude has a slope of one; the
second-order intermodulation product has a slope of two; and the third-order

A
Ru(dBm) 0IP, 1
oip,
Desired

Third-order

Second-order

>
P, (dBm)

Figure 1.4 lllustration of extrapolated nonlinear amplifier intercept points.
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product has a slope of three. Since the slopes of the intermodulation products
are of necessity higher than that of the desired signal level, there will be some
extrapolated point where they are equal to the input signal level. This is
shown in Figure 1.4.

The input signal level where the extrapolated value of the desired
output signal and the nth-order intermodulation product are equal is the nth
order input intercept point-(Syp ). So by definition Syp is defined as the
input signal amplitude where IM,, = 1. So, from (1.12) and (1.13).

||
v, = 1o (1.14)
/)
and
4 ||
Sip, = g@ (1.15)

This last expression can be used to quantify the well-known relationship
between the 1-dB compression point (1.6) and the third-order intercept
point; for example,

SIIP3(dB) == S—ldB(dB) + 96 (116)

In high-power amplifier applications, it is often more useful to specify
system performance in terms of output intercept point (OIP) rather than IIP.
These can be calculated in a straightforward manner from (1.15) and

(1.14) as

|y |?
SOIPZ = ﬁ (117)
)
and
4| |?
Sor, = 5—|;3| (1.18)

Now, the two-tone test approach combined with a weak nonlinearity is
a useful starting point for the understanding of nonlinear power amplifier
behavior. However, typical power amplifiers in digital wireless applications
are characterized by strong nonlinearities and digital modulation. Under these
constraints, exact expressions for spectral regrowth are far more complex.
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These conditions lead to a slightly different, though closely related, set of
performance constraints as shown in the following simple example.

A large-signal nonlinear power amplifier can be characterized most
simply by a clipping nonlinearity, as shown in Figure 1.5. In this case, the
amplifier response is perfectly linear, with a gain of unity, until the saturation
point is reached, beyond which the output grows no further.

Now, the effect of this clipping nonlinearity on the resulting modulated
output spectrum is quite dramatic, as shown in Figure 1.6. In this case, an
8-PSK waveform, with a raised cosine filter (o« = 0.35) and an approximately
1 Ms/s symbol rate is sent to the amplifier input with an available power of
0 dBm. As Figure 1.6 demonstrates, the narrow bandwidth of the input
waveform is effectively destroyed by the intermodulation resulting from the
clipping nonlinearity of the amplifier.

This effect can also be seen by an examination of the signal constellation
diagram of the input and output waveforms (Figure 1.7). In Figure 1.7(a),
the ideal input signal constellation exhibits wild variation in its amplitude in
the time domain, but the resulting spectrum is quite narrow in the frequency
domain. The limiting of the output amplitude in Figure 1.7(b) results in a
dramatic constriction of the signal in the time domain and a corresponding
spectral regrowth.

The signal that is sent through the amplifier can be characterized by the
peak-to-average power (PAP) ratio and the complementary cumulative
distribution function (CCDF), which are statistical measurements on the
envelope of the transmitted time-domain waveform. The PAP ratio is the
ratio of the peak envelope power of the waveform to the average envelope
power during a set period of time (usually as long as possible). In some cases,

Nonlinear power amplifier
Vin | Vout

out

VLI M

»
>

V.

in

Figure 1.5 Simple power amplifier exhibiting clipping nonlinearity. In this case, the output
voltage saturates at V.
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Figure 1.6 Input and output spectrum of limiting power amplifier. Note the out-of-band
spectral regrowth resulting from the limiting behavior.

it is not possible to determine the peak of the waveform definitively, since the
signal has a very wide distribution of possible amplitudes, and then a
probabilistic measurement of the PAP is used. For example, the peak
envelope power in this case is not specified as an absolute peak, but rather as
the power level that the signal is below for a certain percentage of the time—
typically 99.9 or 99.99% of the time.

The power statistics of the signal can also be characterized graphically
by the CCDF. The CCDF curve shows the probability that the power is
equal to or above a certain PAP ratio. The PAP ratio and CCDF plots are
useful characterization techniques in digital communication transmitters,
since the modulation formats vary widely. As an example, in IS-95 CDMA
systems, the statistics of the signal will be dependent on how many code
channels /or carriers (or both) are present at the same time. Figure 1.8 shows
the CCDF curves with different code-channel configurations [9]. Even in
systems that use constant-amplitude modulation—such as GSM—the PAP
ratio can be greater than unity if the transmitter is amplifying more than one
signal, such as in base stations.

Given the fact that the modulated signal, with a given CCDF and PAP,
is passed through the nonlinear power amplifier, the linearity figure of merit
for digital wireless communication systems is typically the ACPR and the
alternate channel power regrowth (AltCPR). The ACPR is typically defined
as the ratio of the distortion power measured within a specified bandwidth
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In-phase component

(a)

In-phase component

(b)

Figure 1.7 Signal constellation diagrams for (a) ideal filtered 8-PSK waveform, and (b)
“clipped” waveform illustrating constriction of constellation diagram after
passing through a limiting amplifier.

B, in the adjacent channel at a specified offset frequency from the channel
center frequency f., to the signal power measured around the center
frequency within another specified bandwidth B, in the desired channel; the
Alt CPR is a measure of the ratio of distortion power in the alternate channel
to the signal power in the desired channel. These two measures are shown in
Figure 1.9. The two bandwidths B, and B, are different in many cases.
The spectral regrowth results from the power amplifier nonlinearities
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Figure 1.8 CCDF of a CDMA signal with differing codes and a comparison to a Gaussian
noise profile [9].
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Figure 1.9 Spectrum of the ideal transmitted modulated signal and the distorted signal
illustrating ACPR, alternate channel regrowth, and inband distortion.

(AM-AM and AM-PM conversion) and will cause interference to the users in
the adjacent and alternate channels. In general, the third-order nonlinearities
in the amplifier contribute to the adjacent channel spectral regrowth, and
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the fifth-order nonlinearities create both the adjacent and alternate channel
spectral leakage. Figure 1.9 also illustrates inband signal distortion.

Each of the digital standards characterizes ACPR requirements
differently; they are usually specified by an RF spectrum mask that is related
to the spacing between channels, as well as limitations on the out-of-band
emissions specified by the regulating body. In addition, each standard has its
own unique modulation format, and the distribution function of the
waveform can alter the ACPR. While the maximum adjacent and alternate
channel powers are usually specified by wireless standards, in practice a more
straightforward and convenient measure for the purpose of simulation of
amplifier linearity is the adjacent channel interference (ACI). In this text, the
ACl is defined as the ratio of the peak spectral density of the residue outside
the channel to the peak spectral density of the modulation.

There are alternative techniques for characterizing power amplifier
accuracy and linearity in modern communications systems. The previous
figures of merit characterized the spectral regrowth of the signal. Other figures
of merit characterize the accuracy of the modulated signal. They typically
involve a precision demodulation of the transmitted signal and subsequent
comparison to an ideal reference signal. The figure of merit depends mainly
on the modulation scheme and the wireless standard. The NADC and PDC
systems use the error vector magnitude (EVM) measurement, while GSM
uses phase and frequency error. The CDMA IS95 system employs a
waveform quality metric p.

The EVM measurement is a modulation quality metric widely used in
digital RF communications systems, especially emerging third generation
(3G) and wireless local area networks. It is essentially a measure of the
accuracy of the modulation of the #ransmitted waveform. Mathematically, the

EVM is defined as [10]
3 |e(k)|?
EvM=1" (1.19)

n

where e(k) is the normalized magnitude of the error vector at symbol time £,
and 7 is the number of samples over which the measurement is made. Typical
EVM figures are in the range of 5-15%.

Another way of looking at this is that the EVM is the root-mean-square
(rms) value of the error vector when the symbol clock transitions occur. This
is shown in simplified form in Figure 1.10. The error vector is a complex
quantity, containing both magnitude and phase components. For this reason,
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Figure 1.10 EVM is a measure of the difference between the ideal and actual transmitted
waveforms.

when the power amplifier input signal has a small amount of distortion and
noise, there is a simple relationship between the EVM of the amplifier output
and the AM-AM and AM-PM characteristic [11].

The waveform quality metric (p) is yet another measure of the fidelity
of the transmitted signal, which is typically used in CDMA systems. In this
case, it is the cross correlation of the transmitted to the ideal baseband signal,
as follows

Mk

DS,
p=— k=1 — (1.20)
D Y S,
=1 =1

where S, is the 4th sample of the transmitted signal, D, is the 4th sample of
the ideal baseband signal, and A is the measurement period in half-chip
intervals. In most cases, the waveform quality factor usually measures about
or above 0.98 or better.

1.2.2 Power Efficiency Measurements

A comparison of the quiescent current values of Table 1.1 and Table 1.2
shows that linear power amplifiers require a substantially higher quiescent
current than that used for constant envelope applications. This characteristic,
coupled with the requirement that linear power amplifiers cannot be driven
into deep saturation, are the two reasons why linear power amplifiers exhibit
lower efficiency than those for constant envelope applications. The 3G
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wireless standards like wideband CDMA (WCDMA) and CDMA2000
demand even more strict requirements on the power amplifier linearity
performance [12].

One related problem is that the dc-to-RF amplifier efficiency generally
drops sharply as the RF input drive power is “backed-off”” from the maximum
rated power level. The power-added efficiency (PAE) of a typical amplifier is a
measure of the conversion efficiency of all sources of input power (both from
the power supply and the input signal) to the output, and is given by

P,
PAEZT]:ﬁ (121)
in dc

where P, is the RF input power to the amplifier, P, is the desired output
power of the amplifier in the band of interest, and Py is the dc input power
supplied to the circuit. If the gain of the circuit is relatively high, then the RF
input power is much smaller than the dc power, and the PAE is a measure of
the conversion efficiency from the battery to the transmitted signal.

Now, the output power delivered by the amplifier varies as a function of
numerous factors, including the position of the mobile unit within the
network. In CDMA networks, this variation is due to the fact that the received
signal strength must be maintained at a constant level at the base station to
combat the near-far problem. The dc power drawn by the amplifier naturally
varies as the RF output power varies, and so a more useful figure of merit for
these amplifiers is the long-term mean efficiency given by

0

I Pout ' g(Pout)dPour

7= (1.22)

(o)

I Pdc(Pout) ) g(Pout)dPout

where g(P,,,) is the probability that the amplifier will have an output power
P> and Py (P,,,) is the dc power dissipation at output power P, ..

In light of its inherent simplicity, it is not clear from (1.22) that the
long term PAE of a typical linear power amplifier could not approach 100%
in a realistic situation. This would represent an ideal situation where nearly all
of the dc power were converted to transmitted power. Unfortunately
however, typical power amplifiers in linear transmitter applications have
average PAEs averaging 5% or less [13], and the numbers are equally poor for
base station applications.
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The origins of this poor efficiency in practical situations are straight-
forward. Consider the case of a simple bipolar transistor power amplifier
shown in Figure 1.11. In this case, the current-voltage characteristics dictate
that the dc collector bias on the device is V,, and the dc current through the
device is I,,,/2. As a result, the dc power dissipation of the amplifier is
simply V.1, .. /2. Under conditions of maximum output power, the collector
voltage swings from 0 to 2V, and the device current swings from 0 to 7,
and delivers the maximum output power to the load impedance of V.7, /4.
Thus, the maximum efficiency of the amplifier under these conditions is
50%, and the load impedance that is presented to the device is 2V, /I .. In
the example, the load impedance presented to the device is 5.

—— V=35V

L§ \/\GV zgv

] Impedance ¢
/\j 1 matching

Impedance |

i ‘ R =50Q
n matching

IMAX

\:,\Load line
N
—

Collector-emitter voltage
(b)
Figure 1.11 Simplified view of a power amplifier illustrating (a) circuit schematic with

impedance matching at input and output to maximize the output power, and
(b) typical transistor characteristics and load line.
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However, in most cases, the actual efficiency is substantially less than
this maximum amount, and a good portion of the dc power delivered to the
power amplifier remains inside it, becoming waste heat. The lower efficiency
results from the fact that the dc power dissipated by the amplifier essentially
remains at V[, /2 for all values of output power, so the efficiency
decreases linearly with output power.

1.3 Power Amplifier Linearization and Efficiency-
Enhancement Techniques

What follows next is a brief overview of linearization and efficiency-
enhancement techniques for microwave power amplifiers, followed by a
historical overview of the outphasing power amplifier technique. The
outphasing approach has a number of distinct advantages compared with
other approaches, although the widespread adoption of the technique has
required the development of modern digital-signal processing techniques,
which make some of the more sophisticated digital control algorithms a
practical reality.

Over the years, many power amplifier linearization and efficiency-
enhancement techniques have been proposed. Some implementations take
both linearization and efficiency-enhancement techniques together, while
some specific techniques can be implemented with either linearization or
efficiency enhancement as the primary goal. The most frequently discussed
linearization techniques include Cartesian feedback, simple predistortion,
adaptive digital predistortion, feed-forward, and outphasing amplifier.
The efficiency-enhancement techniques comprise the Doherty amplifier,
envelope elimination and restoration (EER), and bias adaption. Those
techniques are well documented in the literature and have important and
useful applications in modern wireless communications systems, for both
mobile terminals and base station power amplifiers.

One of the simplest approaches for the improvement of linearity in the
transmitter power amplifier is the well-known technique of predistortion. A
typical power amplifier exhibits gain compression at high input powers,
which results in AM-AM distortion. It also exhibits excess phase shift at high
input powers, which results in AM-PM conversion. Together, these effects
create distortion and intermodulation in the high-power output of the
amplifier, hurting the ACPR and EVM performance.

If the input signal to the power amplifier could be “predistorted” with
the inverse of its own nonlinearity, then the overall effect of the nonlinearity
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could be canceled out. This is shown conceptually in Figure 1.12, where an
analog or RF predistortion circuit compensates for both the gain and phase
nonlinearity of the amplifier circuit. The predistortion circuit would typically
exhibit both gain and phase expansion at high-input power levels, since a
typical power amplifier exhibits gain and phase compression at high-output
power levels.

Although straightforward in principle, the predistortion approach
suffers from several practical drawbacks. First, it is very difficult to precisely
track the effects of temperature, process, and power supply variations on the
characteristics of the power amplifier nonlinearity. This is a serious drawback,
because, as the previous sections showed, the amount of acceptable distortion
in a typical 2G or 3G system is very low, and a small offset in the
characteristics of the power amplifier and the predistortion circuit can create
substantial out-of-band interference.

Another possible approach is to perform the predistortion using digital
techniques at baseband frequencies, if the appropriate transformation
characteristic for the predistorter were known in advance. This technique
is illustrated in Figure 1.13 and is known as adaptive predistortion [14]. In
this case, the AM-AM and AM-PM distortion through the amplifier is
“measured,” and this data is then fed to a digital signal processor that
provides the appropriate predistorted in-phase and quadrature-phase signals
for the baseband upconverter. Of course, the problem is that the ideal
transfer characteristic for the predistorter varies with time, and so the
algorithm performing the predistortion must be periodically updated.
Several different versions of adaptive predistortion have been developed [15].

Out‘ i Out‘ i Out‘ Out‘ i
In In In In

\%

— > Predistorter

Figure 1.12 The predistortion concept works by adding a series inverse nonlinearity to the
power amplifier. The combination of the two creates a linear input/output
transfer characteristic.
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Figure 113 Adaptive predistortion employs a measurement of the output waveform to
produce the necessary input compensation.

The practical limitations of the predistortion concept have naturally led
to the development of more robust techniques for achieving power amplifier
linearization. The traditional linearization technique for nonlinear analog
systems is linear feedback. With appropriate feedback, the loop itself
naturally compensates for the nonlinear transfer characteristic of the
nonlinear power amplifier. An example of a hypothetical linear feedback
approach for a power amplifier is illustrated in Figure 1.14(a). In this system,
an operational amplifier supplies the necessary “predistortion” of the signal
in response to the difference between the (distorted) output signal and the
desired input signal. This straightforward approach has the obvious
limitation that operational amplifiers with the required bandwidth and
drive capability do not exist at microwave frequencies. Furthermore, the
phase shift associated with a typical power amplifier is highly variable,
making unconditional stability of the feedback circuit difficult to achieve
under a wide range of conditions.

Providing the feedback at lower frequencies, where operational
amplifiers have sufficient bandwidth, by downconverting the amplified
signal to baseband frequencies is one possibility, as shown in Figure 1.14(b).
The drawback of this approach is that the downconversion mixers have to be
as linear as the desired output signal. This is not a problem in most cases,
since only a small portion of the output signal is required for feedback
purposes. Another problem is the excess and variable phase shift through the
power amplifier, downconversion mixer, and lowpass filter combination,
which is hard to control at microwave frequencies, and varies depending on
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Figure 1.14 Amplifier linearization using feedback: (a) simplified view of feedback
linearization approach, (b) use of frequency-translating downconverter to
achieve linearization, and (c) Cartesian feedback applied to provide both gain

and phase correction.
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the power level. An additional phase shift is therefore often added to the
input to the mixer to ensure stability under all conditions, and this phase shift
must be carefully controlled over process, temperature, and power supply
variations. The feedback approach is also prone to problems associated with
amplifier saturation and rapid changes in output voltage standing-wave ratio
(VSWR) [16]. Digital modulation techniques typically require upconversion
of both the I and Q baseband signals. As a result, feedback is typically applied
to both paths of the power amplifier inputs, with a technique known as
Cartesian feedback, shown in Figure 1.14(c). Cartesian feedback has been an
active research topic for many years [16], but has not yet achieved widespread
adoption.

The myriad of problems associated with the predistortion
approaches—both open-loop and feedback—point to an opportunity for
alternative solutions. Rather than predistorting the input signal, it might be
more effective to measure the nonlinearity of the power amplifier, subtract
the error generated by the nonlinearity from the “ideal” signal, amplify the
difference, and then subtract that difference (which is the error) from
the amplifier output. The result would be an “error-free” amplification of
the input signal. This approach, although seemingly complicated, has been
used successfully for many years to linearize satellite traveling wave tube
amplifiers (TWTAs) and is known as the feed-forward approach [17]. It is
illustrated schematically in Figure 1.15.

Feedforward techniques for amplifier linearization actually predate the
use of feedback techniques; both were developed by Black in the 1930s to
solve the problem of linearization for telephone network repeater amplifiers
[18]. A close examination of Figure 1.15 illustrates the reason that feedback
techniques quickly supplanted those of feed-forward for most lower
frequency applications. First of all, the gain and phase matching between
the two input paths of the subtractor circuit must be very precisely matched
to achieve acceptable cancellation of the distortion products. Second, the gain
of the error amplifier must precisely track the gain of the power amplifier
itself. Finally, the phase shift through the final phase shift network and hybrid
coupler must precisely track the gain and phase shift of the power amplifier.
Despite these apparent obstacles, the use of feed-forward approaches has
several advocates, although it is typically employed in base station and higher
frequency circuits, where power efficiency is less important than absolute
linearity.

All of these various techniques—and their myriad limitations—
highlight the need for yet another improved strategy for the linearization
of power amplifiers. The outphasing approach is a technique whose origin
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Figure 1.15 Feed-forward predistortion of nonlinear power amplifiers.

dates to the 1930s but that has undergone something of a renaissance in
recent years with advances in DSP and integrated circuit technology.

1.4 Outphasing Microwave Power Amplifiers

The concept of outphasing amplification is a technique with a long history
(dating to Chireix in the 1930s [19]) that has been revived under the rubric of
linear amplification with nonlinear components (LINC) and applied to a
variety of wireless applications [20-22]. A variation on the approach is
known as combined analog locked-loop universal modulator (CALLUM)
[23-25], and many recent papers have developed the concept further [26—
32]. The concept itself is very simple; two amplifiers are operated with
constant envelope input signals (hence, very power-efficient), and their
outputs are summed to produce the desired signal. The desired envelope and
phase variation at the output is obtained by varying the relative phases
between the two signals. This is shown schematically in Figure 1.16. The
desired phase variation between the two amplifiers was originally obtained
using analog techniques and now is more typically approached with digital
techniques.

1.4.1 Historical Perspectives on Outphasing Power Amplifiers

A rereading of the original description of the concept from Chireix provides a
very powerful motivation for the use of the outphasing power amplifier
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Figure 1.16 Simplified block diagram for an outphasing power amplifier.

technique, and shows that many of the problems that confront the designer of
wireless power amplifiers today also confronted the early pioneers in the field.
In their case, however, the challenges are applied to kilowatt-level AM
transmitters! In fact, we will quote here directly from the original paper,
whose introduction neatly summarizes the various power amplifier
approaches.

All the present modulation systems can be classified in two categories;
either the anode voltage of the high-frequency power stage is controlled
by means of a low-frequency amplifier of suitable power in such a
manner as to vary the output of the stage, or, the anode voltage
remaining constant, the output power is controlled by an action on the
grids of the high frequency power amplifier [19].

Here, Chireix is summarizing existing techniques for power amplifica-
tion, either directly modulating the power supply with a low-frequency
signal, or modulating the input with the AM carrier. Both techniques are still
in widespread use today, albeit applied to transistor-based amplifiers rather
than tube-based approaches. Both techniques have clear disadvantages, and
these problems still exist today—nearly 70 years later. The paper then moves
on to a proposed third approach:
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Another path leading to the same results consists in dividing the
amplifier into two parts each including one or several tubes according to
the power required and each part having its own output circuit while the
load is coupled differentially to both. The variable load is then obtained
by acting on the phase difference between the grid excitation of the two
parts of the final amplifier, whence the name of “outphasing”
modulation given to the system [19].

This last excerpt provides a concise description of the outphasing power
amplifier concept that is the basis for this book.

1.4.2 Introduction to the Theory of Outphasing Amplification

The basis for the outphasing amplifier concept is that an amplitude- and
phase-modulated signal is resolved into two outphased constant envelope
signals that are applied to highly efficient—and highly nonlinear—power
amplifiers, whose outputs are summed. A block diagram of this approach is
shown in Figure 1.16.

The separation of the bandpass signal is accomplished by the SCS. The
detailed analysis of signal separation can be found in [26-28], and a brief
mathematical description is given below. A complex representation of the
band-limited source signal can be written as

s(£) = ()", 0=r(t) <7, (1.23)

This signal is split by the SCS into two signals with modulated phase
and constant amplitudes, as illustrated in Figure 1.17.

Si(2) = s(2) — e(2) (1.24)
$(2) = s(2) + e(2) (1.25)

where e(#) is the quadrature signal and defined by

7’2 6
=1 1.2
20) (1.26)

e(2) = js(2)

The two signals are then amplified separately and sent to a power
combiner. With the power combining, the in-phase signal components add
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Figure 1.17 Separation of two component signals from the source signal.

together and the out-of-phase signal components cancel out; the resultant
signal is the desired amplified replica of the original source signal.

This unique approach takes apparent advantage of the constant
envelope feature of the two outphased signal components. First, the
outphasing system is insensitive to the nonlinear characteristic of the two
individual power amplifiers. Even though the power amplifiers are nonlinear,
the final output can be highly linear and free of intermodulation—a key
consideration for bandwidth efficient wireless communications.

Furthermore, each amplifier can be operated in a very power-efficient
mode, and the overall efficiency of the system could be potentially high. In a
word, the outphasing power amplifier is a promising approach that offers
wideband high linearity and high efficiency simultaneously.

The above analysis is only valid when the characteristics of the two
power amplifier branches are well-balanced. In practice, the matching
conditions are difficult to achieve and maintain, due to process variation,
thermal drift, component aging, and transition of channels. These
mismatches can be expressed in terms of path imbalance, including gain
and phase imbalance. In the presence of path imbalance, the resultant output
is the sum of the desired signal and a distorted signal, due to incomplete
cancellation of the quadrature signal ¢(#). In contrast to the narrowband
source signal, the spectrum of quadrature signal extends far into adjacent
channels [33]. As a result, the incomplete cancellation of wideband compon-
ents leaves a residue in adjacent channels, introducing adjacent channel
interference (ACI) and alternate channel interference. Typical requirements
for CDMA applications are on the order of a less than 0.3-degree phase
mismatch and a less than 0.5-dB gain mismatch, a near impossibility in most
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practical cases. Several different calibration schemes have been developed to
minimize the effects of this limitation [33-38]. These techniques typically
characterize the path imbalance through a simple feedback loop.

Frequency translation is frequently involved in order to upconvert
the modulated baseband signal to the desired carrier frequency, and that
leads to another important source of interference—the quadrature error of the
in-phase/quadrature (I/Q) modulator. Quadrature error originates differently
from the path imbalance, but leads to basically the same consequences on the
output spectrum—both out-of-band interference and inband distortion.
Efforts have been made to relate quadrature error to system linearity
performance [39]. Due to its inherent randomized nature, quadrature error is
difficult to compensate.

Over the years, the complexity of the analog SCS implementation has
prevented the outphasing approach from being widely accepted. Today, the
evolution of the DSP technique makes it possible to implement the SCS in
software by using a standard DSP device. With this scheme, all processing is
accomplished in baseband, and the baseband digital streams are converted to
analog waveforms with a digital-to-analog converter (DAC) and reconstruc-
tion filter before frequency upconversion. The DSP brings about the third
source of interference—quantization noise. The source signal and quadrature
signal quantization errors result in different consequences [32].

A great advantage of the outphasing approach is that the two power
amplifiers can operate at their peak efficiency, and their overall power
efficiency is potentially high. The purely reactive power combiner achieves
the highest power efficiency but presents a variable load impedance to the two
power amplifiers depending on the required output power. This situation
should be avoided in practice, since the load impedance presented to each
amplifier appears highly reactive over a large portion of the cycle, harming the
efficiency. A partial solution can be achieved using the so-called Chireix
power-combining technique, illustrated in Figure 1.18. In this case, two
quarter-wave transmission line impedance transformers and a shunt
susceptance is added in order to improve the efficiency. The added shunt
susceptance (which is inductive in one branch and capacitive in the other
branch) cancels out the varying susceptance seen by each amplifier at one
particular output power.

The microwave hybrid combiner is a convenient way of power
combining to prevent the variable load impedance. However, the quadrature
signal portion of power turns into waste heat. As a result, the amplifier only
achieves its peak operating efficiency at maximum output power, and its
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Figure 1.18 Simplified block diagram for an outphasing power amplifier showing trans-

mission line coupling between the two power amplifiers.

efficiency decreases linearly as the output power decreases. This efficiency
behavior is similar to that of a Class A amplifier, which is known to have a
very poor overall efficiency. Of course, the peak efficiency of this outphasing
approach is much higher than that of the Class A amplifier, but it would be

desirable to do even better at low output powers.
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Linearity Performance of Outphasing
Power Amplifier Systems

2.1 Introduction

As discussed in Chapter 1, in an outphasing power amplifier system, the AM
of a bandpass waveform is transformed into PM of two signals prior to power
amplification, and finally recovered by recombining the two amplified
signals. As shown in Figure 1.16, with this approach, two highly efficient
nonlinear power amplifiers can be used without distorting the original signal.
This is the main advantage of the outphasing approach to linear power
amplification. However, the bandlimited feature is no longer preserved—
a wideband signal is added to and subtracted from the original source
input to construct the two outphased component signals. Since the spectrum
of the two additional signal components extends far into the adjacent
channels, the system linearity performance relies on the precise cancellation
of the wideband signals during power combining, and the tolerance on the
matching between the two power amplifier branches becomes critical—
a slight mismatch between the two paths can result in significant distortion in
the adjacent and alternate frequency bands.

The gain and phase characteristics of the two amplifier branches, which
includes the digital baseband, analog, and RF portions, must be well-
matched for the acceptably small out-of-band rejection. A failure to achieve
sufficient matching generally creates both out-of-band interference and
inband distortion. The out-of-band interference is characterized by the
ACPR, while the inband distortion may be described in terms of EVM.

Various factors can contribute to path mismatch and the consequent linearity

35
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degradation. These include environmental variations such as thermal drift,
component aging, and channel transition. A number of coupling effects in
integrated circuits—substrate, capacitive, bond wire, and package—as well as
process variation during fabrication could also contribute to a significant
amount of mismatch. The main contributors to the mismatch are the RF gain
and phase errors, the quadrature modulator errors, and the imbalance caused
by the SCS. If the SCS is implemented with DSP, the effects of the
quantization noise, DSP sampling rate, and reconstruction filter also need to
be investigated.

This chapter begins with a brief discussion of the relevant modulation
schemes and baseband filtering typically used in mobile communications
applications. Next, various techniques for the implementation of the signal
component separation will be described. The major sources of imbalance,
including the path imbalance, the quadrature modulator error, the SCS
quantization, the DSP sampling rate, and reconstruction filtering, are
successively investigated. Finally, we summarize some of the practical
implementation issues for outphasing power amplifiers.

2.2 Digital Modulation Techniques

Modulation is a process that encodes source information onto a carrier signal
for optimized transmission. During the modulation process, the analog or
digital source signal is mapped onto the amplitude or phase (or both) of the
carrier signal. Digital modulation offers a number of advantages over its
analog counterpart, such as increased capacity, tolerance to channel
impairments and noise, and accommodation to various digital signal
conditioning and processing techniques [1-4]. Various modulation schemes
and their variants have been developed. Their names are usually derived from
the mapping operation, such as PSK, FSK, and quadrature amplitude
modulation (QAM). This section briefly introduces several digital modula-
tion techniques that are used in modern digital communications, including
QPSK, OQPSK, 7/4-DQPSK, and QAM. GMSK will be discussed in
Section 2.3, together with the Gaussian filter.

221 O0PSK and Its Variations

QPSK belongs to the family of M-ary phase shift keying modulation, in which
the digital data is mapped onto M-number of discrete phase states. As shown
in Figure 2.1(a), four phase states of =45°and *135°are used in QPSK, and
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Figure 2.1 (a) QPSK signal constellation and phase transitions, and (b) a baseband-filtered
time domain waveform indicating phase transition and envelope variation.

each phase state represents a single symbol (or two bits) of information. QPSK
modulation can be realized by a quadrature modulator with the baseband 1/QQ
data streams as the driving signals. Figure 2.1(a) also shows that the possible
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phase transitions are —=90°, +-90°, or 180°. During a 180° transition, the signal
trajectory passes through the origin, which is also known as a “zero-crossing.”
The zero-crossing leads to the well-known problem of spectral regrowth, when
the QPSK waveform passes through the baseband filter and is processed by a
saturated power amplifier. Baseband filtering, which is discussed in Section
2.3, is used to suppress the sidelobe spectrum, improving the spectral
efficiency and minimizing the interference spreading to adjacent channels.
However, it introduces a variation on the envelope of the filtered QPSK
waveform. Specifically, every time a zero-crossing is encountered, the envelope
of the filtered signal drops to zero. This situation is illustrated in Figure 2.1(b).
The baseband filter used is a square-root raised cosine filter with roll-off 0.35,
described in Section 2.3. A saturated power amplifier possesses high power
efficiency but usually exhibits significant nonlinearity when confronted with a
high degree of variation in the envelope of the input signal. Power amplifier
nonlinearity results in a spectral leakage to the neighboring channels, excited
by the signal envelope fluctuation. Hence, QPSK-modulated waveforms
generally require a highly linear power amplifier to accommodate the
substantial envelope variation.

The zero-crossing may be eliminated if an appropriate time offset is
introduced between the 1/Q data streams. In OQPSK, the Q-channel data
stream is delayed by half the symbol period and the phase transitions are
therefore restricted to +90°. Figure 2.2(a) illustrates the signal constellation
and the phase transitions in OQPSK. As shown in Figure 2.2(b), the filtered
OQPSK waveform exhibits much less envelope fluctuation and is therefore
much more attractive for linear power amplifier implementation. Due to the
similarity, OQPSK has the same BER and power spectral density (PSD) as
QPSK. OQPSK is used in the CDMA IS-95 reverse link.

The 7 /4-DQPSK modulation technique is another variation of QPSK
that differs from the latter in two aspects. First, the data stream is
differentially encoded such that the information bits are embedded in the
phase change between the successive symbols rather than the absolute phase.
As an example, in differential binary PSK (DBPSK) modulation, a digital
“1” indicates a 180° change on the absolute phase of the carrier, while a “0”
results in no phase change, or vice versa. One advantage with 7/4-DQPSK is
that the differential encoding enables “noncoherent” detection, which
simplifies the receiver implementation and is especially desirable for mobile
communications. Second, an additional 45° phase shift is inserted in each
symbol such that there exist eight possible phase states while the phase
transition is restricted to *45° and *135°. The constellation and phase

transition of 7/4-DQPSK is illustrated in Figure 2.3(a). This scheme is
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Figure 2.2 (a) 0QPSK signal constellation and phase transitions, and (b) a baseband-filtered
time domain waveform indicating phase transition and envelope variation.

therefore a compromise between QPSK and OQPSK, and the maximum
phase transition of 135° leads to less envelope variation compared to QPSK,
as shown in Figure 2.3(b). The 45° phase shift also ensures the continuous
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Figure 2.3 (a) v/4-DQPSK signal constellation and phase transitions, and (b) a baseband-
filtered time domain waveform indicating phase transition and envelope
variation. | and Q data are encoded.

phase transition for each symbol that allows the proper operation of the
timing recovery and synchronization circuits in the receiver. One

disadvantage of m/4-DQPSK is the higher BER compared to QPSK.
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It should be pointed out that a higher envelope variation of the
bandlimited signal, or more precisely, a higher PAP, does not necessarily
lead to greater spectral regrowth or intermodulation [5]—for example,
when the signal is fed to a power amplifier with modest nonlinearities, like
a Class AB or B design. Conventionally, the power amplifier is backed off
from its 1-dB compression point approximately by an amount of PAP to
accommodate the signal envelope variation. The intermodulation is
generated during power amplification when the high input level drives
the amplifier near saturation. Therefore, the average amount of
intermodulation generated by the power amplifier is dependent on the
statistical behavior of the instantaneous signal power above the average
point. This time-domain distribution is characterized by the CCDF or
envelope distribution function. From [5], although the QPSK-modulated
signal possesses a higher value of PAP, it actually exhibits less spectral
regrowth than OQPSK- and 7/4-DQPSK-modulated signals on the same
average power basis. The power amplifier used was a Class AB, and the
filters were CDMA 1S-95 or IS-54 baseband filters. However, a higher PAP

does result in a lower power efficiency in many cases.

222 0AM

QAM is a modulation technique in which the symbols have both
amplitude and phase variations, as compared to PSK modulation
techniques where only the phase of the carrier is varied. A M-ary QAM
modulation combines every log, M bit as an individual symbol, and the
symbol rate is hence log, M times less than the bit data rate. A typical
value for M is in the range of 16-1,024. QAM is a spectrally efficient
modulation scheme, and, it is used by computer modems and wireless
LAN systems. Figure 2.4 illustrates the constellation of 16-QAM, with
each symbol representing four bits. In some applications, the I/Q data
streams are offset by half the symbol period, just as with OQPSK.

2.3 Baseband Filtering of Digital Data

The transmission of purely digital data across the wireless communi-
cation channel represents an interesting problem for those concerned with
the spectral efficiency of the communications system. In this case, the
spectral efficiency of a digital signal is defined as the number of bits per
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second of data that can be supported by each hertz of channel bandwidth,
that is,

=3 (2.1)

where R is the data rate, and B is the channel bandwidth. Clearly, a higher
value of 1 is more desirable than a lower value. Intuitively, as the noise intro-
duced by the channel grows, the maximum value of 7 will decline. The maxi-
mum spectral efficiency is given by Shannon’s channel capacity formula [6]

S
=Inll14+— 2.2
- n( 4 N) 22)

where S/N is the signal-to-noise ratio (SNR) of the received signal.
A delightful “proof™ of this theorem can be found in [7]. Unfortunately, the
total bandwidth of a square-wave digital signal is infinite, containing spectral
energy at all of the harmonics of the fundamental frequency. A polar signal
(a digital sequence consisting of +1 or —1) consisting of a sequence of
random binary data has a spectral response of

sin®(wfT})

PPOlar(f) = A2 Tb (,n_fTb)Z

(2.3)



Linearity Performance of Outphasing Power Amplifier Systems 43

and a unipolar signal (a digital sequence consisting of 41 or 0) consisting of a
sequence of random binary data has a spectral response of

A Ty sin®(wfT))

P . = N J 4
umpolar(f) 4 (TfT;,)Z

1
[1 + 7/760[)] (2.4)

where A is the amplitude of each bit, 7}, is the time period associated with each
bit, and 8(f) is the Dirac function. Clearly, this function has significant
energy to a frequency much higher than 1/ 7). The one-sided spectral densi-
ties for these two cases are shown in Figure 2.5. Therefore, a crucial distinction
between analog and digital transmission is the requirement for filtering the
data in the case of digital transmission to minimize the required bandwidth.

As a result, the digital data is typically filtered prior to modulation and
upconversion. This filtering improves the spectral efficiency dramatically, but
at the potential cost of another phenomena known as intersymbol
interference (ISI). The process of lowpass filtering the digital data narrows
its response in the frequency domain, but because of the inverse relation

0.8 ]
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0.6 1
= Unipolar NRZ
04F 1
02} l
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Figure 25 Spectral density of unipolar NRZ data and polar NRZ data.
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between the time and frequency domain characteristics of any signal (a narrow
signal in the time domain will create a broad signal in the frequency domain,
and vice versa), the time response of each pulse is widened. This is often
referred to as the uncertainty principle in signal processing—analogous in
some ways to Heisenberg’s uncertainty principle in physics. For example, the
RC lowpass filter of Figure 2.6 illustrates a random stream of “1’s” and “0’s”
passing through the filter. Note that each bit is potentially corrupted by the
long “tails” of the responses of the previous bits, and ISI results. If the data
was perfectly periodic, then the system would settle down into a steady state
response and there would be no ISI, but of course there would be no
information transmitted in such a case.

There are several possible solutions to this problem. The most
commonly used is known as Nyquist’s first method, where the impulse

R
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C I
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sEuEeEelE N
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Figure 2.6 ISI due to lowpass filtering: (a) lowpass RC filter, and (b) digital data passed
through lowpass filter exhibits ISI.
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response of the filter used to improve the bandwidth efficiency of the system

has the property that
C, k=0

0, otherwise

WkT), + 1) = { (2.5)

This feature of the filter eliminates ISI exclusively at times that are
integral multiples of the bit period. It is of course impossible to eliminate ISI
at all times, but if it can be eliminated at the instant of sampling, then the
problem can be dramatically reduced. The class of filters that satisfy this
criteria are known as Nyquist filters. One example of an “ideal” Nyquist filter
exhibits a sinc (sinx/x) behavior for its impulse response, such that

h(t) =

in(rl
(r7) e

"7

Note that the impulse response of this filter is zero for all values of # = nT},
satisfying Nyquist’s criterion. The filter also has the desirable property that it
behaves like a “brick-wall” filter in the frequency domain. However, this
ideal filter is physically unrealizable, since its impulse response is noncausal.
In addition, its peak amplitude decays only as (1/t), and so any mistiming in
the clock recovery circuit can generate significant ISI. One of the filters that
satisfy Nyquist's criterion is the raised cosine filter family. The raised cosine
filter has an impulse response that drops off much faster in time than the
sinc response, at the expense of a small increasing bandwidth, and hence
finds its applications in wireless communications.

2.3.1 Raised Cosine Filter

The raised cosine filter derives its name from its shape in the frequency
domain. The frequency response of a raised cosine filter can be described by

l—«o
T, 0= =
5 =57
T, wT, -« -« 14+ o
=1 =41 — - =|fl=
H) 2{ +C°S[a('f' 2Z)]} a7 - =77
1+«
0 >
/1 2T,

§

2.7)
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where o is the roll-off factor that determines the excess bandwidth of the
filter frequency response and in the range of [0,1], and 7, is the sampling or
the symbol period. A zero roll-off is essentially a sinc response. As shown
in Figure 2.7(a), the filter response has a cosine roll-off shape between
(1-=a)/27, and (1+ «)/27, and becomes strictly zero beyond
(1 4+ «)/2T,. This frequency is thus the bandwidth of the raised cosine

response

BW=- 1% 2.8)

where £ = 1/ T, is the sampling rate or the symbol rate. The corresponding
filter impulse response is described by

H(t)
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Figure 2.7 (a) Raised cosine filter frequency response, and (b) impulse response for
various roll-off factors.
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It is clear that at the sampling instant r = £7;, the impulse response is
essentially zero except at £ = 0. Therefore no ISI will be created. The peak
amplitude of the raised cosine impulse response, with a modest value of «,
drops off much faster than the sinc response. This is due to a more gradual
roll-off of cosine shaping at the filter cutoff frequency. Note that the smaller
the roll-off factor, the less the absolute bandwidth but the higher the impulse
response ripple, as shown in Figure 2.7(b). The raised cosine filtering is
widely used in several communication standards, and a value of « of 0.35 is
used in IS-54, 0.5 in PDC, and 0.22 in WCDMA.

In most communications applications, the raised cosine filter is divided
into two sections, one placed in the transmitter and the other in the receiver—
each one is the so-called square-root raised cosine filter. With this
arrangement, the two sections together form the Nyquist filter, while the
filter in the receiver side also serves as a matched filter. The matched filter has a
response that passes the desired signal, while it rejects the noise and
interference and thus maximizes the SNR. In the presence of white noise, the

matched filter has an impulse response that is simply the time-reversed
transmitted signal pulse shape. The frequency response of a square-root raised

h(t) = (2.9)

cosine filter is the square root of (2.7) and the impulse response is given by

t sin[(l —a)ﬂ'%]
cos[(l —l—oz)'lr?]-i- :

t
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T,

§

b(t) = (2.10)

The frequency and impulse responses are shown in Figure 2.8. The noise
bandwidth of the square-root raised cosine filter is readily calculated with (2.7)

1 (™ 5
B=——| |H(AF4
) P
:%ﬁ (2.11)

which is simply half the symbol rate.



48 Design of Linear RF Outphasing Power Amplifiers

1-2 L] T T T T L] T T T
a=0
10F / s
sl W \ = ]
= 06 a= 0.5
=" a=10
04| -
02 ]
0 1 1 1 1 1 1 1 1 1
-1.0 —0.8 —0.6 04 —0.2 0 0.2 0.4 0.6 0.8 1.0
Frequency (normalized to 1/T,)
(a)
£

—-0.5 1 1 1 1 1 1 1 1 1
-5 —4 -3 -2 -1 0 1 2 3 4 5

Time (normalized to T)
(b)

Figure 2.8 (a) Square-root raised cosine filter frequency response, and (b) impulse
response for various roll-off factors.

The impulse response of the raised cosine filter lasts indefinitely and
needs to be truncated for use in practical applications. The truncation results
in a set of nonzero side lobes in the frequency domain. However, since the
pulse response decay is proportional to 1/#, a proper truncation results in
little deviation from the theoretical performance. A smaller roll-off factor «
results in a higher ripple in the impulse response and thus requires a longer
pulse shape to achieve the same stopband attenuation. For a stopband
attenuation of approximately 40 dB, a rough estimate on the required
truncation length for 0.2 = a = 0.75 is given by

L., = —44a + 33 (2.12)

where L, is the truncated filter impulse response length.
The raised cosine filter may be implemented within the baseband DSP
or with an analog filter. With the baseband DSP approach, the sampled
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values of the filter shape are stored in a lookup table (LUT) and read out in
sequence to form the desired symbols. The advantage of the analog approach
to the realization of the filter is the reduced hardware complexity, since the
raised cosine filter also serves as a reconstruction filter following the D/A
converter.

2.3.2 Gaussian Filter

A Gaussian filter is used in GMSK, which is the modulation approach
adopted for the GSM standard [8]. GMSK modulation is minimum phase
shift keying (MSK) with Gaussian filtering and can be implemented by
passing the nonreturn-to-zero (NRZ) rectangular waveform (which has
values of 1) through a Gaussian filter followed by a frequency modulator
with a modulation index of 0.5. GMSK is intrinsically a constant envelope
modulation and thus can be applied directly to the nonlinear power
amplifier without distortion. The frequency response of a Gaussian filter is

described by
H(f) = /1o (2.13)

where the parameter « is a constant that determines the filter 3-dB

bandwidth B

B=1/Inv2 - 2= 0.58874 (2.14)

The impulse response of the Gaussian filter is

W(t) = Jrae ™’ (2.15)

Note that both the frequency response and impulse response have the same
Gaussian shape. Gaussian filtering is usually specified by the relative band-
width in terms of the bit rate of the data stream, for example,

BT = (2.16)

B
Jo
where f, is the bit data rate. The fact that the Gaussian impulse response

exhibits a smooth roll-off with no overshoot or ringing leads to little ISI.
Gaussian filtering also suppresses the high-frequency components and
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provides a narrower bandwidth compared to MSK modulation without
filtering. As BT decreases, however, the filtered pulse tends to span over
several symbol periods and more ISI is generated. GSM uses a relative
bandwidth of 0.3 as a compromise between the transmission bandwidth
and ISI.

2.3.3 1S-95 Baseband Filter

The CDMA 1S-95 system uses a pulse-shaping filter that does not satisfy
Nyquist’s criterion and is included here for completeness. The 1S-95
baseband filter uses a Chebyshev roll-off instead of cosine roll-off. Figure 2.9
shows the limit of the normalized frequency response of the baseband filter
[9]. The passband edge frequency f, is 590 kHz, and the stopband edge
frequency f is 740 kHz. The passband ripples are bounded within *1.5
dB, and the stopband attenuation is equal to or greater than 40 dB. The
impulse response of the baseband filter 4,(#) satisfies the following equation

(o)

> lah (KT, = 1) = h(k)]* = 0.03 (2.17)
k=0

where the constants o and 7 are used to minimize the mean square error. The
constant 7; is one-quarter of a PN chip. The values of the coefficients A(%)
are listed in [9] for #<48. These values can be directly used as a 48-tap
baseband FIR filter with 4X oversampling rate.

Passband

_ <15dB

>40 dB
Stopband

Y Vi

»

0 f, f, Frequency "

Figure 29 CDMA IS-95 baseband filter frequency response limits [9].
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2.4 Signal Component Separation for Outphasing Amplifiers

Despite the neatness and elegance of the outphasing concept, the practical
complexity of realizing the signal component separation has limited its wide
acceptance. The difficulty stems from the fact that the generation of the two
component signals involves memoryless nonlinear signal processing that
requires a high degree of accuracy. During the past decades, various
approaches have been proposed to accomplish this function, but difficulties
remain in terms of such factors as implementation complexity, bandwidth,
and power consumption, due to the stringent distortion and noise
requirements.

There are two canonical forms for the signal component separation
process—the phase modulation method and the in-phase/quadrature method
[10]. In the phase modulation method, the phase modulation 6(#) and ampli-
tude modulation () of the input are separated first, and two nonlinear phase
modulators with inverse sine characteristics are used to transform the input
envelope variation into the phase of the desired output signals, as shown in
Figure 2.10. The two component signals can be described by [11-13]

Si1(t) = A, sin[w,t + 0(2) + ()] (2.18)
S,(t) = A, sin[w,t + 0(2) — ¢(2)] (2.19)

where A, is the amplitude of the carrier signal, and 0 = A, = 7(z). ¢(¢) is
given by

.| Arcsine phase S,(t)
”| modulator
-1
A
Envelope | r(t)
detector
A
_/- y = »| Arcsine phase S,(t)
i e . modulator
r{t)sinlw t + 6(t)] Asinloo-+0(0] —>

Figure 2.10 Signal component separation with nonlinear phase modulators [10].
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r(%)

sin(z) = 1

(2.20)

c

The desired output signal is obtained by subtracting S,(#) from S§;(z)
following the power amplification,

S(r) = GS,(t) — GS,(¢)
= 2Gr(¢) cos[w, ¢ + 0(2)] (2.21)

The SCS in this scheme is typically realized as an analog circuit and operates at
some intermediate frequency or directly at the carrier frequency. Figure 2.11
shows an implementation of the inverse sine phase modulator, which is
constructed by a linear phase modulator with the necessary feedback [11]. The
operation of the circuit can be understood by making the following
idealization—the input impedance of the amplifier G is much higher than
Rf or R;, so that the currentinjected into the input of the amplifier is negligible,
and the loop gain is sufficiently large so that the amplifier input node V; is close
to a virtual ground. These assumptions give rise to the following equation

r(t) Vf(f)_
R R

0 (2.22)

The phase modulator modulates the phase of the carrier signal by an amount
linearly proportional to the amplifier output V,,,

A cosw t+6(t)] Phase Sifd
> 900 > >
modulator
A

) 4

&

Vit

r(t)

=
A ‘ <
@

AA
vy

(x

Figure 211 Nonlinear inverse sine phase modulator [11].
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$1(#) = A, sin[w,t + 0(2) + mV,(¢)] (2.23)
where 7 is the characteristic of the phase modulator and 4, is the amplitude
of the carrier signal. The mixer and lowpass filter act as a phase detector that

downconverts the modulator output and removes the original phase
modulation term 6(%), then

Vi(t) = %Af sin[mV,(2)] (2.24)

Substituting (2.22) into (2.24), we have

| 2R
mV,(t) = — arcsml:AfRf r(t)] (2.25)

The amplifier output V, can be made proportional to the inverse sine of the
input envelope by adjusting the values of A4, R, and R;. As a bonus, the
phase modulator output §(#) is one of the constant-envelope vector
components with the desired phase modulation. A similar circuit can
generate the other component signal S,(#) by inverting the sign of the
amplifier output V,(#). The nonideality of the limiter and envelope detector,
the finite loop gain, and the loop noise all contribute to the performance
degradation. Another limitation is that the feedback loop delay limits the
bandwidth of the modulator.

As described in Chapter 1, the in-phase/quadrature method first
computes the I/Q components of the quadrature signal ¢(z),

2
. "max _
e(t) = js(r) rz(t) 1 (2.26)

then the two component signals are obtained by summing and subtracting
the quadrature signal from the source input.

Si1(2) = s(2) — e(2) (2.27)
S(1) = s(£) + e(2) (2.28)

A graphic illustration of the I/Q component separation is given in
Figure 1.17.

The calculation of the quadrature signal involves complicated func-
tions, such as multiplication, division, and square root, which are generally
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difficult to be accurately and cost-effectively implemented. However, the in-
phase/quadrature SCS can take the advantage of baseband signal processing,
and two quadrature modulators are used to translate the component signals
to the desired carrier frequency. Figure 2.12 illustrates an early version of an
analog signal component separator that may operate at intermediate
frequency (IF) or RF [10].

Another means to realize linear amplification with nonlinear power
amplifiers with the outphasing approach is based on a feedback tracking loop
to lock the power amplifier output to the input waveforms [14—17]. These
approaches can be regarded as the generalization of the feedback power
amplifier applied to the outphasing system. Two representative methods that
fall into this category are CALLUM [14] and the vector-locked loop (VLL)
[15], in which the amplifier output is compared to the source input and the
error signal is used to control the relative phases of two VCOs. The former
technique (CALLUM) is realized in Cartesian form while the latter (VLL) is
realized in polar form. Since no explicit SCS is involved, and the feedback
loop automatically corrects the path imbalance and improves the system
linearity, these two structures will be discussed in Chapter 3.

The in-phase/quadrature method is most common and practical means
for SCS, whether implemented in analog or digital circuitry. The rest of this
section reviews the different ways to generate the quadrature signal, or in a
sense, realize the inverse sine or cosine function. Figure 2.13 shows an inverse
sine phase modulator, which consists of a balanced modulator, a summer,

~ Silt
> =
s(t,
LI f > X > 90°
Envelope 2 172
detector () Z (-)

+

2
max

r

Figure 212 Signal component separation with the in-phase/quadrature method [10].
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——
cosfwt + ¢(t)]
+

cos(w,t)

Figure 2.13 Inverse sine phase modulator with feedback loop [18].

and an envelope-limiting amplifier [18]. The circuit takes a baseband
envelope as the input and modulates the phase of an IF carrier approximately
in accordance with the arcsin characteristic. The modulator output and its
conjugate can then be used along with the original PM of the input signal to
provide the two constant envelope signals. The analysis [18] shows if the loop
delay 7 is small and satisfies

s
W, 7= nw+ > (2.29)
where w, is the carrier radian frequency and 7 is an arbitrary integer; then the
phase of the modulator output consists of a linear term and a distortion term
proportional to 7* such that

(2.30)

12
¢(t)~(—1)”arcsin{r(t)+ r($)r(1) 2}

21— 2]

where #/(¢) is the derivative of the signal envelope. The second-order effect of
the loop delay in the above expression could result in a considerable
improvement on distortion and bandwidth. Note that no filter is used in this
modulator.

Another analog technique for generation of the quadrature signal is
illustrated in Figure 2.14 [19]. The AM and PM of the input are separated
and summed together to pass through a comparator or a hard limiter, whose
output is either +1 or —1—the polarity of the driving signal. The in-phase
component of the quadrature signal is formed after bandpass filtering the
comparator output; that is,
cos[r(t)x

4
$i(2) = —coslwr + 0(2)] J ———/i(x)dx

= %cos {arcsin[#(#)]} cos[wt + 0(#)] (2.31)
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> f NEY cosot+6(t)] J arcsin[r(t)]

cosfarcsin[r(t)[}
x coslwt +6(t)]

| Envelope| rit) J ~ i
" | detector f L=
r(t)coslw,t + 6lt)]

Figure 2.14 Generation of the arcsine and quadrature signal [19].

where /| is the first-order Bessel function of the first kind. The envelope 7(z)
is assumed to be normalized to 7. As a by-product, the inverse sine is
obtained by lowpass filtering the comparator output—that is,

So(t) = %K WA(wx

= arcsin[ ()] (2.32)

The quadrature signal, as its name implies, always has a 90° phase
difference with respect to the input. This fact suggests that the quadrature
signal can be generated by rotating the input signal by 90° and with a proper
scaling. According to (2.26), the scaling can be realized by a variable gain
amplifier (VGA) with a gain factor of

2

7,
F max 1 2. 33
gain rz(t) ( )

It is readily seen that this scheme demands that the VGA gain approaches
infinity as the input envelope approaches to zero. This is of course
impossible; hence it is important to ensure that there is no zero-crossing in
the modulated signal. Fortunately, this requirement is exactly what is
required for some linear modulations, including 7 /4-DQPSK and OQPSK.
Figure 2.15 shows an implementation of this VGA-based scheme with power
feedback [20]. The power of the two component signals are added and then
subtracted from a reference signal. The error signal is fed to a lowpass filter
and an amplifier to drive the VGA. In other words, the feedback loop
ensures the constant envelope of the two output signals. The SCS chip was
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Si(t)=s(t) - eft)
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Figure 2.15 SCS with power feedback [20].

implemented in a 0.8-um BiCMOS technology and operates at 200-MHz
IF. The tested bandwidth is 1.8 MHz, due to on-chip implementation of
the SCS.

The VGA gain may be directly calculated based on (2.33), and that
results in an improved bandwidth over the feedback approach. Figure 2.16
illustrates the block diagram of this scheme [21, 22]. The VGA control signal
is obtained by the use of a squaring circuit, a lowpass filter, a reference signal,
and a key analog circuit that performs division and “square-root” functions.

NG
+ s

90° > \f e(t)

— 2,
s(t) + S
> = —>

Figure 2.16 SCS without feedback loop [21].
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The key circuit is implemented based on a translinear core, as shown in
Figure 2.17. Six NPN bipolar transistors Q;—Qg form a translinear loop.
The translinear principle states that in a translinear loop the product of the
collector current density in the clockwise direction is equal to the product of
the collector current density in the counterclockwise direction [23], which
can be easily proved by adding the base-emitter voltages of the transistors in
each direction. The diode-connected transistors like Q; and Qg are used to
take the square of the current /. and I, which transforms the control
current to a voltage and takes the square root, respectively. Thus

(2.34)

5q

A VGA control voltage proportional to the output current is then generated.
The major error source of the above expression is the finite current gain of the
transistors, particularly as [ —proportional to the instantaneous input
level—approaches a small value. Some compensation circuits can be used to
improve the accuracy of the calculation [21]. The SCS chip set of [21] was

¥ \

Iref_ Isq |

Figure 217 A bipolar translinear core [21].
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fabricated in a 0.8-pm BiCMOS process and operated at a 200-MHz IF.
A CMOS SCS chip set of the similar scheme is given by [22], in which the
key circuit is based on the voltage translinear circuit principle to perform the
square root and division [24].

So far, the discussion of the SCS is restricted to that of an analog
circuit implementation. An apparent disadvantage of the analog imple-
mentation is the difficulty to obtain highly accurate modulated component
signals to meet the stringent linearity requirements imposed by the wireless
standards. The advent of modern DSP and the application-specific DSP
(ASDSP) technology makes a digital implementation of the SCS feasible
[25]. With this method, all the signal processing is implemented at the
baseband, and two quadrature modulators are used to translate the two
component signals to the desired carrier frequency, as shown in Figure 2.18.
However, the computational load required by the DSP imposes a practical
constraint on the performance in terms of bandwidth and power
consumption. There are also other constraints and trade-offs associated
with the DSP/ASDSP approach, such as the word length of the DSP, the
sampling rate, and the reconstruction filter selection. These factors will be
discussed in Chapter 3. One disadvantage of this approach is that the
reconstruction filter cannot be the pulse-shaping filter due to the nonlinear
transformation in the SCS.

A digital SCS method based on a look-up-table (LUT) was suggested in
[26], in which a two-dimensional LUT stores the complex quadrature signal,
and each LUT entry is addressed by the in-phase and quadrature components
of the baseband digital input. The only instructions required are a table
lookup and two complex additions for every processed sample. A practical

1
D/A | | % | Quadrature Si{t)

D/A | | % | Q modulator
i

s(t) .
——| DSP/SCS Reco%ﬁ:?ctmn

O
|
D/A | | % | 2 Quadrature St

DA | | % | qQ, modulator

Figure 2.18 Digital signal component separator with frequency translation.
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constraint of this method is the extremely large memory requirement on the
LUT. As an example, if the complex input and quadrature signals are
quantized to nine bits, the LUT would have at least 22%x22x2%x9 =47
Mbits memory to store all the possible values of the quadrature signal.
However, by utilizing the symmetry along the real and imaginary axes, the
memory requirement would be reduced by a factor of four. Note that a
further advantage of symmetry can be taken, as shown in Figure 2.19. The
vector s’ and s are symmetric with respect to the 45° axis, and their quadrature
vector ¢ and e are symmetric with respect to the —45° axis, according to the
following expressions,

0+6 =90° (2.35)
a+d =0+0+270° (2.36)

Hence, the following relations can be readily derived

sr=1sg (2.37)
s =51 (2.38)
& = —eq (2.39)
g = —¢ (2.40)

\ 4

Figure 219 LUT symmetry with respect to the 45° axis.
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which further reduces the total memory requirements. The total memory
reduction of a factor of eight would result in approximately 590 Kbits—still a
very large number, but not prohibitive for many applications.

An improved approach, using a one-dimensional LUT, was proposed
n [27]. The LUT stores the amplitude-scaling factor /72, /r*(#) — 1—
the equivalent VGA gain in (2.33) and the table entry is addressed by the
input power 7*(¢). The real and imaginary parts of the quadrature signal
e(t) are obtained by rotating the input vector s(z) by 90° and multiplying
it by the addressed scaling factor. Simulation can be used to minimize the
table resolution (the number of table entries) and precision (bit length of
the table entry) for the required linearity. As an example, less than 14 Kbits
of memory was required to achieve —70-dBc ACI with two Class F power
amplifiers. The huge reduction in the required memory is achieved at the
expense of an increased algorithmic overhead, for now several multi-
plication instructions are required for each processed sample.

2.5 Path Imbalance and Its Effects on Linearity

The path imbalance is a manifestation of the gain and phase mismatch
between the two parallel power amplifier paths. This imbalance mainly
comes from the mismatch between the gain and phase characteristics of the
two power amplifiers, possibly arising from the impedance-matching and
biasing circuits as well as mismatches in the individual transistors
themselves. The nonideality of the power combiner and the misalignment
of the metal wires and transmission lines also contributes to the path
imbalance. When the matching components are realized on an integrated
circuit with lithographic techniques, a variety of effects can cause the
effective size of the components to be different from the size of the layout
mask. A matching error of 0.1 to 1% can be achieved with careful layout.
Matching accuracy becomes worse with discrete components, and at best 3
to 5% matching can be achieved. Due to the constant envelope feature of
the power amplifier driving signals, the path imbalance is straightforward to
analyze in terms of the amplitude and phase difference between the two
amplified component signals. The path imbalance has been investigated in
[28, 29] and needs to be corrected for most practical applications, since it
contributes directly to ACPR and EVM degradation. This section derives a
closed-form expression for the out-of-band spectral regrowth for a two-tone
test. A simple means to estimate the ACI for a linearly modulated signal is
also given.
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251 Two-Tone Linearity Analysis of an Outphased Amplifier
with Path Mismatch Effects

The classic two-tone test is the simplest and yet most effective method to
evaluate the nonlinearity of an amplifier and can illustrate both magnitude
and phase distortion. The two-tone test is almost universally accepted,
although alternative techniques such as white noise or multicarrier test signals
are more suitable for characterizing the nonlinearities in digital modulation
transmitters. During the two-tone test, two equal-amplitude sinusoidal
signals are applied to the amplifier, and the signal envelope experiences
complete variation between zero and the maximum value, by means of which
the amplifier characteristic is examined. Because of the zero-crossing
envelope, the ACI performance excited by two-tones is generally worse
than the ACI generated by some linearly modulated signal with modest
envelope variation. If the two signal frequencies are assumed to be at
frequencies wy * Aw, we have the complex input signal

5(2) = A/ @TA 4 g0t he) (2.41)

where A is the amplitude of each tone. The instantaneous envelope of the
input two tone is given by

(1) = /5(2)s*(¢)

= 24| cos Awt| (2.42)

The two-tone signal level should be arranged such that the peak
envelope power (PEP) is equal to that of the full-power rating of the
amplifier, (i.e.,, 7, = 2A in this case). Hence the ideal quadrature signal
e(t) is calculated by

2
()

= js(#)| tan Awt| (2.43)

Now, we introduce the effects of path mismatch on the amplifier perfor-
mance. We assume that the gain and phase delay of the power amplifier
branches are G and ¢ and that the gain and phase imbalance of the bottom
amplifier branch with respect to the upper one are AG/ Gy << 1 and Ap << 1,
respectively. The final output signal would be the desired signal plus an
interference term
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S(2) = Gye®[s(¢) — e(£)] + GO(I + AG—G)%%*M)[;U) + e(1)]
0
~ 2Gyd®5(t) + Gy (AG—G + qub)e(t) (2.44)
0

The quadrature signal e(#) is a wideband signal, and its spectrum in the two-
tone case can be easily calculated. Rearranging e(#), we have

e(t) = 2A cos Awt| tan Awt|j€7w°t
= T 6(1)6 " (2.45)

where
¢,(1) = cos Awt| tan Awt| (2.46)

Hence e(#) can be regarded as a sinusoidal signal modulated by a slow
variation term ¢,(#). Taking the Fourier series expansion of ¢,(z), we have

e()= > a,d" (2.47)

n=—00

where the Fourier series coefficient is given by

1 .
a, = ?JT e(£)e " dr

_ 2sin(nm/2)[n — sin(nm/2)]

T =1

(2.48)

Obviously all even-order terms remain zero, and only the odd-order
terms are left. Both out-of-band spurs and inband distortion are generated—
the » = *1-order terms are inband distortion, and the rest of the » = odd-
order terms are out-of-band interference. A close examination reveals that the
periodic 180° phase discontinuity of the two-tone signals as the envelope
reaches zero is responsible for the out-of-band spurs. Clearly, the most
significant spurs occur at w; = 3Aw, in analogy to intermodulation
distortion in a weakly nonlinear amplifier.

In a two-tone test, the ACI, or out-of-band rejection, is the ratio of the
magnitude of the most significant spurs to the magnitude of the desired
signals. In this case, ACI is given by
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1 [(AG\?
ACI =201 —a |l — Ap?
C 0 OglO T (GO) + ¢
AG\?
= 1010g10[(?) +A¢2] —9.9 (dB) (2.49)
0

Figure 2.20 displays the spectrum of the outphasing system output, in
the presence of 2° phase imbalance and 0.3-dB gain imbalance. It is
interesting to note that the adjacent two spurs have the same magnitude and
opposite sign.

25.2 ACI Estimation with Gain and Phase Mismatch

In an outphasing system, the band-limited input is decomposed into two
component signals, then amplified and recombined. In the presence of gain
and phase imbalance, the combined output would be

Magnitude (dB)
8

-1 -9 -7 -5 3 -1 1 3 5 7 9 "
Frequency offset (normalized to Aw with respect to w,)

Figure 2.20 Output spectrum of a two-tone test of outphasing system with 2° phase
imbalance and a 0.3-dB gain imbalance.
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S(2) = S1(1) + 5,(2)

= [5(2) — e(£)] + (1 + %)eim[s(t) + e(1)]
0

desirej{ term error term
P = . - —~ .
= [1 + (1 + —G)/A"’]s(t) +[(1 + —G)efA¢ - l]e(t) (2.50)
Gy Gy

The signal has been normalized to Gye/®*>—the gain and phase
characteristics of the upper amplifier branch. From (2.50), it is clear that the
gain and phase imbalance modify the magnitude and phase of the output
signal. The first term in (2.50) constitutes the desired output signal with
slightly modified amplitude and phase, while the second term creates both
the out-of-band interference and inband distortion. Equation (2.50) can be
simplified and rearranged in the case of a small amount of the gain and
phase imbalance.

S(2) = 25(2) + (AG—G —I—quﬁ)e(t) (2.51)
0

The power spectrum is thus the weighted sum of the desired spectrum
of s(#) and the spectrum of e(#). The spectrum of the quadrature signal ¢(¢) is
difficult to calculate and strongly dependent on the modulation—knowing
the bandwidth of the source signal is not adequate to predict the bandwidth
of the quadrature signal. The quadrature signal is generally wideband, and its
spectrum extends far into adjacent and alternate channels [30]. The second
term in (2.51) is evidence of the incomplete cancellation of the quadrature
signal during power combining, and it is responsible for the out-of-band
spectrum regrowth. Note that, in the case of small amount of gain and phase
imbalance, the inband distortion generated by this term hardly affects the
spectrum characteristics of the desired signal. Thus, a simple way to estimate
the out-of-band rejection is to do a simulation of the quadrature signal and
compute its spectrum first, then compare it to the spectrum of the source
signal and obrtain the ratio of the peak spectral density outside the channel of
the quadrature signal spectrum to the inband spectral density of the source
signal—denoted as P,. Finally, the ACI of the output signal can be
approximated by
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1 [(AG\?
ACI - 20 loglo - (—G) +A¢)2 X Pe
2\\ G,

2
= 1010g10[(AG—G) +A¢>2] +P,-60 (dB) (2.52)
0

Figure 2.21 displays the spectrum of the desired signal as well as the
quadrature signal for various modulations, filtered with the square-root raised
cosine with a roll-off factor of 0.35. The sampling rate was 16x higher than
the symbol rate. The inband power spectrum density has been normalized to
0 dB, and the spectra of the quadrature signals are offset accordingly. It can be
seen that for the quadrature signal, a significant portion of the power extends
into adjacent and alternate channels. One aspect of this is that an input signal
with a wider range of envelope variations—such as 16-QAM—results in a
lower PAP ratio on the quadrature signal. The result of this is a higher

inband distortion power for the quadrature signal. As we can see, P, is

roughly =9 dB for QPSK, OQPSK and 7/4-DQPSK, and —6 dB for
16-QAM. With this value in mind, it is easy to estimate the ACI of
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Figure 221 Simulated spectrum for s(t) and eft) for various modulations.
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the outphasing system with the knowledge of the path imbalance. Compared
to the two-tone case, we see that generally the ACI for bandlimited signals is
2-5 dB better than that for the two-tone case, depending on the modulation.

Figure 2.22 shows similar spectra for the CDMA IS-95 uplink.
The modulation here is OQPSK. Two spectra with different matching
conditions are also illustrated for comparison. One spectrum is obtained
under a 10% gain imbalance and a 10° phase imbalance, and the other is
obtained under a 3.5% gain imbalance and a 2° phase imbalance. Their
spectra are normalized to have the same peak inband density. According to
(2.52) the ACI with mismatching is =25 dBc and —38 dBc, respectively,
which is in good agreement with the simulation results.

2.6 Effect of Quadrature Modulator Errors on Linearity

Modern mobile systems frequently use a quadrature modulator to generate
complex vector modulation. To translate the complex baseband waveform to

_30 v
(c) W

Power spectrum density (dB)

. i R
M
T
o Frequen1cy (MHz)

Figure 2.22 Simulated spectrum for CDMA 1S-95: (a) quadrature signal, (b) total output
with 10% gain imbalance and 10° phase imbalance, (c) total output with 3.5%
gain imbalance and 2° phase imbalance, and (d) ideal input signal.
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the desired carrier frequency band, two general topologies are used in a
transmitter—indirect and direct upconversion. An indirect upconversion
system implements the modulation at an IF and then translates that result to
a higher frequency at the RF, requiring a local oscillator (LO) and IF filtering.
A direct upconversion system performs the data modulation and frequency
translation at the same time, hence eliminating the IF block. The resultant
more compact structure and reduced power consumption is suitable for
monolithic integration, but care must be taken to keep the resulting spurious
signals outside the band of interest.

The block diagram of a typical quadrature modulator is shown in
Figure 2.23, in which the balanced baseband I/QQ waveforms modulate two
carriers driven in quadrature phase, and the resultant signals are summed.
Various factors and implementation imperfections contribute to the
degradation of the resulting modulation accuracy, and the effects can be
collectively represented by the gain error, phase error, and LO leakage [31].
The quadrature modulator gain error describes the gain mismatch between
the I and Q channels. The phase error mainly comes from the imperfection
of the 90° phase shifter. The LO-RF feedthrough causes LO leakage. Besides,
the DC offsets in the I/Q channels give rise to a similar effect to LO leakage,
and hence are ascribed to that term. One way of visualizing the impairment
of quadrature error is to consider a baseband sinusoidal single-tone input.
The modulator output trajectory in the complex I/Q plane becomes an
ellipse—rather than an ideal circle—in the case of gain and phase error. The
phase error further rotates the principal axes of the ellipse by 45°. The LO
leakage term simply shifts the whole trajectory by an equal amount. By use of
the complex envelope notation in [31], the complex envelope of the
modulated RF signal can be derived as follows

Figure 2.23 Quadrature modulator block diagram.
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R(z) = %(1 + O)A(r) + %(1 — O A (1) +p (2.53)

where A(#) is the complex baseband waveform and A*(¢) is the complex
conjugate. The constant p is a complex number to represent the LO leakage
term. The constant C characterizes the gain and phase mismatch of the
quadrature modulator in the Q channel with respect to the I channel; that is,

C=(1+4+ge° (2.54)

where g is the gain error and 6 is the phase error. In the case of the small
quadrature error, (2.53) approximates to

1 1 x
ro=[145@ o -Jermaw+, @5y

The first term is the desired signal with a small amplicude and phase
modification. The second term is the spurious/image signal, which represents
the counterclockwise rotating version of the input. The image rejection ratio
is thus given by [31]

IR =~ 10log;o(¢* +6*)— 6.0  (dB) (2.56)

2.6.1 Quadrature Modulator Error Minimization

The quadrature modulator error generates a small variation in the amplitude
and phase of the modulated signal. When this signal passes through a
nonlinear power amplifier, intermodulation terms are generated, and their
spectra expand into adjacent channels, causing interference to other users
[32]. This effect is readily seen by taking the cube in (2.53) and collecting the
A term and (A2A4*) term. The leakage power is proportional to the square of
the quadrature errors. The improvement of quadrature error is reduced when
a digital predistorter is included preceding the quadrature modulator. Even a
relatively small amount of quadrature error compromises the improvement
gained through predistortion [32, 33]. Quadrature modulator errors have a
similar detrimental effect to outphasing power amplifiers; the details will be
covered in Section 2.6.2.

Great efforts have been made to reduce the quadrature modulator
errors in different aspects. One important research activity applies to
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the generation of quadrature LO signals. An RC-CR network is the simplest
quadrature signal generator, as shown in Figure 2.24. It is easily proven that
the two output signals have 90° phase difference at all frequencies but have
equal amplitude only at the pole frequency w = 1/RC. A polyphase filter,
shown in Figure 2.25, is often used as a broadband 90° phase shifter [34].
The number of filter stages is determined by the required bandwidth.
This structure is less sensitive to the variations of the component values
compared to the simple RC-CR network. One disadvantage is the increased
thermal noise. An alternative approach is RC-CR pole frequency tuning, in
which varactor diode capacitors or transistor junction capacitors are changed
by an appropriate control voltage. Havens” quadrature circuit exploits the fact
that the two diagonals of a rhombus are perpendicular to each other [35]. In
other words, the summation and difference of two equal-amplitude vectors
always have a 90° phase difference, as illustrated in Figure 2.26. The limiters
ensure that the two input and resulting signals have equal amplitude;
otherwise a phase error will result. It is easy to show that the amplitude
mismatch in percentage generates approximately the same amount of phase
error in radians. For example, every 0.1-dB amplitude error contributes to a
0.7° phase error. The quadrature oscillator is another way to generate
quadrature LO signals with equal amplitude [36].

Despite those efforts, however, the quadrature modulator error is
expected to change with environmental variation, channel frequency, temp-
erature, component aging, supply voltage, and biasing. Hence, some sort
of continuous tracking and compensation may be necessary to achieve
exceptional linearity performance. Several schemes have been proposed to
systematically track and correct the quadrature modulator error, including the
gain and phase mismatch and carrier leakage [37—40]. These methods use an
envelope detector, which checks the modulation output, as a feedback means
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Figure 2.24 Quadrature signal generation with RC-CR network.
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Figure 2.25 A two-stage polyphase filter [34].

to guide the adaption of the digital correction circuit. With the knowledge of
quadrature error, the compensation is accomplished by simply adjusting
the amplitude, phase, and dc offset of the baseband I and Q signals.
The estimation of the quadrature error is based either on the predefined test
vectors [37, 39, 40] or on the comparison of the modulation data and the
envelope feedback [38, 40], as shown in Figure 2.27(a, b), respectively.
The requirement of training in the former methods restrains their application,
although they provide relatively simple adaption. The latter methods enable
background operation, by use of Newton-Raphson algorithm or least squares
algorithm. In addition to their computational load, the algorithm complexity
grows greater when quantization error and loop delay have to be taken into
account.

Figure 2.26 Havens' quadrature signal generator [35].
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Figure 2.27 (a) Quadrature modulator error correction by test vectors, and (b) with
background adaption.

2.6.2 Quadrature Modulator Error Effects on Outphasing Systems

The effect of quadrature modulator error on outphasing power amplifiers is
intrinsically different from that of the same error on digital predistorters.
In the case of a digital predistorter, the quadrature modulator generates
a slightly scaled version of the desired signal and a small amount of counter-
rotating signal. Before the modulated signal passes through the nonlinear
amplifier, the counter-rotating signal has no effect on the spectral leakage to
adjacent channels, and the spectrum is not expanded although the EVM is
increased. The excess amount of spectral regrowth results from the
quadrature modulator error, in conjunction with the amplifier nonlinearity.
By contrast, in outphasing power amplifiers, the band-limited waveform is
spectrally expanded prior to the quadrature modulator, and the out-of-band
rejection relies on the precise cancellation of two equal errors. Consider a
simple outphasing system with the power amplifier removed. By taking
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the quadrature modulator gain and phase mismatch into account, the output
signal can be described by

1 1 .
S,(1) = Z(l + G)S () + Z(l -GS (1)
1 1 *
+ Z(l + G)S () + Z(l -GS (1)

1 1
=s(t)+ Z(al + ay)(s— ") —Z(al —ay))e—¢")  (2.57)
where

&1 = C1,2 -1
~ g2t o2 (2.58)

The second term—(a;; + a,)(s — 5¥) /4—will not contribute to the out-of-
band spectrum because it is linearly proportional to s. However, since the
quadrature modulator errors generally cannot simply cancel out, the third
term in (2.57) is responsible for the spectral regrowth even without the
presence of a nonlinear power amplifier. The leakage power is proportional to
the square of the quadrature modulator error. This simple analysis shows that
quadrature modulator error probably has more detrimental effects on
outphasing power amplifier performance than the same error has on other
linearization techniques.

A quadrature modulator error degrades the constant envelope chara-
cteristics of the two component signals in an outphasing system. While the
power amplifier may be driven into saturation for maximum efficiency,
the variation of the signal envelope nevertheless creates a devastating effect on
the overall system performance. The linearity degradation is dependent upon
both quadrature modulator error and amplifier nonlinearity. The envelope
variation can be estimated by examining (2.53). It can be shown that in the
case of small quadrature gain and phase mismatch, the envelope of the first
two terms in (2.53) is bounded by

1 1
14+ =g——4/g? 62)As1 QA+ (1 —O)A*
(+2g2\/g+ 1Al =11+ Q)4+ (1 - O)A|

11
< (1 +5g+5\/g2 + 62)|A| (2.59)
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Hence, the worst-case envelope variation in the presence of quadrature gain
and phase mismatch is given by

1
‘ e+ 8+ (2.60)

As an example using (2.60), with 0.3-dB gain error, 2° phase error, and
—30-dBc LO leakage, we get an envelope variation of roughly *6% or
+0.5 dB. Such an envelope fluctuation may or may not cause the power
amplifier to generate a significant amount of spectral regrowth, depending on
the selection of the power amplifier. If the amplifier generates little spectral
regrowth due to input envelope variation, then the overall spectral regrowth
of the system may be estimated with (2.57).

A semianalytical treatment is given in [41], which elaborates on the
coupled effects of the quadrature modulator error, path imbalance, and the
power amplifier nonlinearity. This method originates from [32] in the case of
constant envelope modulation such as GMSK. The procedure expresses the
amplifier nonlinearity into a memoryless Taylor series, substitutes the
modulated signal for each amplifier branch, sums the branches together, and
finally identifies the dominant distortion terms. The contribution of each
term is calculated and summed together. Since the power amplifier operates
at rather modest input dynamic range—=*0.5 dB in the previous example—
it is straightforward and sufficient to represent it with a power series by the
measured AM-AM and AM-PM characteristics. A power series expansion to
the fifth order is usually sufficient. Most digital modulations are based on
some sort of symmetrical quadrature constellation; as a result many cross-
correlation products become zero. Nonzero crosscorrelation terms are
typically not dominant, unless they are almost the same size and no other
terms dominate. By ruling out almost all the cross terms, the spectrum is
simply the power addition of each weighted term, and the result is usually
close to the real simulation within 1 dB. The paper shows a strong
detrimental effect of quadrature modulator error—with a 0.1-dB gain error,
0.3° phase error, and a —40-dBc carrier leakage, which represents the state-of-
the-art technology available today; the resultant spectral regrowth with a
Class C power amplification is around —50 dBc, still rather high.

Two points should be addressed. First, in contrast to the band-limited
baseband inputs applied to a quadrature modulator in the usual case, the
quadrature modulator in an outphasing system is producing a constant
envelope output signal. This may result in a simpler approach for tracking
and correcting quadrature modulator errors than is applicable in the more
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general case. Second, since the information is carried on the zero-crossing of
two component signals, two limiters may be used to flatten the envelope
fluctuation due to quadrature modulator error, before the signals are sent to
the power amplifiers. The limiter used must have sufficient bandwidth so as
not to introduce extra AM-PM distortion. The limiter approach may result
in improved spectral purity with little added expense. The use of switching-
mode power amplifiers such as Class D or Class E in replacement of the
saturated Class B or Class C amplifier may benefit from a similar rationale.

2.7 SCS Quantization Error Effects on Outphasing Systems

The rapid evolution of modern DSP technology makes it an attractive
candidate for the implementation of the SCS in an outphasing power
amplifier system. With this approach, the signal separation is done digitally in
baseband and converted to analog waveforms prior to upconversion and
power amplification. Because of the finite word-length representation of the
data stream in the quantizer, quantization noise is inevitably generated. It is
important to understand this mechanism and how the quantization noise
affects the linearity performance of the outphasing system. By use of
application specific DSPs (ASDSPs), the algorithm of the arithmetic blocks
and registers can be minimized, and the word length can be optimized to
reduce the hardware requirements. This will result in reduced power
consumption and cost, and increased bandwidth.

During signal component separation, the quadrature signal is being
added to, and subtracted from, the source signal to obtain two constant-
envelope component signals. A direct consequence of a DSP implementation
of this process is that both the source signal and the quadrature signal are
quantized. The source signal is quantized prior to the SCS; thus the amplifier
output is a scaled replica of the quantized source signal and the quantization
noise sets the final output noise floor. The quantization of the quadrature
signal has a different mechanism that gives rise to a random envelope
ripple on the power amplifier driving signal. This effect is further enhanced
by the nonlinear power amplifier through the AM-AM and AM-PM
conversions, which are not canceled. Consequently, the overall SNR is

further degraded.

2.1.1 Error Effects of Quantization of the Source Signal

The quantization error of a complicated signal is generally considered to be a
stationary random process and is uncorrelated with the original signal [42].
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The probability density is uniformly distributed over the range of quanti-
zation error. Consequently, the quantizer can be modeled as an additive
white noise source. The SNR after a B,-bit complex quantizer is given by [43]

SNR, = 6.02B8, + 1.76— PAP  (dB) (2.61)

where the PAP can be calculated from the probability density function,

PAP = —1olog10U1 p(r)rzdr] (dB) (2.62)
0

where p is the probability density function of the modulation and r is the
normalized signal amplitude. Note that the normalized average signal power
is equal to the inverse of the PAP of the signal. The noise power in (2.61) is
doubled in a complex quantizer, due to the fact that the quantization takes
place independently on the real and imaginary parts of the source signal.

Considering that the signal power is distributed within the bandwidth
of B, which is the single-sided equivalent noise bandwidth of the modulation,
while the additive white noise power is distributed up to the bandwidth of
half sampling rate, the following expression is readily proven [43]

ACL = ——— (2.63)

where f is the sampling rate. The equivalent noise bandwidth is dependent
on the modulation and baseband pulse shaping. As shown previously, the
noise bandwidth of a modulated signal with square-root raised cosine
filtering is equal to half of the symbol rate. According to (2.63), for every
one-bit increase in word length, the SNR and hence ACI will be improved by
6 dB, while doubling the sampling frequency improves ACI by 3 dB.

2.1.2 Error Effects of Quantization of the Quadrature Signal

When the quadrature signal e(#) is quantized, the quantization error Ae
seems to cancel out during the signal combining, as illustrated in Figure 2.28.
However, since nonlinear power amplifiers are used instead to improve the
power efficiency, the quantization error results in a variation of the mag-
nitude of the signal applied to the power amplifiers, and consequently, the
power amplifier gain and phase characteristics are changed due to AM-AM
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Figure 2.28 Effects of an quantization error Ae on quadrature signal e(t).

and AM-PM conversion. Assuming the changes of the gain of the two
amplifiers are AG] and AG,, respectively, the amplified output signals are

S, =(G—e—Ae)G+AG) (2.64)
S =(G+e+A)G+AG) (2.65)

where G is the gain of the amplifiers evaluated at the constant envelope 7,,,,
without quantization. The gain G is a phasor, including both the AM-AM
and AM-PM conversion. The quantization error Ae causes both the
amplitude deviation and phase deviation of the component signal from
the desired value. The effect of the amplitude ripple is enhanced by the
nonlinear power amplifiers. However, the amplitude ripple and the phase
ripple directly caused by the quantization error Ae cancel out in the first
order. This effect is evident from the combined output without the explicit
term of Ae,

S'out = S‘1 + 3‘2
~2G - s+ (AG, +AG,) - s—(AG, —AG,)) - ¢ (2.66)

The error term is evaluated by assuming that the quantization error is
uniformly distributed. Then the average noise power is given by [43]

1
0l = # Jo p(M| G'(H*{1 = cos[4 arccos(r)]}dr (2.67)
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and the signal power is
1
o’ =J o(N2rG(r)|*dr (2.68)
0

The SNR due to quadrature signal quantization becomes

SNR, = (2.69)

r\qw| HQN

Again assuming that the quantization error appears as white additive noise,
the resulting ACI is given by

ACI, = T oan (2.70)

In a similar manner to the source signal quantization, for every one-bit
increase in the word length representation, the SNR and hence ACI will be
improved by 6 dB. Doubling the sampling frequency improves ACI by 3 dB.

The quantization error is generally a small fraction of the signal
magnitude. For example, the amplitude variation will be =0.07 dB after a
7-bit quantizer. With this range of ripple, the power amplifier AM-AM and
AM-PM distortion can be well-approximated by a straight line. Assuming
that the amplifier has a complex gain—G,()¢®”, we can calculate

|G'(»]* = G* + G*0> (2.71)

The quantization noise power is then approximated by

1
o, = ﬁ |G'(»I° L p(N(* = r*)dr (2.72)

and the SNR is

!

2 1
SNR, = SNR, - 1010g10|:<%) +0/2] — 10logy Jo o(N(#* — rYdr  (dB) (2.73)

r

The SNR could be infinity in the case of perfectly linear power amplifiers.
This result shows that it is important to design power amplifiers with nearly
linear AM-AM and nearly flat AM-PM characteristics near the operating
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point, such that the quadrature signal quantization will not degrade the
overall noise performance. Switching-mode power amplifiers may perform
better than the classical saturated power amplifiers in this regard, as long as
the bandwidth is sufficiently large. It can be shown that the SNR in this case
is given by

1
SNR, = SNR, = PAP — 10 10gIOJ p(N(* = rdr  (dB) (2.74)
0

2.8 Linearity Effects of Reconstruction Filter and DSP
Sampling Rate

As shown in Figure 2.18, in a digital SCS the signal separation is
accomplished inside the processor, and the resultant digital streams are fed to
the digital-to-analog (D/A) converters and reconstruction filters to be
transformed into analog waveforms. The sampling rate of the DSP is a crucial
design parameter and should be kept as low as possible to accommodate the
high modulation bandwidth and lower the power consumption. However, a
low sampling rate increases the complexity of the reconstruction filter since a
low filter order generally requires a high sampling rate and vice versa. Thus,
these conflicting requirements must be properly traded off.

The effect of the D/A conversion in the absence of the quantization
error is equivalent to the simple block diagram shown in Figure 2.29, in
which the original analog waveform is muldplied by an impulse train,
followed by a zero-order hold circuit. The sampling images are generated
during the impulse train modulation. The zero-order hold circuit has a
(sin x/x) response. The sampling images are the periodically repeated copies
of the desired spectrum with frequency shifted by integer multiples of the
sampling rate. The sampling images are considered to be interference terms
and shall be eliminated by the reconstruction filters. In addition, these images

Analog in Zero-order | Analog out
hold

Impulse train

Figure 2.29 Effects of impulse train modulator and zero-order hold.
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and interference terms are attenuated by the sinc response of the zero-order
hold circuit in the D/A converter. Thus, the spectrum of the two component
signals after passing the reconstruction filters can be described by [44]

SN = D H) - HAf) = Siof + 4f) (2.75)

f=—00

where H,(f) is the frequency response of the reconstruction filters, f is the
sampling rate, and H,(f) is the “sinc” response of the zero-order hold
circuit,

H,(f) = ]1[ I sinc(wf—?) (2.76)

Even though aliasing of the wideband quadrature signals could occur during
the D/A conversion, the signal recombining still results in the complete
cancellation of the wideband signals owing to the fact that they are ideally
180° out of phase. Now, the final output is

Sout(f) = Sl (f) + SZ(f)
=2 > H(f) - H{f) - s(f + kf) (2.77)

p=—0c0

Note that the sampling images of the source signal are added in-phase, after
being attenuated by the reconstruction filters and the “sinc” response.
Figure 2.30 shows the spectrum for the upper amplifier branch signal S;(z).
The reconstruction filter used is a Butterworth filter, and the sampling rate is
4x oversampling. The cutoff frequency of the filter is fixed at 2.5 MHz.
Figure 2.31 gives the output spectrum with three different filter orders for a
CDMA 1S-95 waveform.

In addition to the various filter types, the sampling images may be
suppressed by increasing the sampling rate, increasing the filter order, or
decreasing the filter cutoff frequency. However, note that the two component
signals have a much wider bandwidth than the desired signal. As the filters
cut more deeply into the signal at the higher frequencies, the envelope of the
two component signals will start to ripple and introduce intermodulation
through the saturated power amplifiers by the mechanisms we have already
discussed. As usual, this intermodulation term may be mitigated with
saturated- or switching-mode power amplifiers. Both the sampling images
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Figure 2.30 Simulated spectrum of the upper branch signal s(t) + e(t) for CDMA 1S-95
with differing Butterworth reconstruction filter order.

and intermodulation contribute to the out-of-band interference and should
be kept below the specified ACI. It is generally a cumbersome task to find the
optimum combination of sampling rate and filter cutoff frequency. A one-
dimensional search method based on simulation was proposed in [44] and
proved to be useful. This method assumes that an increase of the cutoff
frequency decreases the intermodulation and that the residual spectrum near
the sampling frequency is dominated by the sampling image. For a specified
filter type and order, the optimal cutoff frequency was found by iterative
calculation and simulation to suppress both the sampling image and
intermodulation below the required ACI. Butterworth and Bessel filters were
investigated; the former performs considerably better due to its sharper cutoff
frequency.

29 Summary

The major factors contributing to the linearity degradation in outphasing
power amplifier systems have been discussed. The path imbalance between
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Figure 2.31 Simulated total output spectrum for CDMA 1S-95 with differing Butterworth
reconstruction filter orders.

the two power amplifier branches results in incomplete cancellation of
the wideband quadrature signal and hence creates both out-of-band
interference and inband distortion. The misalignment of the I/Q modulators
includes the gain and phase error between the I and Q channels and the
carrier leakage. These factors introduce amplitude variation to the two phase-
modulated signals and create intermodulation through the AM-AM and
AM-PM conversion of the nonlinear power amplifiers. The quadrature
modulator errors may have more detrimental effects on the linearity
performance of an outphasing system than on other linearization techniques.
These error effects are more troublesome, since they cannot be compensated
for as easily as the path imbalance effect. However, the quadrature modulator
in an outphasing system is ideally producing a constant envelope output
signal, and this fact may lead to a simpler and more effective approach to
track and correct the quadrature modulator errors. The linearity performance
is also degraded by the digital SCS due to quantization effects, sampling, and
reconstruction filtering. The quantization noise of the source signal directly
adds to the output as a constant background. The quantization of
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the quadrature signal causes variation of the gain and phase characteristics of
the nonlinear power amplifiers and hence creates interference terms. The
effects of the reconstruction filters and sampling rate have also been
addressed. The filter type, order, and cutoff frequency generally need to be
traded off with the sampling rate to achieve the optimum performance. In the
case of the envelope fluctuation induced by the quadrature modulator errors,
reconstruction filtering, and DSP sampling, two limiters with sufficient
bandwidth or two switching-mode power amplifiers may mitigate the
linearity impairment created by the amplifier nonlinearities.
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Path Mismatch Reduction Techniques
for Outphasing Amplifiers

3.1 Introduction

Linear modulations such as M-PSK and M-QAM are desired for modern
digital wireless communications because of their superior spectral efficiency,
but they require linear power amplification at transmission. On the other
hand, limited battery capacity imposes primary restrictions on the power
consumption of mobile handsets, and even base station power amplifiers have
limited dc power availability. It is typically the final power amplifier stage in
the transmitter that constitutes this real challenge for the designer—the
power efficiency and linearity need to be carefully traded off since they
generally require different tuning and cannot be maximized simultaneously.
Conventional linear amplifier design techniques, like load pull, entail a great
deal of effort to optimize the amplifier performance due to the high cost of
power transistors. The outphasing power amplifier takes advantage of two
nonlinear amplifiers to achieve linear amplification and hence eliminates this
trade-off and greatly simplifies design procedures in this respect. Moreover,
the inherent characteristic of this architecture allows power amplifiers to
continuously operate at their peak power efficiency and potentially improves
the overall efficiency of the system.

The outphasing amplifier, differing from other linearization techni-
ques, achieves linear amplification with a pair of “matched” nonlinear power
amplifiers. Instead of the individual amplifier linearity, the matching
condition turns out to be the major concern, provided that the amplifier has
sufficient bandwidth to accommodate the phase-modulated component
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signals. Among the factors that contribute to the system linearity degradation
in an outphasing amplifier, the RF path mismatch between two amplifier
paths is the major mismatch source. Unfortunately, this architecture
demands an extremely tight tolerance on the matching condition for the
acceptably small out-of-band rejection. This problem has been analyzed [1-3],
and typical requirements for most practical applications are approximately
0.1 to 0.5 dB in gain matching and 0.4 to 2° in phase matching. Further-
more, the gain and phase characteristics of the power amplifiers are highly
variable due to thermal drift, component aging, and channel transition.
Therefore, the matching condition must be maintained free of environmental
variations. This is nearly impossible to achieve in most practical situations
and has been the primary reason that prevents outphasing approach from the
practical applications. Attempts have been made to correct for the path
imbalance through some kind of feedback approaches.

This chapter first introduces the path mismatch correction schemes
based on training vectors. With these methods, the gain and phase imbalance
between two amplifier branches are characterized by a set of tests, and then
compensated by introducing a predistorted term. These schemes are simple
and effective, but interrupt regular data transmission. Correction techniques
that can operate in the background are then described. These schemes allow
simultaneous data transmission and calibration and therefore are applicable
to any communication standards. For broadband and multicarrier applica-
tions such as in a base station, a high degree of similarity between two amplifier
channels is demanded throughout the entire bandwidth—the simple gain and
phase calibration and compensation technique at one frequency is not
adequate, and channel equalization must be employed to balance the responses
of two branches for the whole channel. This generalized calibration scheme is
also discussed. Finally, VCO-derived syntheses techniques are reviewed,
including the CALLUM and the VLL. These two methods were proposed
as alternative approaches to realize signal component separation and are
able to automatically correct the path imbalance. The latter characteristic
represents a unique advantage over other correction techniques, which makes
them particularly suitable for low-power and low-cost integrated circuit
implementation.

3.2 Correction Schemes Based on Training Vectors

These correction techniques employ efficient training vectors that are
not consistent with the transmitted data sequences and therefore require
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a dedicated time period during regular data transmission for the calibration
and continuous adjustment of the imbalance information. However, the rate
of update on the imbalance can be much less frequent than the data rate, since
the environmental fluctuations that cause it are generally much slower
processes. These schemes could be directly implemented in wireless systems
that employ time-division duplex (TDD) [e.g., digital European cordless
telephone (DECT) and PHSs, in which calibration could be processed when
the transmitter is “off ’]. This is not true for continuous transmission
systems utilizing FDMA or CDMA. For TDMA systems, a certain short
time slot might be reserved for all users for calibration purpose only; utilizing
other users’ time slots for calibration at a specific frequency outside of the
band is an alternative way. Another possible approach for TDMA or CDMA
systems might be to embed the calibration code at the beginning of each
individual data packet, where the data packet is much longer than the
calibration code.

3.21 Baseband Preconditioning of Path Mismatch Errors

A baseband preconditioning technique was proposed in [4, 5]. This method
is based on the RF power measurements at the power summing ports. The
quadrature modulator errors are corrected in advance of the path imbalance,
if necessary. The measurement and compensation of the quadrature
modulator errors are similar to the methods described in Chapter 2, by use
of two power detectors for each modulator as shown in Figure 3.1. The LO
leakage is first corrected by zeroing the baseband 1/QQ inputs and adjusting the
dc offsets such that the detected RF output is minimized. The correction is
made iteratively, and the power detector does not need to be linear or
calibrated [6]. The gain error is then abstracted by applying the I/Q vector
(1,0) and (0,1) successively and comparing the detected power. Finally,
applying test vector (1,1) and (1,—1) determines the phase error 6

1 Lo
s~ = g (3.1)
2[P(1,—1)

The compensation of the quadrature modulator error can be easily
achieved by adjusting the dc offset, amplitude, and phase of the baseband I/QQ
signal inside the DSP. A similar strategy can be applied to the measurement
of path imbalance. Specifically, the gain imbalance is determined by
separately applying the I/Q vector (1,0) to one of the two branches while
disabling the other, and vice versa. Then the phase imbalance is determined
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90° 0°

Figure 3.1 Block diagram for baseband preconditioning [4].

by taking the power measurement of test vector (1,0) for the upper branch
while disabling the lower one for P, and (=1,0) for the lower one for 7.
1 P,

Adb=1——
oS AP zpref

(3.2)

The compensation of the phase imbalance is realized by simply phase-
shifting one of the two component signals. This can be accomplished in the
RF/LO with a phase shifter, or inside the baseband DSP circuit. The
compensation of the gain imbalance cannot be done in the baseband, since
highly nonlinear power amplifiers are preferred, and it is difficult to adjust
the gain of such a nonlinear power amplifier while maintaining its high
power efficiency. For the saturated amplifiers, the optimum approach might
be to “back-off ” one power amplifier with the highest output power until the
two amplifiers have equal power. This would allow the power amplifier with
the smaller output power to operate at peak efficiency and direct correction in
baseband. However, this approach is not applicable to switching-mode
power amplifiers. A more general solution applicable to both cases is to use
the de—dc converter as the power supply of the nonlinear amplifiers. The gain
imbalance is compensated for by adjusting the supply voltage of the power
amplifier, and the amplifier output power varies approximately proportional
to the square of supply voltage.
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3.2.2 Foreground Calibration Algorithm of Path Mismatch Errors

The foreground calibration algorithm makes use of the standard of amplitude
and phase produced by the baseband DSP to calibrate the amplifiers [7]. As
illustrated in Figure 3.2, a feedback loop is added to the standard outphasing
amplifier system to characterize the gain and phase imbalance. A directional
coupler withdraws a small portion of the system output and applies it to a
downconversion mixer, driven by the same LO as the quadrature modulators.
After lowpass filtering, the signal is then analog-to-digital (A/D) converted
and sent to the baseband DSP. The DSP determines the gain and phase
imbalance and eliminates the error effects by introducing a predistortion
term inside the DSP. The following analysis illustrates the derivation of this
algorithm.

3.2.2.1 Foreground Calibration Algorithm

Suppose that Gj is the amplifier gain, ¢, is the path delay, and the gain and
phase imbalance of the lower amplifier with respect to the upper one are AG
and A, respectively. Then, the combined amplifier output will be

S(2) = 5i1(#) + S(2)
= (7 COS [wct +0(2) —Y(r) + (]50]
+ (Gy + AG) 7,4 cOS [wft +0(2) + Y (2) + ¢y + Ad)]

l,
Quadrature >

. Q
Digital 1 modulator
o D/A l
in TN
—>»{ DSP/ Reconstruction L0 A
—»| SCS filter Vo] T
O | A

2 r—
D/A Quadrature b -
D/A q modulator

)<

Lo

Figure 3.2 OQutphasing amplifier diagram with foreground calibration loop [7].
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=2G, cos(%Aq,’)) r(t) cos [w.t + 0(2) + ¢y + %Aqf)]

+ AGr(t) cos [w.t + 0(2) + ¢y + Ad]

1 1
— ZGOW sin(i AqS) cos[wct +6(¢) + ¢y + zAd)]
- AGM sin [w,2 + 0(2) + ¢ + Ad] (3.3)

where w, is the carrier frequency. The last expression is obtained by first
combining the phase distortion terms and then abstracting ¥/(#) out of the
phase angle. The spectrum regrowth stems from the amplitude and phase
distortion of the summed signal. The first two terms in (3.3) contribute to the
desired signal, and the last two terms add to the out-of-band spectrum, as a
consequence of incomplete cancellation of the wideband quadrature signal
e(t). The ACI is related to the ratio of the last two terms to the first two
terms, which is proportional to the gain and phase imbalance, as shown in
Chapter 2.

The variables 7(#) and 0(#)—the amplitude and phase of the baseband
digital input modulated by the SCS—determine the relation between the
four terms in (3.3). The correct choice of 7(#) and 6(¢) provides a mechanism
to abstract the gain and phase error information from the distorted output
signal. Specifically, four different combinations of 7(#) and 6(#) are sufficient
to obtain the gain and phase imbalance from the combined output. The
foreground algorithm takes the approach of setting these two variables to
extreme cases—r7(t) = 7, or 0, and 6(#) = 0 or w/2. Equivalently, we can
set the baseband 1/QQ components of two signal vectors to be 0 or *7,,,,
which is straightforward to realize with the DSP. The correction algorithm
consists of the successive generation and measurement of four calibration
signals. First, we set the amplitude of the baseband input signal to the
maximum allowable level of the DSP/SCS [i.e., 7(£) = 7, ). Then setting
6(z) = 0 to get S, and 0(¢) = 7/2 to get S, The results from (3.3) after

downconversion are

1 1
So = Gl T cos(z A(}S) cos(qbl + EAQS)
_1AG
2 G
. 1
= GL Tmax COS(¢L + 5A¢> (34)

G 7ax sin(% A¢) sin(qSL + %Ad))
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Sy = = Ghrmaccos( 520 ) sn 6, + 5 A¢>)
1AG
- E?o G ¥ax sm( Ad)) cos(qf)L + - qS)
~ ~Girausin( 91+ 5 80 (3.5)
where
AG
G; = (1 + 2G0)GL (3.6)

and G is the effective loop gain; ¢; consists of the loop delay and phase shift
introduced by the mixer. We then set the amplitude of the input baseband
signal to zero [i.e., 7(t) = 0]. Now, the first two terms in (3.3) are removed.
As before, we set 6(t) = 0 to obtain S,

1A
S, = =G Tax sin( AqS) cos(qu + = qb) 3 GG G 7o Sin(@; + Ad)
0
1AG
~ ——Ad)GeraX cos(¢L + - A(],’)) 5 G G Vonax sm(qﬁL + = Aq,’)) 3.7)
0
and set 0(¢) = /2, to obtain §,
S = Gurusin( 380 sm(m +386) =3 G oS, +46)
0
1 1AG
=~ — AP Gy 7y sin(d)L + = qS) — ——— G Tax cos(qSL + = Ad)) (3.8)
2 2 G,

Making use of (3.4), (3.5), (3.7), and (3.8), S, and S, can be written in

matrix form as
S, _l _SP S\(AG/G,
(5)==2(% $)(*5") 39)

Solving (3.9) for AG/ G, and A¢ yields

AG 1

“ PL(SS 505,,) (3.10)
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1
Ag ~ —E(Sosa + Spsb) (3.11)
where P; is defined by
L 5
PL :EGerax (312)

Note that if two amplifier branches are perfectly matched, G;r,,,, actually
corresponds to the maximum signal amplitude detected by the DSP/SCS at
the end of correction loop; hence P; might be referred to as the “average”
power level normalized to a 1-Q characteristic impedance during calibration.
The quantity P; can be estimated by

P~ %(sg + 5;) (3.13)

Equation (3.9) indicates that the gain and phase imbalance are solely
determined by the resulting output of four calibration signals &, S, S, and
Sy The relationship between them, as well as between P; and ¢, are best
illustrated by Figure 3.3 in the case of small gain and phase imbalance, where

Figure 3.3 Relationship between path imbalance and calibration signals (R= G;/max).
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S, and S, are the linear combinations of § and S, scaled by the gain and
phase imbalance. Observed from the antenna, S, and S, are near zero-power-
level signals, and & and S, are full-power-level signals. If two amplifier
branches are perfectly matched, S, and S, would be zero.

The approximations in (3.4), (3.5), and (3.9) give rise to a certain
amount of estimation error for the measurement of the gain and phase
imbalance. Note that as long as the gain and phase error are close to zero,
there will be negligible estimation error in (3.10). Therefore the estimate and
compensation of gain and phase imbalances could be iterative; with several
iterations, the gain and phase imbalances are able to converge to an arbitrarily
low level. Also note that the measured gain and phase imbalance are
proportional to 1/P;, and that suggests that a precise determination of P;
is not essential and that we may need to estimate this parameter only once
at the beginning of the calibration. To see how the path imbalance affects
the algorithm convergence, let’s acquire the accurate expressions of S, S, S,
and S, from (3.3), and substitute them and the definition of P; into (3.10).
After applying a trigonometric expansion, it is not difficult to obtain the
following expression for the gain imbalance

(E) _ (HE)(E) (3.14)
GO est_ 2GO GO act '

where “est” and “act” indicate estimate and actual, respectively. Note that no
approximation has been made to derive the above expression. A similar result
can be obtained for the phase imbalance

(Ad)o = (1 4 AG—G) Sin(Ad)u

0

AG
~ (1 4 ?O)m(b)m (3.15)

The only approximation here is the Taylor expansion of the sine function,
which is accurate up to the second order of the phase imbalance and is
negligible compared to the first-order estimation error introduced by the gain
imbalance. Equations (3.14) and (3.15) conclude that after each iteration and
compensation, the actual gain imbalance decreases by a factor of AG/2G,
while the actual phase imbalance decreases by a factor of AG/ G,. Note that
the iteration convergence is independent of the phase imbalance. The actual
gain phase imbalance at the end of the nth iteration and compensation are

given by
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(2"
26 _s0) 016
0 Imax, n 0
AG 2"-1)
o =206(3,

In the ideal case, the gain and phase imbalance would be no more than =2%
and +2.3° after the first compensation, and less than 0.1% and 0.3° after the
second iteration, assuming that the initial gain and phase imbalance are 20%
and 11.5°, respectively. In other words, at most, three iterations are needed
for the calibration to converge.

3.2.2.2 Practical Considerations

Perfectly balanced quadrature modulators are assumed in this architecture,
and that leads to an important concern. The quadrature errors create a
residue in the adjacent channels and this effect has been analyzed in
Section 2.6.2. Now the outphasing amplifier output in the presence of
quadrature errors—the amplitude error g , and phase error 6, , of each I/Q
modulator—is described by,

S(t) = 85(1) + S(2)
~ (3.3)

1
5 Go(gr + 2)7(2)sin[0(2)] sin(w,z + @)
— % Gy(6; + 8,)7(2) sin[0(2)] cos(w, £ + ¢¢)

3Gy = @ — () coslB(E) sintot + )

+ % Go(8) — 84/ 720 — @*(2) cos[0(2)] cos(w, £ + by) (3.18)

The 7(¢) terms are narrowband and introduce inband distortion, while the
72 — @*(t) terms are wideband and create out-of-band spectrum. The
out-of-band spectrum can only be suppressed by matching the two I/Q
modulators, not by adjusting the gain and phase delay of the amplifier
branches.
The presence of the quadrature errors degrades the measurement
accuracy of the gain and phase imbalance. Following procedures similar to

those used to derive the signal after the lowpass filter (LPF), it is not difficult
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to obtain the following expression for estimated gain and phase imbalance by

using (3.10) and (3.18), and the definitions of S, Sp, S,, and S,—that is,

AG AG
(?> = (?) —(g1 — @) sin’p; — (6, — 8,)sinp  cosp;,  (3.19)
0 /est 0 /act

(Ad)ey = (AD)ye — (8; — 8,) cos', — (& —g@)singcosp;  (3.20)

The measured gain and phase imbalance are constantly offset by a certain
small amount, depending on the quadrature errors and the phase delay of
the correction loop. As a result, the gain and phase errors will finally reach
values of

AG

G() n—00

AD |00 = (51 - 82) cos’p; + (g1 —gz) sin¢g; cosd; (3.22)

= (g1 —gz) sin’p; + (61 - 52) sing; cos¢; (3.21)

Practically, many imperfection factors contribute to the quadrature errors
(e.g., LO leakage and temperature variation, not only the mismatching of
amplitude and phase), and these two values are statistically averaged effects
and highly variable with environment. After a few iterations, the measured
imbalance “appears” close to zero, while the actual imbalance stays around
the same order as the quadrature errors and varies slightly after each iteration.
In other words, the quadrature errors set an upper limit for the overall
performance of the outphasing amplifier. Fortunately, highly accurate quad-
rature modulators are now routinely available for upconversion and
downconversion applications, with gain and phase accuracy well within the
requirements of this proposed algorithm.

In practice, the dc offset of the mixer, LPF, and A/D converter add to
the measured calibration signals as a constant background, and that degrades
the measurement accuracy and algorithm convergence. To eliminate this
effect, we may add an extra calibration signal S, to determine the dc offset.
S, may be chosen to be a signal that is 180° out-of-phase with any of the four
calibration signals [e.g., we choose S, to be 180° out-of-phase with §,, by
setting 7(#) = 0and 0(¢) = w, i.e. T = 1, = 0, Q) = Iy, and Qy = —T, ]
The dc offset is easily determined by

Vigree = 5 (5,4 5.) (3.23)
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Alternatively, the dc offset may be directly measured by disabling the
transmitted signal.

In a typical mobile station, a duplexer is employed to isolate the
transmitter from the receiver in order to prevent interference between the
transmission band and receiving band. It is important to minimize the out-
of-band spectral power during calibration since the duplexer cannot prevent
the interference to adjacent channels. From (3.3), it is clear that during the
calibration when amplitude 7(#) is fixed and 0(¢) is swept, the amplifier
output is a phase modulated signal. The transmission bandwidth—B;—of
the PM signals is given by Carson’s rule [8],

By =28+ 1)B
=5.1B (3.24)

where (8 is the phase modulating index, in this case 7/2, and B is the
bandwidth of the modulating signal. As we fix 6(#) and vary the amplitude
7(z), the output is a combination of four double-sideband suppressed carrier
(DSB-SC) signals. For this amplitude modulation, the output power
spectrum is the linear translation of the modulating signal. Therefore,
the bandwidth of the amplifier output can be well controlled during
correction.

The quantization error of the A/D converter may limit the performance
of the correction algorithm. By definition, the dynamic range is the ratio of
the maximum detectable signal level to the minimum detectable level. For a
(B + 1)-bit A/D converter, we have

A= 2—1’;’ (3.25)

where A and X, are the step size and the full-scale level of the A/D converter,
respectively. The maximum detectable signal level is X,, = G 7,,,,. Since the
quantization error is not more than A/2, the worst case estimate of A¢ from
(3.10) may be written as

2 A A A A
o= (973 3) () (5 +3)]

V2 . 1 T
=~ (Ap), + 2—Bsm(¢ + EAd) - Z) (3.26)
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The estimation error |Ag|.,, of the phase imbalance is bounded by

V2
|A¢|err = 27 (327)

A similar result applies to the estimation error |[AG/Gyl, of the gain
imbalance from (3.10),

AG 2
= = \/—B_ (3.28)
GO err 2
Then the required word length of the A/D converter is calculated to be
1
B1=15- 8100 (3.29)
logo 2

with 6 being the smaller value between the allowable gain and phase error.
As an example, correction of I/Q modulator quadrature errors of 3.5%
(0.3 dB) in amplitude and 2° in phase would require a B+ 1 = 6.3, thus
7-bit, A/D converter. Considering the refresh rate of the calibration iteration,
which might be tens of kilohertz, this is easily achievable with modern A/D
converter technology.

Figure 3.4(a) displays an example of the calibration signal waveforms I1
and Q1. Waveforms 12 and Q2 are not shown here; they are time-shifted
versions of Q1 and I1. The dashed lines indicate the moment when the
calibration signal samples are taken. In between the dashed lines are the
transitions that must be carefully designed to minimize out-of-band
radiation. No out-of-band spurs above —55 dBc were observed in our
experiment during calibration. The LPF transient effect is not crucial in this
example, with transient time 2 to 3 orders less than the iteration period. This
fact is demonstrated by Figure 3.4(b), in which the traces are smooth and no
ripples are observed.

Note that an extra calibration signal S¢ is added to determine the dc
offset of the LPF and analog-to-digital converter (ADC). The calibration was
accomplished within two or three iterations. Each iteration took 0.12 ms and
can be further reduced if necessary. Figure 3.4(b) compares traces before and
after calibration. For a perfectly matched outphasing system, §,, S;, and S,
should remain zero—the constant dc offset in this case, which is consistent
with the experiment. Since CDMA 1S-95 mobile terminals transmit signals in
bursts, the calibration could be taken very shortly before real data transmission,
with two zero-RF-power-level signals (S, and ;) followed by two full-RF-
power-level signals (&, and Sp) at the beginning of every few bursts.



100 Design of Linear RF Outphasing Power Amplifiers

1.5 r
10} I

AN
i \

-1.5
0

Voltage (mV)

2 4 6 8 10
Time (normalized to 0.01ms)

(a)

2

250 " r r : .
200} 2 Sb Se Sp S0
= 150}
@ 100} :Before calibration
% IR Atter calibration
=
0r \--\f—ﬂ/-_k
50

2 4 6 8 10 12
Time (normalized to 0.01ms)

(b)

Figure 3.4 (a) Calibration signal waveforms 11/Q1, and (b) lowpass filtered calibration
signals before and after correction.

Figure 3.5 displays the output power spectrum of the amplifier system.
The upper amplifier operates at gain compressed by 2 dB, as a fairly nonlinear
amplifier. To adjust the power of the bottom branch to compensate the gain
imbalance, the bottom amplifier operates 3 dB backed off from the 1-dB
compression point in the linear operation region. The maximum capable
output power of this system is 31 dBm. Without correction (upper curve),
the ACI is around —27 dB, while with correction (lower curve) the out-of-
band spectrum is suppressed efficiently below —38 dBc. The measured gain
and phase imbalance prior to calibration are 0.5 dB and 12°, respectively.
The relatively large phase imbalance comes from the fact that two power
amplifiers are driven at different power levels, with one saturated and the
other linearly operated. The suppression of the secondary spectral emission is
less successful, due to the relatively large cutoff frequency of the
reconstruction filters and their mismatches. Considering that the modulators
used have a nominal 2° phase error and 0.3-dB gain error, the —38 dBc ACI
is an outstanding result.
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Figure 3.5 Measured output spectra for CDMA [S-95 with and without calibration using
foreground correction scheme [9].

3.3 Path Mismatch Error Correction Schemes Transparent
to Data Transmission

3.3.1 Phase-Only Correction Approach

A “phase-only” correction was proposed in [3]. In this method, the phase
imbalance is detected by multiplying two power amplifier outputs, as
illustrated in Figure 3.6. The multiplier output is lowpass filtered,
differentiated, and fed to a comparator. Since a 90° hybrid is used as a
power combiner, an extra 90° phase shift is added between the two
component signals. In the presence of the phase imbalance 6 between the two
amplifier outputs, the differentiated output can be described by

Sipr(2) = cos[2¢(2) + 8] - ¥/ (¥) (3.30)

where

r(t)

max

cosyY(t) = (3.31)
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Figure 3.6 Outphasing amplifier with phase imbalance correction [3].

The DSP circuit generates a trigger pulse when two component signals are
180° out of phase, corresponding to Y(z) = 45°. The trigger time is then
compared to the zero-crossing time of the detected signal, and the difference
is used to guide a one-dimensional search for the phase imbalance. One
branch signal phase is controlled by adding or subtracting a certain phase
increment, and the phase imbalance is compensated. A variation of this
approach is to use a 180° hybrid without the differentiator, although the
differentiation operation helps to eliminate the effect of filter dc offset. Note
that the zero-crossing time of the detected signal is used to guide the
compensation of the phase imbalance, this method is free from the change of
the amplifier output power. However, since the phase imbalance is
determined by multiplying the two amplifiers’ outputs, any imbalance
after the power amplifiers—like the hybrid—is ignored. In addition, careful
design is required to prevent the additional phase imbalance introduced by
the measurement circuit.

3.3.2 Simplex Search Algorithm Correction

A simplex search algorithm was proposed in [10] to correct for both gain and
phase imbalance. Figure 3.7 shows the schematic diagram of one
implementation of this approach. The combined output from two power
amplifiers is downconverted and fed to a bandpass filter (BPF) to recover the
out-of-band emission that carries the gain and phase imbalance information.
The magnitude of the filtered signal is integrated over a finite number of
symbols. The integration guides a search algorithm to find the optimal gain
and phase correction by minimizing the out-of-band power. As discussed in
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Figure 3.7 Block diagram for outphasing amplifier with simplex search algorithm [10].
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Chapter 2, the out-of-band power of the combined output is proportional to
the path imbalance

AG\?
Pout-of—band o (—) +A¢2 (332)

Go

A straightforward optimization to find the gain and phase imbalance is
through the alternating variable method. In this method, each variable is
iteratively changed to reduce the objective function—out-of-band power in
this case—while the other variables remain fixed, and the whole cycle is
repeated until the algorithm converges. The alternating variable method
applied to this case could be efficient, because the two variables (gain and
phase) are completely decoupled and the change of objective function occurs
through the principal axes of the ellipse. However, the measured out-of-
band power at each iteration is subject to the noise, since an estimation is
used with a finite number of symbol integrations. Therefore, the simplex
algorithm, which is known to be robust when the objective function suffers
from substantial noise, is suggested [11]. A simplex is a set of N+ 1
equidistant points in N-dimension space RV —an equilateral triangle in this
case. An initial simplex is chosen at the beginning of the iteration. The
vertex at which the objective function value is largest is determined, and a
new simplex is formed by mirroring this vertex through the other two, as
illustrated in Figure 3.8. The process is repeated and eventually no further
progress is observed, owing to the insufficient resolution of the simplex.
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Figure 3.8 lllustration of the simplex method with two variables [11].

Then a smaller simplex is constructed, allowing the iteration to continue
until the objective function value is under an acceptably low level. In this
method, the correction of imbalance relies on the measurement of the low-
power out-of-band emission, which demands a long integration time for
each adaption. This requirement sets a lower limit on the calibration time of
approximate 1-2 seconds, which is a consideration in real-time applications.

3.3.3 Direct Search Algorithm

The performance of the simplex algorithm may be degraded if the phase
imbalance is the combined result of the phase imbalance due to differences
in electrical length and the gain imbalance through AM-PM conversion of
the nonlinear power amplifier. A direct search method was proposed in [12]
to solely correct the gain imbalance as well as the consequent phase
imbalance. The block diagram for the baseband model of this approach is
shown in Figure 3.9. The amplifier outputs are combined, attenuated, and
then fed to a LPF to suppress the out-of-band spectrum. The attenuated
output signal can be expressed as

S(r) = %[:(t) — 0]+ %[1 +¢ - ")+ e

= 5(1) + % g™ s(2) + (1) (3.33)

where g is the gain imbalance and 0(g) is the AM-PM induced phase
imbalance. Referring to Figure 2.21, it is clear that for most linearly
modulated signals, especially for high-order modulations such as 16-QAM,
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Figure 3.9 Baseband block diagram for direct search algorithm [12].

the quadrature signal e(#) dominates the inband power other than the source
signal 5(#). The lowpass filtering suppresses the out-of-band power but hardly
affects the inband distorted signal power due to e(#). A reference modulated
source signal 5,(#) is then subtracted from the filter output [12],

Sub() = %gef"(g)[s(r) + e(t)] (3.34)

Note that s(#) + ¢(#) has constant amplitude 7,,,; thus, this result can be
used by a direct search algorithm to find the gain imbalance for correction in
the lower amplifier branch. This technique is based on the evaluation of the
inband distortion by downconverting the combined output and subtracting
it from the input signal with an extra D/A branch. The subtraction has to be
precise to obtain the complete cancellation of the source signal. Moreover, no
phase imbalance due to electrical length difference between two amplifier
branches is assumed.

3.3.4 Background Calibration Algorithm

The background calibration algorithm is an improved feedback approach
over the foreground one, which operates continuously in background during
regular data transmission. Instead of generating a set of calibration signals,
the background scheme makes use of the transmitted data as a kind of
calibration signal. As shown in Figure 3.10, a small portion of the amplifier
output is coupled into the feedback loop and downconverted by a mixer.
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Figure 3.10 Block diagram for background calibration algorithm [9].

Then the mixed signal is lowpass filtered, A/D converted, and sent back to
the DSP/SCS. The baseband digital circuit controls the third branch signal
such that 83 connects to either of the upper or lower amplifier branch inside
the DSP. Furthermore, in each case the DSP regularly exchanges two
component vectors ) and S, in two amplifier branches back and forth. The
gain and phase imbalance are completely characterized by determining the
maximum and minimum signal values.

3.34.1 Theory of Background Calibration Algorithm

Assume that G is the amplifier gain and ¢ is the path delay and that the gain
and phase imbalance are AG/ G and A¢, respectively. Then before and after
the DSP exchanges S;/S,, the combined output may be expressed as

S(5) = Gy Vy,cos[ w1 +0(0) F (1) + 9 |

+ (1 + AG_G) Gy V,, cos [w,t *0(2) + (1) + ¢ + A¢] (3.35)
0

bR

where “+” and “*” are the consequences of exchanging two component
vectors S; and §,. Note that as long as the path imbalance is maintained
under a certain low level, the exchange between S, and S, makes little
difference to the amplifier output signal. When the S branch connects to the
upper branch inside the DSP, called state “A,” we have
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S34(1) = Vs cos[ @t +0() 7 Y1) + &3] (3.36)

where Vj stands for the signal amplitude of the mixer branch, and ¢5 is the
phase delay. The downconversion mixer multiplies the outphasing amplifier
output (3.35) with (3.36), and after lowpass filtering we obtain

1 1 AG
Sure =5 G Vmcos¢>L+§(1 +?) GV, cos| =200+, +4¢ | (3.37)
0

where G is the loop gain and ¢; consists of the loop phase delay and the
phase shift introduced by the downconversion mixer. Recall that
cos[Y(#)] = a(t)/V,,, which is the only time variable in (3.37); hence the
detected signal is a sinusoid modulated by baseband amplitude 7(#) and
offset by a dc constant. The dc offset and the amplitude of this sinusoidal
function carry the gain and phase imbalance, and they can be extracted by
determining the two extreme cases—the maximum and minimum signal
values. This function is accomplished by the baseband DSP. The band-
limited characteristics of the baseband input implies that the amplitude a(#)
has a large variation with time. As stated previously, 0° = ¥(z) = 90°;
therefore we have

—180° = +2y(r) = 180° (3.38)

The above expression guarantees that the maximum and minimum signal
values can be found. The exchanging of §; and S, may create an overshoot on
the output envelope input to the DSP, due to the phase discontinuity in the
S; branch before and after exchanging, which in turn degrades the
measurement accuracy of the maxima and minima. This error effect can be
minimized by exchanging S} and S, when these two vectors are close to each
other [i.e., a(z) = V], or possibly hold the DSP/SCS output at a constant
for a short period of time until the LPF reaches the steady state. Now, two
quantities are obtained by combining these maxima and minima—that is,

SA—i— — maxy + minA == GLVm COoSs d)L (339)
AG

SA— - maXA —minA - (1 +?)GLVM (340)
0

Similar procedures applied to the state “B,” when the DSP switches S; to the
lower amplifier branch. Specifically, S; connects to the lower branch, and
when mixed with the outphasing amplifier output, we obtain
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1 AG 1 _
Sipp = 5(1 T ?0) G,V,, cos (¢>L + A¢) +3GLV, cos[ T 20() + ¢L]
(3.41)
Similarly, Sz, and Sz_ can be computed,
AG
Spy = (1 + —) G, V, cos (q&L + A¢>) (3.42)
Go
SB— == GL Vm (343)

Comparing (3.40) and (3.43), we immediately obtain the gain imbalance

AG S,
ey | 44
G Sa (3.44)

The determination of phase imbalance is a little bit more involved, since this
quantity is resolved from cos(¢; + A¢) and cos ¢, which are calculated by
the other two ratios of (3.40) and (3.43); that is,

__cos¢p; —cos(¢; + Ad)
sin qu

A¢ (3.45)

The resolution of A¢ from cos(¢; + A¢) strongly depends on ¢; since ¢; is
a small quantity. This situation occurs due to the finite word length
representation of the voltage waveform by the ADC, and hence limits the
SNR in the calibration loop. The optimum resolution occurs as
sing; = *1. This condition can be achieved by monitoring the ratio
cos¢; = S,,/S,— and introducing a proper phase shift in S; branch such
that S, /S,— = 0. As a fairly rough estimation, we have

Sp. S
Adp ~ + (% - %) (3.46)
A— B—

where “£” is determined by the sign of ¢;. In a similar manner to P; in the
foreground calibration case, sin ¢; only scales the measured phase imbalance.
Hence the accurate determination of sin ¢ is not critical and is unnecessary,
and (3.46) is effective in an iterative sense, even if ¢; cannot be well-
controlled.
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3.3.4.2 Practical Considerations and Algorithm Limitations

The quadrature modulator error is more complicated than in the foreground
case, since there are three I/QQ modulator branches. For the sake of brevity, we
will assume that all the quadrature errors are equal [i.e., g 53 = 6;,3 = 6.
This will simplify the calculations; yet the final results will provide general
directions. The detailed derivations are neglected here, and the worst case of
the four measured signals is given by

SA+ == (1 + 6)GL Vm Ccos ¢L (347)

AG
Sae = L+ 01 +-)GV,, + 228G, V, cosd;,  (3.48)
0

Spr = (1 + AG—G)(I +0)GV,, cos(¢p; + Ad) (3.49)
0

Spe = (1 +8)G,V,, 4+ 2v26G, V,,cos (3.50)

The gain imbalance is calculated according to (3.44)

(49) =5,
GO est B SB—

AG
“(@). 651

and the phase imbalance can be calculated by

Sp+ 5A+)
A = +|=-—-="
(A)ex ( Si. Spo

~ (A)(1 - 2126 c05 9, (3.52)

From this very rough approximation, the quadrature errors of the I/Q
modulators will not affect the measurement of the gain imbalance, while the
measurement error of the phase imbalance has the same order as the
quadrature errors. As we know, cos ¢; is kept close to zero for the optimum
estimation on the phase imbalance and that reduces the effects of quadrature
errors.

The characterization of the gain and phase imbalance takes advantage of
the time-varying characteristics of the baseband input signal. In other words,
if the baseband input is a constant amplitude, this calibration scheme fails.
However, there is no reason to use an outphasing amplifier to amplify such
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a constant amplitude signal, so this is not a limitation in practice. Referring to
(3.37), in the case of optimum condition, to guarantee that the DSP finds the
maxima and minima, the amplitude variation has to satisfy the following
expression

maxle®)] (3.53)

min[a( t)]

This situation is illustrated in Figure 3.11, in which at leasta £90° variation
on *£2y(z) is required in order that the function passes through its maxima
and minima from the optimum point. In case the §; branch is not well-
controlled, the variation of the signal amplitude has to increase accordingly to
accommodate the deviation from the optimum point. Equation (3.53) is thus
the minimum requirement and is applicable to most practical applications.

The dc offset of the mixer, the LPF, and the ADC add to the measured
signal values as a constant background and degrade the measurement
accuracy. Note, however, that the dc offset will not affect the accuracy of
the measured gain imbalance, since it cancels out in §;_ and Sp_. To take it
into account, this value is determined and subtracted from S, and S, . The
dc offset may be simply measured by disabling the transmitted signal.

The quantization error of the A/D converter degrades the measurement
accuracy and perhaps the algorithm convergence. The bit length of the A/D
converter must be minimized to reduce the computation load of the DSP.
The worst-case estimation errors of the gain and phase imbalance are

bounded by

A
cos[+ 2y(t) + ¢,]

Figure 3.11 Minimum requirement on the amplitude variation of the baseband signal.
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AG AG 2A
= -+

— — =* .54

GO est GO act GL Vm (3 5 )
4A

Ao, = A * .
¢est ¢3Ct GL Vm (3 55)
As it turns out, the word length of the A/D converter must satisfy

| 0

B+1=2-2810° (3.56)
logy 2

where 6 is the maximum allowable gain or phase imbalance. For the allowable
imbalance better than 2° for phase or 0.3 dB for gain, a 7-bit word length
representation would be adequate, which corresponds to around —40 dBc
ACI for CDMA 1S-95.

The background calibration is transparent to the data transmission;
hence its application is not limited by the communication standard.
However, compared to the foreground calibration, the standard background
scheme requires an extra I/Q modulator branch to downconvert the system
output and extract the imbalance information, including two ADCs, two
reconstruction filters, and one I/Q modulator. This added complexity
becomes even more complicated when considering the matching among
these three branches. By carefully examining the background algorithm, it is
clear that only two different RF branch signal components are taken and
mixed with the amplifier output to calibrate the system—S; and S,. This
suggests that the extra I/Q modulator branch may be replaced by two RF
switches—an alternative implementation approach of the background
calibration scheme, as illustrated in Figure 3.12. There are various

/1,
/0, Quadrature SifS, _ |PA
Digital D/A %] modulator
data in O 0"
> DSP/ Reconstruction Lo | WAG
—>» SCS filter <
" %
DA ES a,/Q Quadrature »(3 =
= 3| modulator S/S, b
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P
X

Figure 3.12 Background calibration implemented with RF switches [9].
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commercially available RF diode switches. Alternatively, the RF switch may
be implemented with MEMS technology. Note that the compensation of the
phase imbalance is accomplished by the phase shifter instead of predistortion
inside the DSP. A phase shift in baseband results in no change of the
measured phase imbalance, even if it has been predistorted and compensated.

Since the RF switch couples two component vectors to the down-
conversion mixer, any mismatch between the state “A” and “B” in the 83
branch may be directly transformed to the mixer output and create
measurement error. Since the mixer can operate in saturation, its output is
not sensitive to the relatively small amplitude variation of the LO driving
signal. Moreover, though the RF switch branch requires careful phase
matching, detailed analysis shows that the phase difference between the two
switch states affects only the measured phase imbalance, not the gain
imbalance, and the measured phase imbalance is given by

A(best = A¢act -6 (357)

Hence, the final phase imbalance converges to 6—the phase mismatch
between the state “A” and “B.”

Figure 3.13 displays a snapshot of the lowpass-filtered signal during the
state “B.” The abrupt transition in the middle of the graph corresponds to
the moment of exchanging between §; and S,. The quantity ¢, in this case
was kept around 70°. Figure 3.14 shows the simulated waveform after
lowpass filtering with ¢; = 70°. A short period of data (20 ps) is also
displayed as an inset in Figure 3.13 to illustrate the rapid variation of the
lowpass filtered signal.

An example of the improvement is shown in Figure 3.15. Without
correction, the ACI is around —28 dB, while with correction the out-of-band
spectrum is suppressed below —35 dBc. The measured gain and phase
imbalance prior to calibration are 0.6 dB and 8°, respectively.

3.4 Mismatch Correction Scheme for Broadband
Applications

Simple correction of the gain and phase imbalance as described in previous
sections is no longer effective in broadband applications such as WCDMA,
orthogonal frequency division multiplexing (OFDM), and multicarriers in
base stations, since a high degree of matching between two amplifier branches
are demanded throughout the entire channel. The equalization technique
may be employed to compensate the mismatch of the two branches
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Figure 3.13 Measured lowpass-filtered signal during calibration [9].

and balance their frequency responses to the desirable characteristics. This
can be achieved by incorporating equalization in two amplifier channels prior
to the power amplification and adaptively adjusting the equalizer coefficients
for the minimum the signal distortion [13, 14]. In a typical implementation
of this generalized correction scheme, the calibration and channel
equalization are performed digitally inside the baseband DSP circuit, with
the distorted output to guide the algorithm adaption.

The calibration algorithm consists of two iterative operations—system
identification and adaptive equalization. The power amplifier transfer
characteristic is needed for channel equalization, and this is accomplished
by system identification. During system identification, a digital model of the
amplifier system is constructed, and the output signal of the actual system is
A/D converted and compared to the model output. Then the error signal
e[n] is taken by the least square (LS) algorithm [15] as the cost function to
find the transfer characteristics of two power amplifiers, as shown in
Figure 3.16. Due to the near constant envelope feature of the amplifier
driving signals, two nonlinear power amplifiers are conveniently modeled as
finite impulse response (FIR) filters. The filter coefficients are extracted by
minimizing the cost function in a least-square sense; that is,
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Figure 3.14 Simulated lowpass-filtered signal during calibration (¢, = 70°).

o1l = [suln] = ll] (3.58)

Figure 3.17 illustrates the adaptive equalization process for computing
the two equalizer coefficients. This is done by interchanging the power
amplifier model and the equalizer, comparing the baseband input to the
system output and minimizing the cost function

ool = |saln] = ol ]| (3.59)

The amplifier input and equalizer output can also be taken into account
as a part of the weighted cost function. Readers may refer to [13, 14] for
detailed discussion. The algorithm shows significant improvement on the
system linearity for four CDMA carriers [14], though intensive DSP and
adaptive filtering techniques are involved. The 16-24-tap FIR filters provide
sufficient bandwidth and null depth for practical implementation.

3.5 VCO-Derived Synthesis

PLL technology has been extensively used in many digital and analog
applications, for example, frequency synthesis, modulation, demodulation,
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Figure 3.15 Measured output spectra for CDMA 1S-95 with and without calibration using
background correction [9].

and clock recovery. A basic PLL comprises a phase detector, a loop filter, and
a VCO, as shown in Figure 3.18. The phase detector compares the input
reference and the VCO output, the phase error is developed and then fed to the
VCO through the loop filter. The negative feedback of the control system
drives the VCO in such a manner that the phase error is eventually reduced.
Different types of loop filters can be incorporated into the system depending
on the applications to improve the loop static and dynamic performance.
Once the loop lock is established, the VCO outputis said to be “phase-locked”
to the input reference, with a fixed phase relationship (usually 0° or 90° phase
offset) determined by the nature of the phase detector and loop filter.

The original VLL, as an extended concept of the feedback signal
generator with both phase and magnitude locked, was proposed in [16].
That particular circuitry, though capable of simultaneously tracking the phase
and magnitude of the reference signal, has certain limitations and has failed
to gain a widespread adoption. Two more versatile topologies—an improved
VLL [17] and a similar approach called CALLUM [18-23]—were developed
afterward to overcome the shortcomings of the primitive version with
expanded applications. These topologies utilize two cross-coupled PLLs, in
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Figure 3.17 Adaptive equalization to compute equalizer coefficients [14].

which each VCO is driven by one of two error-control signals and two
VCOs’ output are combined, as illustrated in Figure 3.19. The error-control
signals are the function of the absolute phase and magnitude errors between
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Figure 3.18 Basic PLL block diagram.

input reference and output signal in the case of VLL, or the absolute errors of
the real and imaginary parts of the input reference and output signal in the
case of CALLUM. With this cross-coupled configuration, an arbitrary input
varying in phase and amplitude can be synthesized. Note that due to the
constant-amplitude nature of the VCO’s output, this circuit topology is
analogous to the outphasing approach, except that the signal component
separation is realized by the feedback-controlled signal generator. By adding
the power gain stages following the VCOs, the locked loop naturally turns
into a linear power amplifier. In this respect, the VLL and CALLUM can be
regarded as particular implementations of the outphasing amplifier system. A
unique advantage of CALLUM and VLL, over the conventional outphasing
amplifier, is the capability to compensate for the phase and amplitude
imbalance between the two VCO branches. This benefit, which naturally
results from the loop negative feedback, eases the matching issue and is
crucial for the successful practical implementation of the VCO-derived
approach. However, due to the closed-loop high-gain nature, particularly the
excess phase shift and time delay introduced in the RF signal path, CALLUM
and VLL are inherently narrowband. Their applications, therefore,
concentrate on low-cost and power-efficient integrated circuit implementa-
tions for portable equipment.

y VvCOo
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= signal —>
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VCO

0

Figure 3.19 Block diagram of generalized locked loop.
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To derive the expressions of the VCO control voltages in terms of the
reference input and error signals, consider a general complex baseband input
signal,

s(£) = r()e®? 0=r(t) = 1y (3.60)

The two VCOs’ output signals have the phase in identical form to that of an
outphasing system; that is,

6,(2) = 0(2) —¥(2) (3.61)

0,(2) = 6(2) + Y(2) (3.62)
where

Y(r) = cos_l[:(t)] (3.63)

The VCO free-running frequency may be ignored here, in the case that
frequency translation is involved—for simplicity without losing the general-
ity of discussion. Taking the derivative with respect to time on both sides of

(3.61) and (3.62), we have

/
0 (1) = 0+ ——D (3.64)
Toas — 17(2)
h () = 0/(2) -9 (3.65)
1o — (1)

The VCO can be treated as an integrator, and the VCO output phase 0 , is
related to the input driving voltage V; , by

012(1) = ¢ - Vi,(0) (3.66)

where ¢ is the VCO sensitivity. For a circuit implementation, the quantities
0'(#) and 7/(¢) are difficult to implement. Note that 6/(¢) and #/(¢) are
proportional to 46 and dr and may be approximated by the phase and
magnitude tracking errors—Af and Ar. This corresponds to the situation in
which the loop is in lock, while the changes of phase and amplitude of
the input reference vector are small [20]. Thus, the above equations relate
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the VCO control voltages to the phase and magnitude errors. Equations
(3.64) and (3.65) are therefore the basis of VLL, and the controlled feedback
loop is implemented in polar form.

Alternatively, the feedback locked loop can be implemented in Car-
tesian form as in the CALLUM case, by expressing signal amplitude and
phase—r7(#) and 6(#)—in terms of real and imaginary parts—x(#) and y(z),

() = 4[x*(2) + y(2) (3.67)

_1 (2)
) (3.68)

Substitute (3.67) and (3.68) into (3.64) and (3.65), and (3.69) and (3.70)

can be derived:

0(¢) = tan

X X
n=-[%- Y| S—L—1y 6
r 7 VI%HX_VZ r 7 Viax_rz
) =—|L+ ———|+|5-—L—]y 670
O P A N

In a similar manner to a phase-locked loop (PLL), as long as the loop lock is
maintained, quantities x'(#) and y/(#) are proportional to dx and dy and can
be approximated by the absolute errors Ax and Ay. Equations (3.69) and
(3.70) are thus the basis of CALLUM.

351 CALLUM

The implementation of (3.69) and (3.70) results in a generic form of
CALLUM, so-called CALLUMI1. The system control equations are described
by [20]

d6 k k

71:_, X |+ S| S+—2L—|a 6
g ¢ r 7" Viax_ 72 ¢ r 7 Viax_ 7'2

46 k k

o B2 A+ S ay 672
dt r 2 2 c\r 2 2
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where £ is the loop gain. Figure 3.20 illustrates the block diagram of
CALLUMLI. The control signal generator scales the absolute error signals and
combines them to generate two VCO control voltages according to the above
control equations. Equations (3.71) and (3.72) are first-order nonlinear
differential equations. In general, such equations are difficult to solve
analytically, and numerical methods have to be used. When the system is in
lock, the nonlinear system can be described by a linearized model for
small changes in the phase and amplitude of the input vector. This is exactly
the same situation as in a PLL. In the case of CALLUMI, the linearized
model is simply a single-pole system with a time constant of 1/4. The phase
and amplitude responses have been analyzed in [20] by assuming they are
uncorrelated. One important result is the maximum locking frequency
when the system is driven by a sinusoidal signal with constant amplitude,
given by

k
fox =% 3 T = 1 (3.73)

The dynamic behavior of CALLUMI1 was briefly studied in [23], which
shows acquisition process is highly dependent on the initial conditions.
A small perturbation in the initial conditions could result in a significant
difference in acquisition behavior.

The automatic compensation mechanism is obvious from the negative
feedback that minimizes the phase and amplitude errors and duplicates
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Figure 3.20 Block diagram of CALLUM?1 [20].
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the synthesized output to the input reference. Detailed analysis indicates
nonzero phase and amplitude errors in the general cases. The tracking
performance may be improved by enclosing two integrators in the error
signal paths. This is a similar situation as in a PLL.

The accurate implementation of the control signal generator in
CALLUMLI is a task of equal difficulty to the SCS itself in an outphasing
system. Several variations of CALLUM have been proposed to reduce the
implementation complexity for control signal generation. In the first
modification, the denominators in (3.71) and (3.72) are completely ignored;
this simplified version is referred as to CALLUM2. The system control
equations for CALLUM?2 are thus described by

Ao, k k

D7 Sl e s CR V) (3.74)
do,  k k

—2=——(x+ )Ax+=(x— Ay 3.75)
dt c ¢

and the block diagram is shown in Figure 3.21. Eliminating the divisions in
CALLUMI reduces the complexity and allows CALLUM2 to be
implemented in low-cost and power-efficient analog circuitry. However,
the sensitivity and tracking performance are degraded, since now the overall
system loop gain varies with the input signal amplitude. This is apparent by
comparing the control equations of CALLUM1 and CALLUM?2 in the case
of a low-input envelope. As the signal amplitude decreases, the tracking
performance continuously degrades, and eventually the loop may fail to lock.
At a high-signal amplitude, on the other hand, the increased gain may cause

veco1
i »ax v, ;O—» PA
X _ = <
1Y > Multiplying [ cosw t A Output
»| XY »| matrix sinwgt ¥
y g
. > Ay —("U—>(PA
VvC02

Figure 3.21 Block diagram of CALLUM2 [20].
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the loop to become unstable. The maximum frequency of CALLUM?2 for a
constant amplitude-sinusoidal input is given by [20]

I+

_ Lk 2 2
Jnax = S T\ Tmax =7 (3.76)
The basic CALLUM system, proposed in [18], utilizes two VCOs
driven by two separate Cartesian component error signals, as shown in
Figure 3.22, reminding us of the classical Cartesian feedback power amplifier.
This architecture, though simple in appearance, suffers from the fact that the
stability region covers only half of the complex plane. Specifically, the system
is stable only if [19]

3T 1

——— =tan =
4

(3.77)

%I
N

Look back at the control equations of CALLUM]1, and it can be seen that the
basic CALLUM utilizes an incomplete set of signals to drive the VCOs. Sign-
control switching is necessary to ensure stable operation for arbitrary phases
as well as a smooth transition. This improved system, called CALLUM3, is
shown in Figure 3.23. The control equations are given by [20]

d k
% = - - sign[y]Ax (3.78)
VCO1
—+
) 4
cosw,t f Output
I
sinot { X
y o >——>@—>%
—(+
VC02

Figure 3.22 Basic structure of CALLUM [18].
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Figure 3.23 Block diagram of CALLUM3 [20].
do, k.
2= —sign[x]Ay (3.79)
dt ¢

CALLUM4 is a further improvement on CALLUM3. In CALLUM3,
the phase response time constant is optimum when the input phase is
45° + n x 90°. CALLUM4 thus encloses a phase shifter to maintain the
phase of the absolute error signals to always be 45°. This is accomplished by a
phase shifter that negatively mirrors the phase of the input signal. In this way,
the system remains simple and always achieves optimum operation while
eliminating the need for switching. Figure 3.24 illustrated the block diagram
of CALLUMA4.

A major disadvantage of CALLUM is its sensitivity to the input signal
amplitude. The loop fails to remain locked when the input signal amplitude
drops to zero, as in a classical two-tone test and a high-level modulated signal.
As the input amplitude goes through zero, loop lock is temporarily lost and
the system undergoes a reacquisition process. Moreover, when the input
signal amplitude remains zero, the two VCOs are free-running and un-
correlated, which means that their phase relation is arbitrary; therefore the
summed output signal amplitude and phase are undetermined. Unless the
two amplifier paths are perfectly matched, there is no way to generate zero
output signal. This is a common nature of all RF synthesis approaches
including VLL. One way to solve this is to bias the input vector such that it
never falls to zero and then remove the offset at the output. This could be
done by use of a three-VCO structure [21]—however, at the cost of increased
complexity.
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Figure 3.24 Block diagram of CALLUM4 [20].

352 VLL

From (3.64) and (3.65), the generic control equations for a VLL may be
described as

46, kAr

— = kAP + ———— 3.80

i ¢ - (3.80)
A

&z k0A¢_L (3.81)

df R = 12

where ky and 4, are the loop gains, and they are not necessarily the same.
The implementation in [17] of the VLL is a simplified version in which the
divisions in the control equations are eliminated; that is,

M oo+ ks (3.82)
do,

and this approach is illustrated in Figure 3.25. The VCO’s outputs are
power-amplified and combined to synthesize the desired phase and
amplitude characteristics of the input reference. A directional coupler
samples the final output and feeds it back to a phase detector and a magnitude
detector. The detectors generate the phase and magnitude difference as
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Figure 3.25 VLL [17].

the error signals. The two error signals are then summed and subtracted to
constitute two driving signals for the VCOs through the loop filters. When
the loop is maintained in lock, the phase and magnitude errors are minimized,
and the system output tracks the phase and amplitude of the input
reference signal. A simple downconversion mixer can be placed in the
feedback loop for frequency translation, and the carrier frequency is set by the
downconverter LO.

The control equations may be simplified by rearranging (3.82) and
(3.83) as follows:

d, +6,)/2
T = kg[o(t) - Oout(t)] (384)
AOZ I )= o] (3.85)

Recognize that (6, +6,)/2 is the output signal phase—f,,(#) and
Tmax €080 —0,)/2 is the output signal amplitude—r,,(¢), the control
equations, surprisingly, correspond to the decoupled phase and amplitude,
which may be solved separately. The phase of the loop output can be solved
analytically; that is,

t
0, (1) = kge_k”tj 0(£)e™" dr (3.86)
0
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The amplitude of the loop output is given by

Doull) _ 1 [ c0sd0) = cos 0] (3:87)

and may be solved by numerical methods. It can be shown that when the
input is a sinusoidal signal with angular frequency w,, the system output has
the phase error of

W

A =
0 A

(3.88)

which is the same as in a PLL; increasing the loop gain will decrease the
tracking error, while raising the issue of stability. The tracking error may be
reduced and the sensitivity may be enhanced without increasing the loop gain
by using integrators.

The feedback loop in a VLL allows for the automatic compensation of
the path imbalance between the two VCO branches. A change in the
amplitude or phase response of either amplifier branch gives rise to a change
in the phase of both VCO output signals, which eventually results in a
reduced imbalance. One major disadvantage of VLL (similar to CALLUM as
discussed before) is its sensitivity to the input signal magnitude. Also, the
loop fails in lock when the input reference reaches zero amplitude.
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Power-Combining and
Efficiency-Enhancement Techniques

4.1 Introduction

The outphasing amplifier architecture allows for the use of amplifier com-
ponents driven by constant envelope signals, which can lead to dramatically
higher efficiency than linear amplifier operation. For example, Class E
(switching-mode amplifiers) have been demonstrated with efficiency above
80% at 1 GHz; overdriven Class B, C, and F amplifiers can attain similar
levels of efficiency. This has led to the expectation that outphasing amplifiers
with excellent linearity and very high efficiency should be possible. This
expectation, however, has not been fully met to date. In fact, there are
fundamental limitations to the ultimate efficiency of outphasing amplifiers,
although the desired result can be approximated in some circumstances. The
limitation in real systems is related to the efficiency of power combining at
the amplifier outputs.

In real circuits, a lossless power combiner used at the amplifier output
produces significant interaction between its inputs, which leads to distortion
and a reduction in efficiency. Alternatively, it is possible to employ power
combiners that provide isolation between the input ports; in such systems the
linearity of the amplifier can be preserved, but the combiners are not lossless,
and there is significant efficiency reduction as a result. This chapter discusses
design trade-offs for the output amplifiers and power combiner. The
characteristics of power combiners are first reviewed. The choice of power
amplifier to be selected for use in the outphasing architecture is then

129
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discussed, with a particular focus on the distinction between switching and
nonswitching amplifiers. Strategies for using lossless combiners with
appropriate amplifier configurations in a way to maximize efficiency (such
as Chireix combining and derivatives of it) are subsequently presented. The
results show that while ideal efficiency is not obtainable over the full range of
output power, it can be optimized at a particular power level. The best
selection of power level to optimize the combiner depends on the characterist-
ics of the signals to be amplified, particularly the probability distribution of
output power versus time; accordingly, characteristics of representative signals
used in wireless communications are described. The use of lossy combiners,
which offer isolation between the component amplifiers, is also presented. It
is shown that the inefficiency thus generated can be partially overcome with a
simple power-recycling technique, which recovers a significant fraction of the
power usually lost in the combiner.

4.2 Power-Combining Techniques for Outphasing Amplifiers

Modern microwave technology offers many opportunities for power
combining, including transformers, hybrid couplers, baluns, transmission
line combiners, Lange couplers, and Wilkinson combiners. A variety of these
combiners are illustrated in Figure 4.1. Fundamental considerations
applicable to all of these demonstrate that power combiners with isolated
input ports are lossy, while combiners that are lossless have input ports that
are not isolated from each other.

Since combiners are essentially linear circuits, their behavior at a given
frequency can be described by an § matrix (or a corresponding Z or ¥
matrix). For a reciprocal three-port (where no active circuits, plasmas or
external magnetic fields are employed), the S-matrix is of the form

S S S5
S=1 % S 5 4.1)
S S 833
Let

where 4; is the incident wave at port j and 4; is the reflected wave at port i

(i, =1,2,3). We consider port 3 to be the output port of the hybrid
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X

31/4 Z\2
(b)
Z,/2
Port 1 Port 2
z . Z,
Port3
Z,/2

(c)

Figure 4.1 Schematic diagram of several different hybrid combiner structures:
(a) Wilkinson combiner, (b) “Rat-Race” combiner, and (c) transformer hybrid.

and assume that it is matched to a chosen characteristic impedance Z;
furthermore we consider the combiner/divider to have symmetric structure,
so that there is equal power splitting between ports 1 and 2 for power
incident on port 3. Then the S matrix can be further simplified to the form:

o B ’Y@ﬁb"
Sm=| B a4 (4.3)
.Y€]¢'i v 0
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Here ¢; and ¢; are phase delays that can have different values according to
the design (or choice of reference phase plane). The power combiner can be
chosen to minimize interactions between the input ports. If we require that
the input ports 1 and 2 are impedance-matched and isolated from one
another, then o and (8 in (4.3) must equal zero. To provide for equal power
splitting of a signal incident on port 3, it must also be true that |y| = 1/+/2.
This leads to an S matrix given by:

0 0 PAYNG)
0 0 PALYNG) (4.4)
YNGR LYNG) 0

where ¢; and ¢, are design-dependent phase delays. This is the scattering
matrix that describes Wilkinson combiners and combiners generated from
hybrid couplers (lossless four ports) whose difference port is terminated in
509. It is easy to see that power is not conserved in such a combiner under
many circumstances. For example, if an input of unity amplitude is incident
on port 1, then the output is given by a corresponding amplitude of 1/+/2 on
port 3 (and no output on port 2), which corresponds to a lower output power
than input power—an undesirable result!

An alternative design strategy is to use only lossless elements within the
divider, so that the three-port network will also be lossless. Under such
circumstances, the S matrix must be unitary; that is,

S

isolated

§-* =7 (4.5)

where / is the unit matrix. “/” and “*” denote “transpose” and “complex
conjugate,”’ respectively. By systematically applying (4.5), the elements of the
S matrix can be solved, with few undetermined parameters. In this case, the §
matrix can then be simplified to the form:

e/¢o /2 _eJ(¢0—¢1+¢z)/2 e/d)l /\/5
S’lDSSICSS = _ei(¢()_¢] +¢2)/2 _e(]¢(]_2¢1+2¢2)/2 el¢2/\/§ (4.6)

é% /2 d% /2 0

Here again ¢, ¢, and ¢, can have different values according to the design.
The matrix shows that the input ports cannot be simultaneously matched to
the characteristic impedance 2 (8;; # 0, S5, # 0); at the same time, there is
considerable transmission of signals incident on port 1 to port 2 and vice
versa (8; # 0, S;, # 0). This S matrix describes many transformer-based,
transmission line-based combiners and reactive combiners.
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The behavior of the combiners in outphasing amplifiers is often
clarified by reexpressing the S matrix in terms of even and odd modes
incident on ports 1 and 2 (equivalent to common-mode and differential-
mode excitations). Consider the usual case ¢; = ¢, (equal phase shifts from
port 3 to ports 1 and 2). Using the basis functions

1
a, = E(ﬂl + ) 4.7)
4= %(al — &) (4.8)

(and corresponding expressions for 4,, b,), the S matrix representation can be
converted to the following forms:

e For matched, isolated combiners:

b, 0 0 & a
bl=10 0 0 a, (4.9)
b3 €‘/¢ O 0 ﬂ3

e For lossless combiners:

b, 0 0 &[4
b, |=| 0 &% 0 a, (4.10)
b3 €/¢2 0 0 as

In the new basis, the corresponding expressions for the combiner
operation appear in diagonal form. For lossless combiners, (4.10) expresses
the relationship that, while even-mode excitations of the input ports are
transmitted directly to the output without reflection, the odd mode
excitations are completely reflected back to the input ports. For matched,
isolated combiners, the reflection of the odd mode is suppressed. This
suppression is easily understood as the effect of the input resistor in the
Wilkinson divider, or the effect of the termination on the difference port of
the hybrid coupler derivatives.

If we consider different phase choices for ¢ and ¢,, then more general
matrices are found. By proper choice of phase delay (or phase reference) for
ports 1 and 2, for example, the role of the even and odd modes in (4.10) can
be interchanged.
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Under conditions where lossless combining is used, the presence of the
interaction term Sj, complicates amplifier design. To relate to the most
familiar basis for design, it is useful to convert S-parameter descriptions to
Z-matrix descriptions of the two-port combiners, using

Z=U-5"'U+Y9) (4.11)

For simplicity we may assume that the output port 3 is terminated in
(so a3 = 0). Then the input characteristics of the combiner are described by a
2 X 2 impedance matrix:

For matched, isolated combiners

V.l _ 1 o0 L
_Vo__ZO_O 7 (4.12)
or equivalently
[ 1] ] . [1 O] 4 ]
v, —Z)_O | 4 (4.13)
For lossless combiners
v1 [l o I
[%]_20[0 —cor?][fg] 19
2
or equivalently
V. _l—cot? 1—|—cot?_ I
[Vl]:zo é q% [[I] (4.15)
2 1+ cot— 1—cot— 2
R P i
1 l—tan— 1+ tan—
FI I [ e ] ) R
2 % 1+tan§ l—tanE 2

Here V}, V; and 1;, I, are the port voltages and currents, and V,, V,, and 7, ,
I, are the corresponding even- and odd-mode linear combinations. If the
combiner design has ¢ = 0, from (4.15) then the impedance matrix is not
defined, and the admittance matrix should be used. In such circumstances,
the odd-mode impedance tends to infinity, corresponding to complete
reflection.
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The cross-impedance term Zj, appearing in the matrix for the lossless
combiners expresses the coupling between amplifier outputs dictated by the
combiner, in the form

I/l :lejl +Z]2]2 (417)
Vy=20h + 25 (4.18)

In a conventional transmission-line combiner, the phase angle ¢ = 90°, so
that Z;, = Z;;. The effect of the coupling is a strong “load-pulling” for the
amplifiers. If the output currents /; and £, of the two amplifiers in the

outphasing system have the relationship , = [, ¢/*, then the effective load
impedance experienced by amplifier “1” is

Vi
=1 4.1
outl [1 ( 9)
= 7,1+ 55 (4.20)

Thus as the output power of the outphasing amplifier changes and
correspondingly { changes, the impedance seen by each amplifier also
changes, with, in general, a change in both real and imaginary parts. As we
will see, this leads to difficulties in maintaining high efficiency and high
linearity over the different power output levels.

4.3 Amplifier Choices for Outphasing Systems

A variety of amplifier configurations can be considered for use in an
outphasing power amplifier system, including Class A, B, and C (non-
switching amplifiers), and Class E, F, and D (switching-mode amplifiers).
The effects of the choice of power combining can be considerably different
for the different configurations; as a result, the amplifier choice and the power
combiner choice must be made together. A key difference is that in the
conventional Class A, B, and C amplifiers, the transistor can be approximated
as a current source, while for other classes of operation, the transistor is a
voltage source, or a hybrid between the two extremes. Figure 4.2 shows
representative transistor I-V characteristics. In region 1, the transistor output
current is largely independent of output voltage (apart from a small slope
of the curves, corresponding to a small value of output conductance).



136 Design of Linear RF Outphasing Power Amplifiers

Region 2
A¢ lg
Region 1 I
B
z .
Lo
ls

Iy -~
Vce (volts) "

Figure 4.2 Bipolar transistor I-V curves, showing regions of constant current (region 1)
and small output resistance (region 2).

When the input is below cutoff, the output current is also a current source, of
value zero. On the other hand, in region 2, corresponding to transistor
saturation [or the “linear region” of field effect transistors (FETs)] the
transistor acts as a voltage source of value zero, with a small equivalent source
resistance. Class A, B, and C amplifiers are customarily designed for use in
region 1. In “overdriven” Class AB, B, and C amplifiers, during a portion of
the RF cycle the transistor enters the saturation region, and thus acts as a
voltage source during this interval. In Class E and F switching amplifiers, the
transistor alternates between off and on states, in which it acts as a current
source and a voltage source, respectively. In voltage-mode Class D amplifiers,
two transistors are used in tandem with the result that their combination acts
approximately like a voltage source at all times.

If the outphasing architecture is implemented with combiners having
isolated input ports, then amplifier choice is relatively unrestricted. However,
if lossless power combiners are chosen and thus the overall output impedance
of each component amplifier is established by the outputs of both
amplifiers, then the output interactions must be carefully designed. For
amplifiers that act as voltage sources (in region 2), the overall impedance
presented to the amplifier by the power combiner must not go to zero for any
possible phase difference between the two amplifiers. By contrast, with
current sources at the transistor outputs (in region 1), the overall admittance
must not go to zero.
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4.4 Outphasing Amplifier Design Using Class A, B, and C
Amplifiers

To maximize the efficiency of each component amplifier, it is necessary that
the power dissipation within the output transistor (given by the product of
transistor current and transistor voltage) be minimized. This is typically
accomplished by amplifiers operating in the Class B or Class C mode of
operation. Figure 4.3 illustrates, for example, the transistor output voltage
and output current for a representative Class B amplifier. The current
waveform is approximately half-sinusoidal-—a waveform that contains the
fundamental frequency as well as even harmonics. The output voltage

-1 VCC
Lg
|
N— Impedance \./\
matching
Impedance /\_/ = R
Vi — matching v \/\ - s
- L =
Vbias
(a)
A
VCEI
VCCI
IL‘max __________
le

\ 4

Time

(b)

Figure 4.3 Class B power amplifier (a) schematic diagram, and (b) current and voltage
waveforms.
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contains only the fundamental frequency, since the load includes a short for
all harmonics. The power dissipation within the transistor can be minimized
by maximizing the voltage swing across the transistor (operating at
maximum power) as well as by insuring that the phasing between output
current and voltage is appropriate. By “appropriate,” we mean that the
current is zero when the voltage is maximum, and the current is highest
when the output voltage is low. The (drain or collector) efficiency 7 as a
function of the output voltage and current can be easily calculated.
If we set the collector current to

](t):{losmw”t for nT < w,t <7+ nw 4.21)

0 otherwise

(This current waveform has an amplitude at the fundamental frequency w,, of
1,/2) and assume

Vep(t) = Vi + V, sin(w,t + 0) (4.22)

Then the mean values of current and voltage are given by:

I
(I(n) = ;” (4.23)
(V(0) = Vi (4.24)

and the dc power dissipation is given by

Pdc = <V> <[>
Vil
= Jdcto (4.25)
T
and the RF power delivered to the load is given by
1
Prp = 7 1V, cosf (4.26)
and the efficiency of the amplifier is given by
— PRF
Pdc
v
=T %0 o5 (4.27)
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The efficiency can be optimized by letting 6 = 0 through an
appropriate choice of output load impedance, which should be real if the
transistor acts as a current source with no shunt susceptance, and by
operation at the highest possible value of V, (generally Z; is chosen so that
Zi1,]2 =V, = Vy.— V.., where V, is the transistor “on” voltage). This
leads to the well-known expression for the peak efficiency for the Class B
amplifier of

T Vie =V,
=== 4.28
nmax 4 l/dc ( )
The efficiency decreases, however, if the amplifier is operated at less
than full power. Under these circumstances the efficiency is given by

n=rn PRF
max P

max

(4.29)

where P,

nax 18 the maximum output power. In the outphasing amplifier using

lossless combiners, the overall impedance seen by a component amplifier
depends on the currents through both amplifiers. To determine the output
voltage, we need to consider only the fundamental components of the
currents, /; and /, (the overall current waveforms are half-sinusoidal as
previously considered). Assume a conventional lossless transmission-line
combiner, with ¢ = 90°, and Class B operation. The amplifier currents are
assumed to be

I =L (4.30)
L=1ILc" (4.31)

Using for the power combiner the relations from (4.15)

EIRH () I

The voltage amplitudes are given by

i="
=271, cosy (4.33)
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The RF output power of each amplifier is Z; I7 cos® {, and its dc power
consumption is 2V} /(w1,). This leads to an efficiency of

_ 77,1, cos® Y

A (4.34)

To avoid saturation of the amplifier, it is necessary to choose
27;1, < Vye—V,,. This leads to a best case efficiency for the Class B
amplifier with lossless combining of

_ Vo= Von

2
Nmax = 4 Vdc 0s \b (435)

As the output power varies with the imposed modulation, cos®{ varies,
decreasing efficiency. For this amplifier,

Pry
P,

max

N = Nimax (4.36)

This has the same relationship to Pyg as for a traditional Class A amplifier,
except that 1,,,,, is higher, which is not very favorable for high efficiency over
a broad range of output powers. The efficiency suffers because over much of
the range, the voltage across the output amplifiers is less than the maximum
possible value, and because the current and voltage waveforms are, in general,
out-of-phase.

Superior efficiency can be obtained by “overdriving” the Class AB, B,
or C amplifiers that make up the outphasing system. In this case, 22; 7, is
chosen to have a value greater than V. — V,, so that during a portion of the
RF cycle the amplifier is driven into saturation. With overdriven operation,
the output voltage becomes constant, approximately independent of the
input drive voltage or output current, with amplitude V,,,, = V4. — V... The
corresponding currents may have complex waveforms, containing multiple
harmonics. The output load provides a short circuit at the harmonic
frequencies, however, allowing the voltage to remain a pure fundamental
tone. To analyze the situation, we assume

Vi = V” (4.37)
Vy = Viaxe 7 (4.38)

Note that the phases of the output voltages are not necessarily exactly equal to
the phases of the input voltage; this is one of the sources of distortion of this
operating mode. With the transistors used as voltage sources, it is necessary to
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choose a different configuration for the power combiner (avoiding the
short circuit for odd modes provided by the transmission line combiner).
With the choice ¢ = 0, a combiner can be obtained with the following input

relationship
L1 Tl 11w
2= ] (43

For the individual amplifiers, this leads to
I, =2V, .. Y cosy (4.40)

The average current drawn from the power supply can be estimated to be
4
(I(£)) = — Vo Yy cos ¥ (4.41)
T

assuming the same relationship between the average and fundamental current
component as for the underdriven Class B. This relationship is only
approximate, and becomes progressively worse as the degree of overdrive
increases. The RF output power and efficiency are then found to be

Prp = Vi Yy cos™ Y (4.42)
V
n= %%ces v (4.43)

Here V.., = Vic — Vi,. This leads to a best case efficiency of

Ninax = %VUICV;&VO"COS ¥ (4.44)

As the output power varies with the imposed modulation, cosy varies,
decreasing efficiency. This variation, however, is significantly slower than the
cos” Y variation found in the previous case. For this amplifier,

P
1= Doy | o (4.45)

max
Pmax

This reproduces the efficiency variation obtained with the individual
(underdriven) Class B amplifier. In both cases, the efficiency benefits from
the fact that the dc power supply current varies in accordance with the output
power level. The principal cause of the efficiency reduction is the variable
phase relationship between the voltage and current in the output devices.
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It was first pointed out by Chireix [1] that the efficiency reduction at a
given output power backoff could be countered by including an extra phase
shift in the power-combining circuit. This is discussed in Section 4.5.

4.5 Chireix Power-Combining Technique

We saw in Section 4.4 that the time-varying relative phases between the two
outputs of the power amplifiers caused a degradation in the overall efficiency.
This is a serious practical problem with the classic outphasing power amplifier,
since the whole purpose of the design is to improve the efficiency of the
scheme.

We now consider an overdriven Class B amplifier, for which the output
voltage waveform is approximately constrained by saturation of the
transistor to have a constant amplitude. Harmonic shorts at the output
insure that a sinusoidal waveform is maintained. The output voltages for the
individual amplifiers are assumed to be

Vi = Vet (4.46)
Vs = Vit ¥ (4.47)

A power combiner is chosen that has values of ¢y =¢, = ¢, =0. In
addition, lossless circuit elements are added asymmetrically with respect to
amplifiers 1 and 2, to provide a desired phase shift between the output
current and voltages, as shown in Figure 4.4. Shunt susceptances B, and —B,

s, AB, Z,
PA
| %Lc
Datain =
o—— SCS
R,
sz |PA X 1/4' ZU -
L
I

Figure 4.4 Chireix power-combining outphasing system with compensation shunt
reactance [2].
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(obtained with the capacitor C, and inductor L,, respectively) are added in
parallel to the two sides. Now from (4.40)

L =2V Yy cosy + jB, Vipud? (4.48)
L = 2V, Yy cosyy — jB, Vi 7Y (4.49)

The RF power generated by amplifiers 1 and 2 is not changed by the
additional susceptance, since the added current is out of phase with the
corresponding amplifier voltage. Thus, as for the previous case,

Prpy = Prea
= Vi Y1 co8” Y (4.50)

The current amplitude will change, however; that is,
1L = V,,%ax(4yfcosz¢+ B2 —4Y, B, cos ¥ sin ¢) (4.51)
This can be minimized by choosing B, such that 4|7, | /dB, = 0, leading to
B, = Y, sin2y (4.52)
This choice of B, produces a phase shift to the current /; so that /; is in phase
with V.

In typical circuits, B, has a fixed value, independent of output power
level, so that the optimization can be done for only one particular choice of ,

say ¥ = ¢,,,. Then
|L)* = Vrﬁax<4YL2 cos®  + B2 —4Y; B, cos {sin xL)

= Vrﬁafo[(l + cos 2¢)° +(sin2¢m—sin2¢)2] (4.53)

Correspondingly, the dc current consumption is

()= % Vi YL\/(l + cos 2¢)% + (sin 2,, — sin 2¢)? (4.54)

which decreases due to the addition of the susceptances B, and —B,. The
same results for output power and current consumption apply to amplifier 2.
The overall result for efficiency is
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y = % I:r/nax 1+ cos2y (4.55)
de \/(1 + cos 2¥)? + (sin 2y, — sin 24)?
When ¢ = ¢, (corresponding to the optimal output power backoff),
TV
— max 4.
"= (4.56)

The amplifiers can therefore obtain the peak efficiency at a lower power than
was obtained only at peak power, and the power where the peak efficiency
occurs can be selected through the choice of ¥,,. At other power levels, the
efficiency drops off in a manner described by (4.55). This is illustrated in
Figure 4.5 for a variety of choices of ¥,, (or correspondingly, B,y = B,/ Y7).
The efficiency versus output power relationship expressed in these curves is, in
general, much more favorable for system application than the original choice
of ¢,, = 0. To understand how to optimize the choice of ¥,,, however, it is

1:2 f\/\ B,=—-05 ———

N

50 I
o
30 I
Wl
of/

0 0.2 04 0.6 0.8 1.0
Normalized output power

Normalized efficiency (%)

\\
\\ —
~

Figure 45 Normalized power efficiency versus normalized output power.
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necessary to consider the power distribution for representative signals to be
transmitted. This is undertaken in Section 4.8.

The Chireix technique is very attractive from the standpoint of
efficiency. It has not led to date, however, to amplifiers with very high
linearity. The causes for the reduction in linearity are related to: 1) the fact
that Class AB, B, and C amplifiers in saturation are not exactly voltage
sources—in reality, the output voltage is a function of the impedance seen at
the amplifier output and the voltage varies in a nonlinear fashion—and 2) the
phase of the output voltage does not bear a simple relationship to the phase of
the input signal.

4.6 Combiner Design for Switching-Mode (Class D
and Class E) Amplifiers

A potentially better approach for the implementation of the component
amplifiers in the outphasing amplifier is to use switching-mode amplifiers.
The efficiency of the amplifiers can in principle be excellent, since when the
transistor voltage is high, the current is zero, and when the current is nonzero,
the voltage is at its minimum level (V,, = 0). Unfortunately, there can be
significant dissipation for the switching-mode amplifiers associated with the
on-off transitions. A particularly, well-known dissipation mechanism is
related to capacitance G, at the transistor output node. If the output voltage
is V,, at the instant of switch closure, then an energy G, V2, /2 is dissipated
in the on-resistance R, of the transistor, during the ensuing transient
discharge, independent of the value of R,,.

To minimize this dissipation mechanism, amplifier architectures have
been developed for which “zero-voltage” switching is obtained; that is,
Viw = 0. For example, in the Class E amplifier shown in Figure 4.6, a tuned
load resistance is chosen so that the voltage waveform has a characteristic
shape leading to V,,, = 0 and 4V,,,/dt = 0 at the instant of switch closure.
With Class E amplifiers, efficiency above 80% has been demonstrated at
2 GHz, and above 60% at 10 GHz [2]. Unfortunately, the characteristics of
the Class E amplifiers are not well-suited to outphasing systems with lossless
power combining, since the zero-voltage switching feature is critically depen-
dent on the phase of the load impedance. With the output power—dependent
load-pulling described previously, this characteristic is lost. At the same time,
the output voltage, current, and power are dependent on the load impedance,
so that the constant envelope operation is also lost. Class E amplifiers are best
suited for use with lossy combiners, discussed in Section 4.7.
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VCL‘

Impedance /\/ R

matching

Figure 4.6 Class E amplifier schematic.

In the Class D amplifier (or more strictly, the voltage-mode Class D),
the zero-voltage switching feature is absent, and as a result, its efficiency is
not as high as for Class E (and grows progressively worse as the frequency is
increased). Nonetheless this amplifier has advantages for outphasing
implementation. As shown in Figure 4.7, the Class D amplifier employs
two transistor switches that alternately connect the output to the positive
and negative supply voltage [in this case, as in a complementary metal-
oxide-silicon (CMOSY) inverter, although other approaches are also possible].

Impedance
in matching

-
= L =

|I|J

Vi

Figure 4.7 Class D amplifier schematic.
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As a result, the amplifier acts as a voltage source, with a square-wave output.
The load impedance is chosen so that there is nonzero conductance only
at the fundamental frequency f, (and the load provides an open circuit at
all harmonic frequencies). Then the output current is a perfect sine wave
at f,.

In an outphasing amplifier, the phase of the current with respect
to the voltage will vary according to the output power. In the Class D
amplifier, however, the transistor power dissipation (apart from the on-off
transitions) is near-zero, independent of the current phase angle. This
differs from the overdriven Class B amplifier, which acts as a voltage source
with a sinusoidal output waveform. In the Class D case, the current
waveforms for the pull-up and pull-down switches are non-zero only when
the switch voltage is near zero. When the phase of the load current
waveform differs from that of the voltage, there is positive and negative
current flow through the switches (current is drawn from the power supply,
and returned back to it at a later time). For a phase difference of 90°
(corresponding to zero net output power from the outphasing amplifier),
the average current drawn from the supply is zero, as required for high-
efficiency operation.

To assess the opportunities for outphasing amplifier implementation
with Class D amplifiers, a more extensive analysis is required, taking into
account realistic parasitic elements. This is provided in the following, for one
implementation example, based on MOS transistor switches.

4.6.1 Analysis of MOSFET-Based Class D Outphasing Amplifier
with Lossless Combining

The use of CMOS technology for Class D amplifiers is especially attractive,
because of the availability of complementary switching devices. We now
consider the following simplified equivalent circuit for CMOS-based Class D
power amplifiers with the transmission line coupler shown in Figure 4.8.
The Class D power amplifier is modeled as an ideal square-wave voltage
generator with a series resistance R,. The capacitance C; models the drain
parasitic capacitance of the MOS transistor. The LC tank rejects the
harmonics other than the fundamental component wy, and the loaded Q; =
wo Gy Ry is assumed.

The power amplifiers generate two outphased square waveforms with
voltage swing from zero to Vpp. Taking the Fourier series expansion, and
assuming 50% duty cycle, we have
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Figure 4.8 Simplified equivalent circuit of Class D outphasing power amplifier with the
transmission line coupler. Cq4 is a parasitic capacitor at the output of the
power devices.

1 2 i 1.
VO) = Voo 5+ _ISZS —j"" cos(nf) (4.57)

The above expression is translated into the two outphased signal component
square waves according to Figure 1.17,

% 2 - 1, _
Sia2(8) = % + - Vob Z ] ! cos [n(wot + ¢)] (4.58)
n=13,5-- -

The dc constant of the voltage waveforms has no effect on the ac output and
hence is neglected. S;(#) and S,(#) can be decomposed into the even and odd
modes,

S.(r) = S1(2) ;‘ 5(2)
2 d 1,
=" Vpp Z —7" cos(mp) cos(nwyt) (4.59)
™ n=135---"
5(1) = S,(2) ; Si(2)
_2 v i Lo sin(7my) sin(nwg £) (4.60)
o /DD n] 0 :

n=13,5"" -
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and with the following phasor notation on the n-order harmonic,

2 1
V., ==Vpp—j"" cos(n) (4.61)
™ n

e,n

2 1
V, == Vpp—i"" sin(ny) (4.62)
™ n

Note that the even- and odd-mode waveforms are not generally square-wave.
The linear superposition theorem applies, so the circuit can also be
rearranged according to even- and odd-mode operation and analyzed
separately for the two cases. As the two odd-mode voltage generators drive the
transmission line coupler 180° out of phase, due to the symmetry, the
connection point between the two transmission lines shall act as a virtual
ground. This situation is illustrated in Figure 4.9. The circuit can be further
simplified because of the inverse impedance transform property of the
quarter-wavelength transmission line. Looking into the transmission line
from the capacitor side, the impedance is infinity. Thus, the circuit becomes a
simple lowpass RC filter and the source current is given by

[o=y I"Cd
’ 1+ jnwy Cy
2 VDD 6sin n\b H(n=1)m/2 —jarctan(nd)
— e n s e arcrand 7. (4'63)
T R 14 28
where
0= wyCyR (4.64)

The time domain function is thus
1,,(£) = Re[I,e”""]
2 Vpp Osinmy

TR 1128

- sin[nwyt + g 7 — arctan(70)] (4.65)

Figure 49 0dd-mode equivalent circuit of modified Chireix power-combining approach.
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As expected, the odd-mode operation will not affect the output. However,
power is consumed through the charge and discharge of the parasitic
capacitor Cy.

For even-mode operation, the two voltage generators are operated in
phase. Taking advantage of the symmetry, the circuit can be rearranged and
simplified as in Figure 4.10. The load impedance is given by

1 1 1\’
Ziloer =1 =7 _—
Llw—an (2]wCO + 2]O)LO + 2RL)

2R

==L (4.66)
1+ je

where
=1

e=Q; (4.67)

n

After the quarter-wavelength transmission line, the load impedance
becomes

_%
Z, = Z
= R.(1 + je) (4.68)
where R, is defined by
_ %
R = 2—RL (4.69)

3,
;J-CIZ 2L, 2R
I

Figure 4.10 Even-mode equivalent circuit of modified Chireix power-combining approach.
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The voltage generator together with the source resistance R, and parasitic
capacitance Cy can be regarded as a “black box.” By use of the Thevenin
theorem, it is not difficult to obtain the voltage applied to the transmission
line and then the final output

I

Vout, n— K,n ﬁ]( &

Z Z 1

=L V. 4.70
2 Z 2,14 " (4.70)

The fundamental component is solved as

27, 1 .
Voue(2) = —? cos Y ——— sm(wot — arctan I A) (4.71)
L Y (G RNy +
where
A= R/R, (4.72)
and the output power is given by
_ 1 Vo
out 2 RL
4 Vj 1
oD os” ¥ (4.73)

TR R (1A 18

With 6 < 1, which corresponds to the case where the RC constant of the
transistor “on” resistance and drain parasitic capacitance is much less than
the cycle of operation, we have

P (2 1% )2 R, 2y (4.74)
= b= — CosS .
ou T DD (R; + RS)Z

The above result can be explained as follows: The first term (2 Vp,p /) is the
fundamental component of the square wave, the second R,/(R, + R,)* is the
output portion of the series connection, and the last term (cos’ )
corresponds the outphasing angle, which indicates the amplitude modula-
tion. For the higher-order harmonics, we have the maximum amplitude of
the harmonics applied to the load
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Vout, n 1+ A cosny
Vour, 1may~ Qu(#” = 1) cosy
1
5 when ¢ —0;
n Qp
=~ ) - (4.75)
E when ¢ g E
The source current can also be calculated,
I (= 2 Vpp cos m&\/ (A — ned)* + n°6*
™ R n (14 A—ned) + (e + nd)
. [ f T ] n6 can”! € + nd ] (4.76)
in — n —tan  ——M— .
SRty TR A e Y T A= ned

Now the total dc power consumption can be computed. Note that due
to the square waveform of the voltage generators, we have

1 (7/2
Py = —J |18 + () b() |ae
T)-1

1 i T /4—Ar
T L,(t) = 1, ,(¢) |dt
r nZI;. .. J—T/4—At[ f’”( ) o,n( )]
1 i T /4+At
T Z J [[e n(8) + [mz(t)]dt
Tn:1,375. o) =T/atArt T )
=P+ P, o
where
A= i (4.78)
W

Substituting (4.58), (4.65), and (4.76) into (4.77) and with the assumption
of Q;>1, total dc power consumption except for the fundamental
component in the even-mode operation is calculated as follows:
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T 4 6
=2C, VL%D]{) . [tanh(%) —;cos2 ¥ = 62]

~2C,;Vinf when 6 < 1 (4.79)

which happens to be the power consumption of the parasitic capacitors with
0 — Vpp voltage swing and frequency fj. The system efficiency is hence given
by

P,

out

T’_Pe,l—i_P/a

2
- Acos™ Y (4.80)

A1 + A) cos> ¢ + %(1 + A

Define 7, as the peak efficiency when the two amplifier branches are operated
in phase, we have

A
No = T 2
A(L+ ) + 281+ 4’8
R R
- 5 (4.81)
R+ R R+ Z(Rt + R)6
and the efficiency is given by
11 1+ A)
LU N e i S (4.82)

n o m 4 A

Figure 4.11 shows the calculated overall efficiency as a function of the output
power. The quantity A is chosen as 1/6.7. The dashed line shows the
efficiency characteristic of an ideal Class B power amplifier for comparison.
Note that the efficiency of this approach is much better than the case of the
outphasing amplifier hybrid-combining approach.

4.6.2 Simulation and Discussion of MOS-Based Class D
with Lossless Combining

The Class D approach with lossless combining is suitable for a CMOS or
GaAs FET implementation, due to the near-ideal switching nature of these
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Figure 411 Calculated overall power efficiency versus normalized output power for
various 4.

devices. The switching Class D power amplifiers used in the circuit would be
much like a digital inverter, as illustrated in Figure 4.12. The driver stage is
not shown. Two preamplifiers take the two signal components from the I/Q
modulators and drive the CMOS inverters into the triode region as switches.
When the input driving signal is near ground, the PMOS transistor is “on”
and the NMOS is “off,” so the drain of the CMOS inverter is charged to
Vpp through the PMOS. When the input signal is high, the inverse
situation occurs and the drain is discharged to ground through the NMOS
transistor.

A major problem of this approach is the parasitic capacitor C, at the
transistor drains, which consumes a considerable portion of power. With a
3.3-V supply voltage, as much as a 3-pF parasitic capacitance (around
0.3 pF/mm), and the circuit operated at 1 GHz, the power wasted by the
capacitor is calculated to be around 110 mW, which could be 20% amount
of the output power. The silicon on sapphire (SOS) CMOS technology
employs an insulating sapphire substrate, and the transistor substrate is
floating. With this technology, the parasitic capacitance is essentially
eliminated, which makes it an attractive candidate for this modified
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Figure 412 CMOS implementation of a Class D outphasing amplifier with transmission
line coupler.

Chireix-combining method. Unfortunately, the SOS CMOS is not
compatible with most bulk CMOS processes.

Figure 4.13 shows the simulated drain efficiency versus the normalized
output power for a 0.6-pm CMOS technology where Cy, has been set to zero.
The driving signal is nearly a square waveform and the driving power was not
included. The p-type MOS (PMOS) transistor (0.6 wm X 4.5 mm for each)
was chosen to be three times larger than the n-type MOS (NMOS)
(0.6 um X 1.5 mm for each) because of its relatively low mobility. The
simulated maximum output power is 0.54W with drain efficiency of 70.6%.
The operating frequency is 1 GHz. It can be seen from the plot that the
efficiency stays above 50% until the output power is below 0.15W. For
comparison, the drain-efficiency characteristics of an ideal Class B and Class A
power amplifier are also displayed.

The SOS CMOS implementation of this new combining approach is
attractive and could achieve high efficiency and high linearity. However,
there are still some issues with this approach. First of all, the drain voltage
swing is from zero to Vpp, instead of from zero to 2V, for Class B and C.
So for the same size of transistor, the output power with this approach would
be roughly reduced by a factor of four. Second, to reduce the transient loss
while the transistor switches from “off” to “on” and vice versa, the transistor
has to be driven very “hard” due to the large gate capacitor of MOS
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Figure 4.13 Simulated efficiency with 0.6-um CMOS, with the parasitic drain capacitance
turned off.

transistors. This will considerably increase the driving power, though it may
be possible to decrease the driving requirement with added harmonics.

The first problem may be mitigated by increasing the supply voltage.
With increased supply voltage, the drain efficiency may also be improved,
since now the load can be transformed to a higher impedance to obtain the
same amount of output power. However, this will cause a long-term
reliability problem and breakdown, due to the relatively low breakdown
voltage of the CMOS transistor. It may be possible to implement this
approach with GaAs metal semiconductor FET (MESFET) technology, as
shown in Figure 4.14. One problem, however, is the relatively high insertion
loss of the transformer, typically 0.5-1 dB, in this frequency range.

4.7 Application of Lossy Power Combiners to Outphasing
Power Amplifiers

The most straightforward approach to outphasing amplifier implementation
is to use amplifiers designed for a comstant load impedance, operated near
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Figure 4.14 GaAs MESFET implementation of a Class D amplifier with transmission line
coupler.

their saturated output power where their efficiency is maximum, together
with a power combiner that provides isolation between the amplifier outputs
(such as a Wilkinson combiner). This has the benefit that linearity of the
outphasing system is enhanced because complications of signal-dependent
loading of the amplifiers are avoided. As shown in Section 4.2, however, the
power combining under these conditions is unavoidably lossy. Consider, for
example, a combiner with an § matrix characterized by ¢, = ¢, [from
(4.3)]. If the output wave amplitudes for amplifiers 1 and 2 are a,e"¥ and
a,e7¥, respectively, with output power |a,|*/2, the overall output power is
easily seen to be

2
1. .
N v ¥
P 2‘\/5610(6’] + %) (4.83)
= |a,|* cos’ ¢ (4.84)

If ¥ = 0 (amplifiers in phase) the overall output power is equal to the sum of
the individual amplifier powers, but if ¢ # 0, the output power is reduced
accordingly. If the efficiencies of the individual amplifiers is 7,,, then
the overall efficiency is
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n=m,,cos" Y (4.85)
Pyr

=1n,—— 4.86

M (4.86)

max

This is equivalent to the efficiency versus power relationship for the Class A
amplifier, which exhibits a strong reduction in efficiency as the power
decreases from its peak value.

An important example of this approach is the use of a conventional
hybrid power combiner, as shown in Figure 4.15. In the ideal case, the hybrid
completely isolates two amplifiers and each amplifier “sees” a 50-Q load.
On the summing port of the hybrid, the in-phase signal components of the
power amplifiers’ outputs add in power and the out-of-phase signal
components cancel out. On the other hand, the opposite situation occurs on
the difference port—the in-phase signal components cancel out and out-of-
phase signal components add in power. Unfortunately, this portion of power is
consumed at the 50-{ resistive load connected to the difference port and turns
into waste heat, which degrades the overall power efficiency. This is the price
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Figure 4.15 Outphasing power amplifier with hybrid power combining.
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paid to prevent the load impedance variation. The amount of wasted power
depends on the magnitude of the desired output signal.

There are two extreme cases. When the two amplifiers operate in-phase,
twice the amount of each amplifier output power is delivered to the antenna,
while no power is consumed on the load at the difference port. At the other
extreme, when the two amplifiers operate completely 180° out of phase, all
the power is wasted in the difference port, while no power is delivered to the
antenna. Since the instantaneous combining efficiency is the ratio of the
desired output power to the total power delivered by the two power
amplifiers, the average combining efficiency is easily calculated by [3]

1
n, = J p(r)r dr (4.87)
0

where 7 is the normalized transmitted signal magnitude, and p(7) is the
probability density function of the modulation. As a matter of fact, the
wasted power is actually the quadrature signal—e(#)—portion of the total
transmitted power. The wasted power degrades the overall power efficiency,
especially for high-level modulations, in which the signal experiences a wide
range of variation of the power levels. For these modulations, the efficiency-
power relationships from the lossless power-combining and Chireix-
combining technique can provide advantages. To assess the relative merits
of the different approaches, however, it is necessary to consider the
distribution of power in various waveforms. This is considered in Section 4.8.

4.8 Probability Distribution of Output Power
and Its Impact on Efficiency

For the different outphasing amplifier implementations, we have shown that
the efficiency 7 varies with the instantaneous output power level. It is possible
to calculate the average efficiency obtained with a given modulated
waveform, given the probability density of output power for the modulation
scheme. The average efficiency of the power amplifier can be determined
from

(P 0ut>
(Py)

(4.88)

nQ.VC =

where (2,,) and (Py.) are the RF output power and dc power drawn from
the supply averaged over time. These, in turn, can be calculated from



160 Design of Linear RF Outphasing Power Amplifiers

(P = j Prup(Poad) AP (4.89)
(Pdc> = J Pdcp(Pout)dPout
P
Out out d out 4'90
1By o) (30)

where p(P,,) is the probability of output power P,,. Thus the overall

efficiency is

Outp( ut)d out

')7 =
Outp( Out)
dpout
J N(Loye)

(4.91)

The probability density function of the transmitted signal p(2,,,) is required
to calculate the combining efficiency, which is generally unavailable in
analytical form. Hence the computation is based on the histogram obtained
from simulation of the waveform over a long period of time. Figure 4.16
shows the simulated power probability density functions for various
modulations. The modulations under investigation are QPSK, OQPSK,
7 /4-DQPSK, 16-QAM, and 64-QAM. The baseband pulse shaping is the
square-root raised cosine filtering, with a roll-off factor « varying from 0.1 to
1.0. Obviously the probability density functions are highly dependent on
both the modulation and baseband filtering. For high-level modulations (i.e.,
16- and 64-QAM) the probability density concentrates around the low power
level more than it does for the lower-level modulations; hence we expect a
much lower average-to-peak power ratio or a lower combining efficiency.
Note that for these two modulations, the shape of the probability density
function barely changes with the roll-off factor. In practical applications, the
signal in-phase and quadrature components may be offset by half the symbol
period for 16-QAM and 64-QAM, as in the case of OQPSK.

For Class A based outphasing amplifiers using lossy combining, and for
outphasing amplifiers with lossless combiners using underdriven Class A, AB,
and B amplifiers, we have seen that

P
= —out 4.92
1’ nmaxp ( 9 )

max

from which, it is easy to show that
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Figure 4.16 Power probability density function for various modulations. The legend
indicates the roll-off factors of the square-root raised cosine filtering.
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(P
T’ZVC nmax P

max

(4.93)

This indicates that the average efficiency is degraded from the maximum
efficiency (which is obtained at 7,,,) by the PAP ratio of the waveform. In
other words, the combining efficiency of the hybrid combiner is essentially
equivalent to the average-to-peak power ratio of the signal.

Figure 4.17 shows the calculated combining efficiency as a function of
the roll-off factor for various modulations, according to (4.87) and the
simulated probability density function. As expected, for 16- and 64-QAM
the combining efficiency is below 30% and varies little with the roll-off
factor. For lower level modulations (e.g., QPSK, OQPSK, and w/4-
DQPSK) the combining efficiency is greater than 45% for a roll-off factor of
0.4 or larger and reaches as high as 62% for OQPSK. Note that the calculated
combining efficiency does not account for the loss of hybrid combiner and
efficiency of the power amplifier. To take these into account, the overall
efficiency would be

Noverall = np . (1 - pt’) (494)
80 T T T
—e— QPSK
10| —a— 0QPSK
—v— z/A-DQPSK
60 |- —o— 16-0AM A—2
—e— 64-0AM
50 - A

40
A\ AT
v —

0 0.1 0.2 0.3 04 0.5 0.6 0.7 0.8 0.9 1.0
Roll-off factor

Combining efficiency (%)

Figure 417 Combining efficiency as a function of roll-off factor for various modulations.
Calculation is based on plot of Figure 4.16 and (4.87).
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where 7, is the power amplifier drain efficiency, and p, is the loss of the
hybrid combiner. In fact, the combining efficiency would be a major
degradation factor of the power efficiency for this combining approach. For
simplicity later on, we will assume that the lossless hybrid combiner and the
drain efficiency of the power amplifiers is 100%.

4.9 Power Recycling in Outphasing Amplifiers

The idea of a power recycling scheme is simple—replace the power-wasting
resistive load in Figure 4.15 with a RF-dc converter to recover as much of
the wasted power as possible back to the power supply and hence the overall
power efficiency of the amplifier system is improved [4, 5]. The schematic
diagram of a particular implementation of this method is illustrated in
Figure 4.18. A 180° hybrid combiner is configured as the power splitter to
divide the wasted power into two 180° outphased portions. These two
signals are then fed to a high-speed Schottky diode pair through an
impedance-matching network. The Schottky diodes rectify the RF waves
and the dc components are withdrawn back to the power supply. A large
value capacitor together with the RF chokes embedded in the power
amplifiers shorts the harmonic current of the rectified wave to ground.
Alternatively, an inductor might be used to reject the harmonics. The RF
choke loops provide a dc return path for the circuit, if necessary. The
matching network can be adjusted to optimize the power delivered. An
optional isolator can be added between the hybrid combiner and power

d
m -~ Optional

Zin .
) Moot = isolator s
V. atching 7= |
> S8 SUP_ network 0 \Q)_‘r;ﬁ 0
I } Pava
PA> >
S2(t)

Figure 4.18 Qutphasing power amplifier with power recycling.
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splitter to improve the isolation. In a word, this power-recycling network is
simply a microwave version of the full-wave rectifier.

Two figures of merit are important in the RF-dc conversion and need to
be analyzed—the power efficiency of the recycling network and the isolation
between two power amplifier branches in the presence of the recycling
network. The isolation can be quantitatively analyzed by calculating the
VSWR of the recycling network. The simplest case to analyze is the continuous
wave, where the signal magnitude is a constant. In this case, the impedance-
matching network can be adjusted to optimize the system performance.
Intuitively, there might be an optimum point in which the recycling
efficiency and the isolation and VSWR are maximized or minimized
simultaneously. For linear modulations, the signal envelope varies and the
recycling efficiency averages over the whole range of the signal power
level, and the recycling efficiency and VSWR of the recycling network are
traded off.

4.9.1 Analysis of the Power-Recycling Network for a Continuous-Wave
Signal

To simplify the analysis, an ideal resistive model is assumed for the Schottky
diode (i.e., the fixed “on-resistance” R, in series with the built-in potential
V;, the infinite diode “off-resistance,” and a negligible shunt capacitance).
All other components are assumed to be ideal. The analysis starts from the
diode side. Since the 180° hybrid combiner is used as the power splitter, each
diode conducts less than half the time and operates 180° out of phase. This
situation is exactly the same as in the low-frequency full-wave rectifying
circuit. Figure 4.19 illustrates the voltage and current waveforms for each
Schottky diode. Note that each diode conducts at the angle of 20. The
current through the upper diode is thus described by

Vikcos ot = (Vo + V) (Vewp + V)
; COSW, t = ————
Ii(n) = { R, Voo (495
0; otherwise

where V,, is the power supply voltage, V. is the peak signal voltage applied
to the diode, and w, is the carrier frequency of the signal. The diode
conduction angle 0 is determined by

Vsup + Vd‘

bl
Vok

cosf =

0=<0< ; (4.96)
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Figure 4.19 Diode voltage and current in the power-recycling network.
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Note its symmetry with respect to the origin; the diode current can be
expanded as the following Fourier series

L) =iy + > ipcosaw,t (4.97)
k=1

where 7, is the kth-order harmonic of the diode current. The dc component
per diode is thus given by
Vs

w TV,
ih=—2""%(anf - 0) (4.98)
TRd

The fundamental component and higher-order harmonics of the diode
current are

) Ver + Vs 1 sin(£—1)0 sin(£ + 1)0
_ Jsup _
Phupper = wR; kcosf [ E—1 E+1 ] (4.99)
. Ve + Vicos km[sin(k—1)0  sin(k+ 1)6
=2 - 4.100
lower 7R, kcosf [ E—1 E+1 ] ( )
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Obviously, the fundamental components and all odd-order harmonic current
of the two diodes are 180° out of phase, and hence cancel out. Only the dc
components and even-order harmonics are left. As we know that the RF
“chokes” are usually embedded with the power amplifiers, a large value shunt
capacitor may be sufficient to short the harmonic currents to the ground, as
shown in Figure 4.18. A series inductor may be added to help reject the
harmonic current out of the power supply. The recycled portion of the power
is hence

P, = 2ig Vi (4.101)
The RF-dc power conversion is a strongly nonlinear process. In such a
case, the large signal impedance of the device is usually estimated by
the fundamental component of the voltage and current waveforms. The
fundamental component of the diode current at w, is thus

‘/sup + Va’

(6 secf — sin 0) (4.102)
TRd

i1:

The impedance-matching network scales the diode voltage and current seen
from the hybrid splitter. We assume an impedance transformation ratio of
n : 1 looking from the hybrid side to the diode side. The hybrid can also be
considered as an impedance transformer. We use the scattering matrix to
describe the hybrid and assume the following port convention [6]

b, 0 1 0 -1 a

EH AN bl_1]11 01 0f]la
0 0 b3 \/E 0 1 0 1 a

|2 by -1 0 1 O ay

where #; and b;, i =1,2,3,4 are the normalized incident and reflected
voltage wave at each port, which are given by

Vz‘ inc

P (4.103)
V7,
%

p, = —ixef (4.104)
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where Z is the characteristic impedance and assumed to be 50Q. We now
account for the fundamental components and calculate the recycling
efficiency and the impedance looking into the recycling network. We have

bl O 1 O —1 ay
bz _ 1 1 0 1 0 a)
bl L] 0 1 0 1 0 (4.105)
by -1 01 0 a;

here ;3 = 0, due to 50-Q resistive load at port 3. Assuming the impedance
looking into the matching network from the hybrid splitter is Z,, then

”
Z, =B (4.106)

ol
By applying (4.105), it is not difficult to obtain the following result

1
by = ﬁ(ﬂz — ay)

== Pxﬂl (4107)

Thus, we have T, =T,, and Z, = Z —the input impedance of the
recycling network is actually the impedance looking into the impedance
matching network. So

Lin = nzﬁ
1n l-l
2
T™n Rd
=— 4.108
0 — sin 6 cos 0 ( )
and the reflection coefficient of the recycling network is
T2
L= 4.109
Zo+ 2 o
The VSWR is thus, according its standard definition
1+ T
VSWR = L+ 1Tl (4.110)

1- |Fin|
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The available power to the recycling network needs to be known to
calculate the recycling efficiency. The input impedance of the recycling
network varies with the diode conduction angle, which is determined by the
power delivered to the recycling network. In practice the situation is
complicated by the coupling between the variation of the load impedance
and the power delivered by the amplifiers. For example, a load-impedance
variation may drive a Class AB or Class B power amplifier into saturation or
breakdown. A few power amplifiers that are sensitive to the load impedance
and require careful tuning—Ilike Class E amplifiers—may fail to work in this
case. Furthermore, as stated previously, the load-impedance variation
introduces an incomplete isolation between the two power amplifiers even
with the hybrid combiner. Because of the load line match of the power
amplifiers, the wideband quadrature signal reflected from the difference port
of the hybrid is reflected to the summing port, though the hybrid provides an
additional 3-dB isolation. The signal mixes with the desired output signal
and creates the signal distortion. An isolator may be placed between the two
hybrids to eliminate this effect. As shown in Section 4A.1, in this case looking
from the hybrid combiner, the load is always matched to 50, while looking
from the hybrid splitter, the isolator acts like an ideal voltage source V; in
series with an internal resistance of 502—the maximum power transfer
theorem applies. Thus the source voltage is

Vi=Vi+ 41
Zoh

n

= V2nVy +2 (4.111)

where the scaling factor 7 results from the 1:# matching network and the V2
comes from the fact that the hybrid is a power-addition device. The available
power to the recycling network is then

2

Pava = l Vr

8 2

_ Ve + V) T
—T[nsecﬁ—i-erd(ﬂsecH sm0)] (4.112)
and the recycling efficiency is
P

N, = — (4.113)
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The above expression implies that the recycling efficiency is a function of the
diode conduction angle, which is determined by the available source power
and the impedance-matching network.

Figures 4.20 and 4.21 show the 3D plots of the recycling efficiency and
the VSWR as a function of the impedance transform ratio “#” of the
matching network and the source available power “P,,,.” The following
typical diode parameters were chosen for the computation: Vg, =3V,
V,=0.4V, and R, = 10Q. The contour plots are also shown beneath the
mesh plots. It is clear that there is a close relationship between the optimum
recycling efficiency and the lowest VSWR. There are two different cases—the
constant power available to the recycling network and, more practically, the
constant impedance transform ratio of the matching network. For the former
case, the optimum recycling efficiency can be found by differentiating
(4.113) with respect to the impedance transform ratio, under the constraint
of the fixed available power; that is,

dn, _dn, db

(4.114)

dn ~ dO dn
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Figure 4.20 Recycling efficiency as a function of “n” and available power.
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Equation (4.112) can be regarded as the implicit function of 7 and the
diode conduction angle 6, since P,,, is fixed

2
-P

ava

Fn,0) = é[nvf)k(e) A

=0 (4.115)

n

i (0)]

so the derivative of the diode conduction angle with respect to the impedance-
transformation ratio 40/ dn can be found by

0F(n,6)
d0__ on

dn~ OF(n,0)
d0

V) — 22i,6)
T 2 (4.116)

Vb +24(0)

n
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Substitute (4.116) into (4.114) and finally we get

dn, 2Vsup . VPk(o) _é;il(o)
= sin 0 =z 7 (4.117)
n ava nwR, +=2(8 + sin 0 cos §)
n

The maximum recycling efficiency occurs when above expression is equal to
zero, so we have

1 Vo (0) — Zyiy (6) = 0 (4.118)

which is equivalent to saying that

Vok
Zin=n" =
4

=2 (4.119)

This implies that the optimum VSWR of the recycling network is achieved
along with the optimum recycling efficiency, when the available power to the
recycling network is constant. This conclusion also applies to any arbitrary
diode model and is the direct consequence of the maximum power transfer
theorem, as proved in Section 4A.2. Now the maximum recycling efficiency
can be calculated. From (4.112), (4.113), and (4.119), it can be shown that
the maximum recycling efficiency as function of the diode conduction angle
is given by

_ Vap  4(tan6 —0)
Trma =y LV, 20— sin20
__4(tanf —6)

20 — sin 260 cos

29

20 (4.120)

assuming Vg, >V, which is a reasonable approximation in most practical
applications. The diode conduction angle in the above expression, of course,
corresponds to the case with optimum impedance matching. A figure of
merit that indicates the capability of the recycling network can be defined as
the recycling factor €,, which determines the diode conduction angle under
the optimum impedance matching.
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27erPava
6 =—>
(Kup + Va’)2
20 —sin20

2
cos” 0

(4.121)

Figure 4.22 shows the maximum recycling efficiency achievable and the
recycling factor as a function of the diode conduction angle for the case of
optimum impedance matching. Hence, the maximum achievable recycling
efficiency is related to the recycling factor—the circuit parameters of the
recycling network—through the diode conduction angle. For example, it can
be seen that for recycling efficiency higher than 55%, the diode conduction
angle must keep below 60°, or correspondingly the recycling factor must be
chosen to be less than five. The diodes, power supply, and available power can
be traded off according to (4.121). Also note an interesting result: The
smaller the diode conduction angle, the more RF power is converted to dc
and hence the higher the recycling efficiency. This reminds us of the fact that
in classical power amplifier design, which can be considered as a dc-RF
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Figure 4.22 (a) Maximum recycling efficiency, and (b) recycling factor as a function of the
diode conduction angle.
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converter, the bias point of the transistor is lowered to reduce the transistor
conduction angle and improve the drain efficiency. Figure 4.23 shows the
maximum recycling efficiency as a function of the recycling factor.

Figures 4.24 and 4.25 show examples of the recycling efficiency and
VSWR as a function of the impedance transform ratio for constant available
power. The supply voltage varies from 3 and 4V to 5V. It is clear that the
optimum recycling efficiency and VSWR coincide, which verifies the above
analysis. This conclusion is also true for the realistic diode model, which is
proved in Section 4A.2.

In practice, the matching network is usually fixed, and the available
power to the recycling network varies with time—for example, in the case of
linear modulated signals. The analysis shows that the maximum recycling
efficiency generally does not occur along with the lowest VSWR. As an
example, a set of calculated results are illustrated in Figures 4.26 and 4.27,
which show the recycling efficiency and VSWR as a function of available
power. The impedance transform ratio is fixed at » = 0.3, and the supply
voltage varies between 3, 4, and 5V. It can be seen that the optimum
recycling efficiency and VSWR are very close to each other, although they do
not perfectly coincide.
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Figure 423 Maximum recycling efficiency as a function of the recycling factor.
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Figure 4.24 Recycling efficiency as a function of the impedance transform ratio for the
constant available power.

Following similar procedures, the optimum efficiency can be
determined by differentiating (4.113) with respect to the available power,
under the constraint of fixed impedance transformation ratio:

dnr _ 21/sup le

dP,, D, dP

ava ava

di
_ Ve T
P

ava &
d

(4.122)

The analytical derivation is quite involved and we instead give the final
results. It can be shown that the maximum recycling efficiency is given by

Vip 3tanf + 0(402 csc? 0 — 40 tan 0 + sec” 6 — 8)
Trm Ty RV, 20— 2tan0

3tanf + 0(402 csc? 0 — 40 tan 0 + sec” 6 — 8)

- 20 — 2tanf (4.123)
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Figure 425 VSWR as a function of the impedance transform ratio for the constant
available power.

and correspondingly, the input impedance of the recycling network with the
optimum recycling efficiency is

86 + 46 cos 26 tan 6 + 3 cos 30 sec 6 — 3
Z = 4.124
n =2 2(tan § — 26)(20 — sin 26) ( )

The diode conduction angle in the above equations is determined by

2y 4tanf — 860
TR, 867 + 46 cos 20 tan 6 + 3 cos 30 secf — 3

(4.125)

Note that the diode conduction angle and hence the maximum recycling
efficiency is independent of the supply voltage. Equations (4.123) and (4.124)
imply that the conditions for the maximum recycling efficiency and for the
lowest VSWR are generally different. In fact, they are fairly close to each other.
This situation is illustrated in Figure 4.28, in which the maximum recycling
efficiency and the correspondent VSWR are plotted as a function of the diode
conduction angle. Obviously, in most cases the VSWR under the optimum
efficiency is less than two, especially for the low-diode conduction angle.
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Figure 426 Recycling efficiency as a function of the available power for the constant
impedance transform ratio.

492 Analysis and Discussion for Linear-Modulated Signals

For linear modulations, the signal magnitude and hence the available power
to the recycling network exhibits a large variation. With the hybrid power-
combining network, the overall power efficiency is the average-to-peak
power ratio. By using the power-recycling network, a considerable portion of
the wasted power is recovered back to the power supply, and the overall
power efficiency is improved. In practice, the impedance-matching network
is usually fixed. The total power delivered by the power amplifiers is a
constant, and the power available to the recycling network is the quadrature
signal portion of the total power, which varies with time. Assuming the
recycling efficiency ,, the instantaneous overall efficiency 7, is thus

Vi

= £ 4.126
1_(1_10)777 ( )

Mo

where p is the normalized output power to the antenna. Obviously without
the recycling network, the overall efficiency becomes p; on the other hand, if
the recycling efficiency is 100%, the overall efficiency is 100% also.
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Figure 4.27 VSWR as a function of the available power for the constant impedance
transform ratio.

Figure 4.29 displays the plot of the overall efficiency as a function of the
output power for four different impedance transformation ratios. The
following parameters are used for the calculation: V;,, =5V, V, = 0.4V
and R; = 5. The dashed line corresponds to the case without power
recycling, in which the power efficiency is equal to the normalized output
power. With power recycling, the overall efficiency is enhanced. The solid
lines show that the power efficiency improvement is dependent on the
impedance matching network. The efficiency improvement near the low
output power level is more critical than that in the high output power level.
The reason is that when the output power is high, little power goes to the
recycling network, and the efficiency is high anyway. Note that each solid line
overlaps with the dashed line above a certain power level, depending on the
matching network. Their intersection points correspond to where the diodes
turns off, due to the fact that, beyond these points, less power is delivered to
the recycling network and the voltage applied to the diodes is unable to
overcome the supply voltage and turn on the diodes. The VSWR of the
recycling network beyond these points is infinite, as shown in Figure 4.30.
Proper choice of the impedance-matching network would result in a
reasonably low VSWR (<2:1) across a wide range of the output power level.
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Figure 4.28 (a) Maximum recycling efficiency, and (b) corresponding VSWR as a function
of the diode conduction angle.

For an even more strict requirement on VSWR, an isolator could be inserted
between the recycling network and the hybrid combiner to completely
eliminate the power reflected back to the power amplifiers. The disadvantage
is that the insertion loss of the isolator degrades the effective power efficiency.

The average power efficiency for the linear modulated signal is
calculated by integrating the instantaneous overall power efficiency weighted
by the probability density over the output power; that is,

1
— Va
=| ——F—p(p)d, 4.12
1, Jol_(l_p)m(p)p(l))ﬁ (4.127)

where p(p) is the power probability density function of the modulation
calculated in Figure 4.16. The instantaneous overall power efficiency and
hence the average power efficiency are strongly dependent on the impedance-
matching network. At two extreme cases, when the transformation ratio “7”
of the impedance-matching network tends to infinity, the voltage applied to
the diodes is unable to turn them on most of the time, and the average

power efficiency of the system is similar to the case without the power
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recycling. On the other hand, when the transformation ratio “7” tends to
zero, the diodes are most often turned on. In this case, the large signal
impedance of the diodes approximates zero, and the largest portion of the
RF power delivered to the recycling network will be reflected back to the
isolator; thus the average power efficiency of the system is also low.
Obviously, there exists an optimum impedance matching for the maximum
average power efficiency, depending on the probability density of the
modulated signal.

The probability density function of the modulated signal is required
to calculate the power efficiency with and without the power recycling.
The analytical expression of the probability density generally cannot be
found, and hence the histogram from the simulation is used instead, as shown
in Figure 4.16. The modulations under investigation include QPSK,
OQPSK, 7/4-DQPSK, 16-QAM, and 64-QAM, with square-root raised
cosine filtering. The roll-off factor of the shaping filter varies from 0.1 to 1.0,
with an increase of 0.1. Figure 4.31 shows the calculated peak average power
efficiency with the optimum impedance matching as a function of the roll-off
factor for various modulations. The average power efficiency without
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Figure 4.31 Peak average efficiency as a function of the roll-off factor for various

modulations with and without recycling (Vsup =3V, R, = 59).
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the recycling network is also displayed as the dashed lines to show
the improvement. In this calculation, the maximum output power of the
amplifier system is 1W. The supply voltage is 3V and the diode on-resistance
is 5Q. The recycling factor is hence 2.7, which corresponds to a maximum
57% recycling efficiency for the full-power level, and a maximum 65%
recycling efficiency for the mid-power level, according to (4.120) and
(4.121). As illustrated in Figure 4.31, with a properly chosen impedance-
matching network, the net increase of the average power efficiency is between
14% and 21%, depending on the modulations. This corresponds to a relative
improvement of the average power efficiency from 33% to 83%, which is
quite respectable.

Note that the probability density functions in this calculation
experiences quite different distributions, while the net increase of the average
power efficiency is always approximately 16% for 16-QAM and 64-QAM,
and approximately 20% for QPSK, OQPSK, and 7/4-DQPSK, except with
the modest drop for the case of roll-off factor 0.1. As shown in Figure 4.16,
the probability density of the 7/4-DQPSK-modulated signal typically
possesses one or two peaks in certain medium-power levels and rolls off on
both sides. The OQPSK-modulated signal roughly approximates a constant
envelope; hence its probability density concentrates within a certain range of
power levels well above dc. In the case of 64-QAM, the probability density
function tends to be Gaussian and the PAP ratio is high. Very simply, the
proper choice of R;, Vi, and P, is critical to the performance of the
recycling network, and Figure 4.22 offers useful guidance for the estimation
of the improvement.

The power-recycling experiment has been conducted for continuous-
wave as well as linear-modulated signals [4, 5, 7]. The purpose of this
experiment is to prove the concept of the power-recycling technique being
a viable approach for gaining system efficiency. A prototype of the diode
detector was tested with various power supply voltages, RF power levels, and
modulation schemes.

The experiment for the continuous-wave signal was performed and the
input power level was swept over several values and the supply voltage, was
kept constant. Three different voltage values are used: 3, 4, and 5V, as shown
in Figures 4.32 and 4.33. As can be seen from the results, the point at which
the best match occurred did not coincide with the point for the best recycling
efficiency. The maximum power transfer and optimum impedance are fairly
close to each other, though the power resolution of the experiment could be
improved. This result is consistent with the analysis shown in Figure 4.28 and
was verified with the numerical calculation.
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Figure 4.34 shows a plot of predicted amplifier system efficiency with
and without the power-recycling network. For illustrative purposes, the
power amplifiers in the system are assumed to have 100% -efficiency.
The recycling efficiency was varied between 0.9 and 0.1 to show the effects of
power recycling on the overall power amplifier efficiency; the data from the
detector circuit is also superimposed on the plot to compare it to the various
contours of constant recycling efficiency. The “measured” data in Figure 4.34
refers to the measured recycling efficiency data of Figure 4.32; the system
efficiency was then calculated based on that data. As can be seen, the overall
power amplifier efficiency can be enhanced significantly by recycling the
“wasted” power from the difference port of the 180° hybrid. The amount of
improvement will depend on the modulation scheme and data-filtering
technique applied.

The bandwidth of this technique is sufficiently broad to accommodate
a variety of modulation schemes without significant degradation of the
power returned to the power supply. Figure 4.35 plots the variation in
efficiency using a 50% amplitude modulation of the input signal at a
10-kHz rate. In this case, there is little difference between this result and the
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Figure 4.34 Calculated overall efficiency as a function of power delivered to the antenna
for 0.8W peak outphasing power amplifier, showing the effect of recycling
efficiency [4].
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continuous-wave result of Figure 4.32. Even wider bandwidths are required
for a CDMA-modulated signal, where the typical modulation bandwidth is
increased to 1.25 MHz. In this case, the measured results show a loss in
recycling efficiency of approximately 10%, yielding a peak recycling
efficiency of approximately 50%.

49.3 Practical Implementations

For multicarrier channels in a base station , the probability density function
of the modulated carrier tends to be Gaussian-distributed according to
the central limit theorem. This will make the behavior of the recycling
network much like that of a high-level modulation case, such as 64-QAM.
The bandwidth of the power-recycling system is generally determined by the
impedance-matching network. As demonstrated in [4], a simple design of
the impedance-matching network provided sufficient bandwidth for a
CDMA IS-95 modulated signal.

It is essential to reduce the diode loss to maximize the system per-
formance. The diode “on-resistance” can be reduced by parallel connection
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of a few diodes, but the shunt capacitance increases. The optimum design of
the recycling network may be fine-tuned with SPICE simulations and
experiments. It is also important to properly choose the matching network to
prevent a high reverse voltage from being applied to the Schottky diodes to
prevent breakdown.

It should be noted that the power-recycling circuit presented here is
only one of several ways to approach this problem depending on the center
frequency and the bandwidth of the signal. An alternative implementation of
the power-recycling circuit at lower frequencies could be a transformer and
diode pair, followed by a dc-dc converter. From a practical standpoint, a
dc-dc converter would be desirable to provide the proper supply voltage to
the power amplifiers in any given system.
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Appendix 4A

4A.1 Available Power from the Hybrid Combiner

The diode conduction angle is determined by the power delivered to the
recycling network, and therefore is related to the effective input impedance of
the recycling network. On the other hand, the variation of the impedance
alters the load presented to the power amplifiers, which in turn changes the
power delivered to the recycling network. Hence, the input impedance and
the available power to the recycling network are coupled together, depending
on the practical situation. In Class A, AB, B, and C power amplifiers, the
transistor is considered as a controlled current source. Variation of the load
may cause transistor saturation or breakdown. In saturated Class AB, B,
and C power amplifiers, the amplifiers can be regarded as a voltage source.
For some switching-mode power amplifiers, like Class E, the amplifiers may
fail to work if the load changes. Thus, the situation becomes rather
complicated, and the maximum power transfer theorem generally does not
apply to this situation. Let’s imagine that an isolator is put in between
the recycling network and the hybrid combiner. Now, looking back from the
power amplifiers, the load is fixed; looking from the recycling network, the
isolator acts like a voltage source and the maximum power transfer theorem
applies.

Figure 4A.1 shows the block diagram of this approach. The power

amplifiers are modeled as an ideal voltage source in series with a 50-Q



Power-Combining and Efficiency-Enhancement Techniques

187

.

a4
—>
) W
20 «
Vsi b4
Vin 19
Zin % 0\
Vs2 =

20

I{@ o

Figure 4A.1 Power available to the recycling network.

resistance. If the input impedance of the power-recycling network is Z,, we

have
by 0 1 0 -1
Ll_1]l1 01 o
bl L2 0 1 0 1
by 101 0
and it is easy to prove that
Va=Vi+ %y
= 2V Zya
and
Vo=W+ %41
=2 Zoﬂz
Thus, the voltage drop across the load is
Vo = VZa(ar + )
27
=\JZy=—=1b
"t %
1 Z

1

Vo= VaZa+ 4

a
]
0
a4

(4A.1)

(4A.2)

(4A.3)

(4A.4)



188 Design of Linear RF Outphasing Power Amplifiers

Recall that V,; = s—e and V; = s+ ¢; hence the power available to the
recycling network is exactly the quadrature signal—e(#)—portion of the total
power.

4A.2 Recycling Efficiency and VSWR for Arbitrary Diode Model

The voltage-current characteristic of a Schottky barrier is usually described by
empirical equations. More generally, the following arbitrary current-voltage
relationship of the Schottky diode is assumed,

Ip=f(Vp) (4A.5)

where V}, is the voltage drop across to the diode. Then, the dc component of
the diode current can be found

1 ™
o= 52 | fucosd=Vipdo (4A.6)

2w

and the fundamental component is
1 ™
i = ;J f (Vi cosp — Vi) cos pdp (4A.7)

The same expressions for the available power (4.122) and the recycling
efficiency (4.113) can also be obtained as a function of V.. The concept of
diode conduction angle in this more general case is meaningless. The
maximum recycling efficiency is determined by differentiating (4.113) with
respect to the impedance transformation ratio “7” for the fixed available
power to the recycling network. Similarly, (4.122) can be regarded as the
implicit function of “7” and V. Finally we have

dnr _ 2‘/Sup di dl/pk

dn Ppy dViy dn

4V, J_Wf/(Vpk cos ¢ — V) cospd ¢ '
N +—J f’(Vpk cosd — Vi) cos” pdep "
n)-r

The maximum recycling efficiency occurs when the above expression is equal
to zero, which is equivalent to
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-z (4A.9)

Equation (4A.9) concludes that in the case of the fixed available power to the
recycling network, the maximum recycling efficiency and the lowest VSWR
occur simultaneously. This conclusion is general and independent of the
exact form of the diode model and is a direct consequence of the maximum
power transfer theorem.
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constellation and phase transitions, 39
power probability density function,
161
Q-channel data stream, 38
use, 38
See also Digital modulation
Organization, this book, xii—xiii
Orthogonal frequency division multiplexing
(OFDM), 112
Out-of-band interference, 35
Outphasing approach
concept, 27
defined, x7
theory, 29-32
Outphasing power amplifiers, 27-32
amplifier choices, 135-36
band-limited input, 64
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with Class A, B, and C amplifiers,
137-42

concept description, 29

with foreground calibration loop, 91

historical perspectives, 27-29

with hybrid power combining, 158

linearity performance, 35-83

lossy power combiners application,
156-59

path mismatch reduction techniques,
87-126

with phase imbalance correction, 102

power-combining techniques, 130-35

power recycling, 163-85

quadrature modulator errors and,
72-75

SCS quantization error effects on, 75-79

signal component separation, 51-61

with simplex search algorithm, 103

simplified block diagram, 28

with transmission line coupling, 32

Output intercept point (OIP), 13
Output power

Class B amplifier, 140

MOS-based Class D amplifier, 151

probability, 160

probability distribution, 159-63

Path imbalance, 61-67, 81-82
ACI estimation and, 64-67
correction, 61
foreground calibration path convergence
and, 95
manifestation, 61
two-tone test and, 62—64
Path mismatch errors
baseband preconditioning of, 89-90
foreground calibration algorithm of,
91-101
Path mismatch reduction techniques,
87-126
background calibration algorithm,
105-12
for broadband applications, 11214
direct search algorithm, 104-5
introduction, 87-88
phase-only correction, 101-2

simplex search algorithm correction,
1024
training vector-based, 88-101
transparent to data transmission,
101-12
VCO-derived synthesis, 114-26
Peak-to-average power (PAP) ratio, 14
defined, 14
inverse, 76
probabilistic measurement of, 15
Phase imbalance, 95
background calibration, 109
compensation, 90
determination, 108
estimation error, 99
Phase-locked loops (PLLs), 114
block diagram, 117
cross-coupled, 115
defined, 119
Phase-only correction, 101-2
defined, 101
outphasing amplifier with, 102
Power-added efficiency (PAE), 20
Power amplifiers
average efficiency, 159
characterization for wireless
communications, 4—22
large-signal nonlinear, 14
linearization and efficiency-enhance-
ment techniques, 22-27
nonlinear distortion, 6
power efficiency measurements, 19-22
role in wireless communication systems,
1-4
switching-mode, 79
waveform quality measurements, 6-19
See also Outphasing power amplifiers
Power combiners, 130-35
admittance matrix, 134
behavior, 133
Chireix, 142—45
efficiency, 129
hybrid, 131, 158, 186-88
impedance matrix, 134
as linear circuits, 130
lossless, 133, 134, 135
lossy, 130, 156-59
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Power combiners (continued)
matched, isolated, 133, 134
for minimizing interactions between
input ports, 132
“Rat-Race,” 131
reactive, 132
S matrix, 130, 132, 133
structures, 131
transform-based, 132
transmission line-based, 132, 135
Wilkinson, 131, 157
Power efficiency
lower results, 22
measurements, 19-22
PAE, 20
poor, origins of, 21
Power probability density function, 161
Power recycling, 163-85
alternative implementation, 185
analysis for continuous-wave signal,
164-76
available power, 168
average power efficiency without,
180-81
bandwidth, 184
defined, 163
diode voltage, 165

efficiency, 167, 168-69, 171, 172, 174

factor, 172, 173

fundamental component, 165-66

illustrated, 163

impedance transform ratio,

166, 173, 174

optimum design, 185

practical implementation, 184-85

reflection coefficient, 167

RF-dc power conversion, 166

Schottky diodes in, 163

series inductor, 166

source voltage, 168

VSWR, 167
Power series expansion, 8
Predistortion

adaptive, 23, 24

concept illustration, 23

defined, 22-23

feed-forward, 27

practical limitations, 24
problems, 26
P-type MOS (PMOS), 155

Quadrature amplitude modulation (QAM),
36
16-QAM, 42, 160
64-QAM, 160
combining efficiency as function of
roll-off factor, 162
defined, 41
M-QAM, 87
power probability density function, 161
See also Digital modulation
Quadrature modulator errors, 67—75
adjacent channel residue, 96
background calibration, 109
compensation, 89
correction by test vectors, 72
effects on linearity, 67-75
effects on outphasing systems, 72-75
generation, 69
minimization, 69-72
presence of, 96
setting upper limit, 97
Quadrature modulators
block diagram, 68
constant envelope characteristics and,
73
gain and phase mismatch, 73, 74
perfectly balanced, 96
Quadrature PSK (QPSK), 36-41
7/4-DQPSK, 38-41, 161, 162
combining efficiency as function of
roll-off factor, 162
defined, 36-37
offset (OQPSK), 4, 38, 67, 161, 162
power probability density function, 161
realization, 37
signal constellation and phase
transitions, 37
waveforms, 38
See also Digital modulation
Quadrature signal
calculation, 53
generation, 56
generation with RC-CR network, 70
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Havens generator, 71
in-phase component, 55
phase difference, 56
quantization error effects of, 76-79
wideband, 65
Quantization error effects, 75-79
A/D converter, 98, 110
of quadrature signal, 76-79
SNR, 78
of source signal, 75-76
Quantization noise, 78, 82

Raised cosine filter, 45-49
cutoff frequency, 47
defined, 45
frequency response, 45-46
implementation, 48
impulse response, 4647, 48
roll-off factors, 46
square-root, 48
“Rat-Race” combiner, 131
RC-Cr network, quadrature signal
generation with, 70
Reactive combiners, 132
Reconstruction filter, 79-81
Recycling efficiency
for arbitrary diode model, 188-89
calculated and measured comparison,
182
calculated overall, 183
calculating, 168
as function of available power, 176
as function of impedance transform
ratio, 173
as function of “n,” 169
maximum, 171, 172, 174, 178
measured variation of, 184
plots, 169, 170
See also Power recycling
Recycling factor, 172, 173
RF-dc power conversion, 166

Schottky barrier, 188
Schottky diodes, 163, 188
SCS, 52
analog implementation, 31
imbalanced caused by, 36
in-phase/quadrature, 54

quantization, 36
quantization error effects, 75-79
Second-order intermodulation
output, 12
products, 11
Shannon’s channel capacity formula, 42
Signal component separation, 51-61
canonical forms, 51
with feedback loop, 57
with frequency translation, 59
with in-phase/quadrature method, 54
with nonlinear phase modulators, 51
with power feedback, 57
Signals
accuracy, 18
bandpass, separation of, 29, 30
constant envelope, 29
DSB-SC, 98
linear-modulated, 176-84
quadrature, 53, 55, 56
spectral growth, 18
Signal-to-noise ratio (SNR), 42
in calibration loop, 108
due to quantization signal error, 78
Silicon on sapphire (SOS) CMOS
implementation, 155
technology, 154
Simplex search algorithm, 102-4
alternating variable method, 103
block diagram, 103
defined, 102
with two variables, 104
S matrix, 130, 132, 133

Taylor expansion, 95
Third-order intermodulation
fractional, 11-12
products, 11
Time-division duplex (TDD), 89
Time-division multiple access (TDMA), 3
Total access communications system
(TACS), 2
Transform-based combiners, 132
Transmission line-based combiners,
132, 135
Traveling wave tube amplifiers (TWTAs),
26
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Two-stage polyphase filter, 71
Two-tone tests, 7
acceptance, 62
linearity analysis, 62—-64
output spectrum, 64
performance, 12

Variable gain amplifier (VGA), 56
control signal, 57
control voltage, 58
gain, 56, 57
VCO-derived synthesis, 114-26
Vector-locked loops (VLLs), 54, 88,
124-26
advantage, 117
control equations, 125
disadvantage, 126
feedback loop, 126
generic control equations, 124
illustrated, 125
narrowband, 117
Very large-scale integration (VLSI)
technology, xi
Voltage-controlled oscillators (VCOs)
combined outputs, 116
control voltages, 118, 119
free-running frequency, 118
as integrator, 118

output, 115
output phase, 118
output signals, 118
sensitivity, 118
Voltage standing-wave ratio (VSWR), 26
for arbitrary diode model, 188-89
calculated and measured comparison,
182
calculating, on recycling network, 164
as function of available power, 177
as function of impedance transform
ratio, 173, 175
as function of output power, 179
lowest, 169, 175
optimum, 171
recycling network, 167
under optimum efficiency, 175
Volterra-series analysis, 10

Waveform quality measurements, 6-19
Wideband CDMA (WCDMA), 20
Wilkinson combiner, 131, 157
Wireless systems

1G, 2

2G, 5

power amplifier characterization for,

4-22
power amplifier role in, 1-4
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